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Scheeler, Robert Patterson (Ph.D., Electrical Engineering)
A Microwave Radiometer for Internal Body Temperature Measurement

Thesis directed by Professor Zoya Popovié

This thesis presents the analysis and design of a microwave radiometer for internal body temperature
measurements. There is currently no available method for non-invasive temperature measurement inside the
human body. However, knowledge of both relative and absolute temperature variations over time is important
to a number of medical applications. The research presented in this thesis details a proof-of-concept near-field
microwave radiometer demonstrating relative thermometry of a multi-layer phantom.

There are a number of technical challenges addressed in this thesis for radiometric determination of
sub-degree temperature variations in the human body. A theoretical approach is developed for determining
sensing depth from known complex layered tissues, which is defined as a figure of merit, and is shown to
be dependent on frequency, electrical properties of the tissues, and the near-field probe. In order to obtain
depth resolution, multiple frequency operation can be used, so multi-frequency probes are designed and
demonstrated in this work.

The choice of frequencies is determined not only by the tissue material properties, but also by the ever
increasing radio interference in the environment. In this work, quiet bands allocated to radio astronomy are
investigated. The radiometer and probe need to be compact to be wearable, and several advancements are
made towards a fully wearable device: multi-frequency low-profile probes are designed and fabricated on a
flexible substrate and the process of on-chip integration is demonstrated by a GaAs MMIC cold noise source
for radiometer calibration.

The implemented proof-of-concept device consists of two radiometers at 1.4 GHz and 2.7 GHz, designed
with commercial inexpensive devices that can enable sufficient sensitivity. The device is tested on a phantom
with two water layers whose temperatures are varied in a controlled manner, and focused on the human
body temperature range. Measured results are discussed qualitatively as they relate to circadian rhythm
monitoring. Finally, the thesis identifies future research that is required to make a practical wearable microwave

thermometer for internal body temperature measurements.
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1.1 OVERVIEW

The topic of the research presented in this thesis is the measurement of physical temperature using microwave
radiometry receivers. The most common applications of microwave radiometry are in radio-astronomy,
atmospheric sensing, earth sensing, and some industrial processes such as cement and brick manufacturing [1-3].
The radiometer instruments in these applications measure power radiated by astronomical objects, layers of

the Earth’s atmosphere, and types of terrain, etc., which radiate power in accordance with blackbody radiation



laws. The received power is a function of frequency and bandwidth of the instrument, and temperature
and physical properties of the radiating medium. In the common applications of radiometry, the incident

power is in the form of plane waves and is received by an antenna as demonstrated in Fig. 1.1. In this thesis,

Far-field
Object _
TB =l \

\\ P x Ty

Antenna

Figure 1.1: Radiometer receiving blackbody radiation in the form of propagating electromagnetic waves
from an object with brightness temperature Tz that is proportional to the physical temperature times the
emissivity. The power received by the antenna is proportional to the brightness temperature.

radiometry is applied to a different problem - that of measuring internal body temperature non-invasively.
Since the power, in this case, is radiated from body parts located in the near field of the antenna, standard
radiometry theory and instrument design does not apply and requires modifications.

Microwave radiometers are practical for addressing medical problems in which it is necessary to determine
subsurface temperature because at microwave frequencies sensing depths of up to 3-7 cm are achievable [4, 5],
and was first applied to sensing subsurface thermography in 1974 [4,6]. Microwave radiometry for non-invasive
temperature measurements is based on near-field power reception and holds promise to achieve the spatial
resolution and sensing depth necessary for a variety of medical applications, including cancer detection [7,8].
Monitoring drug delivery for cancer treatment [9], hyperthermia temperature control [10], hypothermic neural
rescue of infants suffering from hypoxia-ischemia [11,12], and detection of vesicoureteral reflux in children [13,14]
also utilize non-invasive near-field radiometric measurements. Measurement of elevated joint temperature to
detect arthritis by non-invasive microwave thermometry has also been investigated [5,15]. Quantification of
in vivo inflammation in atherosclerotic plaques by means of non-invasive microwave radiometry has been
applied to the area of vascular pathology [16,17]. Additionally, near-field applicators are used in microwave
hyperthermia treatment [18] and non-medical applications such as food processing [19].

This introductory chapter briefly reviews radiometry concepts and defines the antenna temperature in

terms of objects in the near-field. This antenna temperature will be a weighted average of the temperature



of the surrounding objects, and therefore weighting functions (WFs) will be used to define the antenna
temperature as a weighted average of the temperature of objects close to the antenna. Next, the electrical
properties of tissues are discussed, and in what manner these properties may be mimicked for experimental

purposes. Finally, an overview of the remainder of the thesis is given.

1.2 RADIOMETRY CONCEPTS

This section presents definitions that are important to understanding the operation of a radiometer. The
concepts and definitions can be found in any number of radiometry and remote sensing books such as [1,2].
The material in Ulaby et al. [2] was the source of the material presented in this introductory chapter, and
knowledge of the basic radiometry concepts is necessary to understand the contributions of this thesis. A
radiometer is a device that measures incoherent radiation. Matter emits electromagnetic energy based on its
temperature in all directions with spectral brightness described by Planck’s blackbody radiation law as

oOnfd 1
By = 2 ehf/KT _ 1

[W-m™2.sr™ 1 Hz ™, (1.1)
where h is Planck’s constant (6.63 x 10734 J-sec), ¢ is the speed of light in vacuum (m/sec), k is the Boltzmann
constant (1.38 x 10723 J/K), and T is the temperature in Kelvin. Fig. 1.2 shows the spectral brightness versus
frequency for temperatures ranging from the cosmic microwave background (3 K) to the temperature of the
sun (6000 K). The term brightness for microwave terminology differs from the optical terminology which is
radiance [20], however, in this work the term brightness will be used.

At “low frequencies” hf/kT < 1, and as a result, the quantity (ehf /KT _ 1) may be approximated by a
truncated Taylor series such that e* — 1 ~ z. Therefore Planck’s blackbody radiation law reduces to the low

frequency approximation known as the Rayleigh-Jeans law:

2kTf%2  2kT
T T e T

By (1.2)

For body temperature (=~ 310K) the Rayleigh-Jeans law deviates less than one percent from Planck’s law
up to 127 GHz and therefore is valid in the microwave frequency range. The radiant electromagnetic energy
described by Planck’s blackbody radiation law may be received by an antenna which converts electromagnetic

energy propagating in free space to a guided wave in a transmission line. The power that the antenna
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Figure 1.2: Spectral brightness versus frequency for 3K (cosmic background), 310 K (body temperature),
1500 K (campfire), 6000 K (sun).

would receive from a spatial distribution of spectral brightness given by B(f, ¢) will only be half of the
total power incident since the antenna is polarized and the electromagnetic radiation has two independent
polarizations [21]. In general, the power received by an antenna P4 is given from the power spectral density
S (W-m~2Hz~!) and the effective area of the antenna A (m?) which are functions of position and frequency.
The thermal power received by the antenna in a narrow bandwidth Af is given by integrating the power

received through a differential solid angle dS2 over all 47 steradians. The power received by the antenna is:

/j+Af/]iﬁ A(f,6,6)d0df W] (13)

Using the relation between the gain G(f, 0, ¢) and the effective area A(f,0, )" where

G(f,0,0) = 5 A(f.0,0). (1.4)

the power received by the antenna may be written in terms of the gain as

/HM //Bf G(f, 0, 6)dQdf (1.5)

1 This relation can be derived from thermodynamic considerations [21] for an antenna in a constant thermal enclosure where
the antenna, load, and enclosure are all the same temperature. Ensuring thermal equilibrium the power received by the antenna
must be equal to the power radiated by the antenna results in the relation given in (1.4).




Next, consider a lossless antenna is placed in an enclosure with absorber that is kept at a constant temperature
T as shown in figure Fig. 1.3a. Substituting in the Rayleigh-Jeans law from (1.2) into (1.5), and noting that

for a lossless antenna
4w
yields an expression for the power received by the antenna:
Pa=kTAf. (1.7)

It may be noted at this point that the result is the same found by Nyquist for a resistor at a finite
temperature [22]. This concept is illustrated by considering a matched resistor maintained at a temperature T'

as seen in Fig. 1.3b. The power received by the antenna is the same as that received by the matched resistor.

Antenna N Pa = ETAAf N\ Pn =kTAf
—_— —_—
R
R ——
T A~ Absorber T ,— Enclosure

(a) (b)
Figure 1.3: The power delivered by (a) an antenna placed inside a blackbody enclosure of temperature T is
equal to that of (b) a resistor maintained at the same temperature.

Next, consider the antenna is observing a temperature distribution that is spatially dependent. Substitution
of the Rayleigh-Jeans law with a spatially dependent temperature T'(, ¢) into (1.5) yields an expression for
the power received by the antenna. If the bandwidth Af is narrow G is considered to be constant over the

frequency and the power received by the antenna is

pa=kaf 4 [[Gtto.016.610). (1.8)
4

It can be seen that the portion in parentheses in (1.8) has the units of Kelvins. Thus, the expression is similar
to that for the resistor (kKT'Af), and the power received by the antenna is proportional to the temperature

distribution weighted by the gain. The portion in parentheses in (1.8) is referred to as the resistor-equivalent



antenna temperature T4 or just antenna temperature given by

Ty = ﬁ //G(f,9,¢)T(9,¢)dQ. (1.9)
4T

This is a powerful result as the antenna power relation states there is a direct relation between the power
received by the antenna and the spatial temperature distribution. Therefore, an antenna and receiver can be

used to determine the physical temperature observed by the antenna by inverting (1.9).

1.2.1 EMISSIVITY

To this point only blackbodies have been considered as they are ideal emitters and absorbers of radiation.
In reality objects are grey bodies. A grey body will emit or absorb less than that of a perfect blackbody.
Thus, for grey bodies, the term brightness temperature T is used as this is the observed temperature of the
object which is less than its physical temperature. The equations in the previous section used the physical
temperature T in for the Rayleigh-Jeans law, however for grey bodies, the brightness temperature must be
used. The ratio of the brightness temperature to physical temperature is defined as the emissivity and is
given by

_ TB(ea ¢) .

T (1.10)

e(0,¢)

In this expression, the brightness temperature T is the brightness temperature of the object, and does not
include scattered brightness temperature from the environment. The emissivity is essentially a plane wave
power transmission coefficient which can be illustrated by considering the interface between a homogeneous
dielectric and free space as seen in Fig. 1.4. The observed brightness temperature of the object neglecting

scattered temperature from the background is given by
Tp = (1—|T*)Tap(07), (1.11)

where T4p(07) is the apparent temperature just below the surface, and T is the Fresnel reflection coefficient.
Also T'4p and T" are dependent on the angle of incidence 65 and the polarization as illustrated in Fig. 1.4.
The Fresnel reflection coeflicient is given by

Zc2 - ch
I'=s ——. 1.12
Zc2 + ch ( )
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Figure 1.4: Emissivity and brightness temperature.

The characteristic impedance for TE and TM polarization is

n;secly, TE
Zei = (1.13)

n;cos 1, TM,
with 4 = 1 or 2, and 7; is the wave impedance in the medium. Also the angle 05 is given by Snell’s law as

k1sin €y = ko sinfs, k = w,/pe. The emissivity is related to the reflection coefficient by
e=1—1T" (1.14)

It may also be noted that for a material to remain in thermodynamic equilibrium, the emissitivity is equal to

the absorptivity. This result is utilized to analyze the probe in the reciprocal case where it is transmitting.

1.3 NEAR-FIELD RADIOMETRY FOR MEDICAL APPLICATIONS

In the previous section, emissivity was defined as the ratio of observed temperature Tz to the actual
temperature 7. The emissitivy was defined as a power transmission coefficient which assumes propagating
plane electromagnetic waves. In general for radio astronomy or atmospheric and earth sensing, the antenna
is electrically far from the sensing target such that the received electromagnetic power is in the form of
propagating plane waves. For the medical applications detailed in the Overview of this chapter, the spatial
sensitivity requires balancing sensing depth with transverse selectivity. As a result, the antenna must be very
close to the target or even in direct contact with the body in the case of a wearable device. For this application
it is more appropriate to think of the antenna as a transducer or probe. In Section 1.2, the radiometric antenna
temperature was determined from the far-field parameters of the antenna as given in (1.9). For objects placed

in the near-field of the antenna, the antenna temperature cannot be determined assuming plane waves, and



therefore far-field parameters are no longer applicable. As a result, the expression for emissivity in (1.14) is
no longer applicable.

To determine the antenna temperature, it is necessary to find the portion of power received by the antenna
from a differential volume, relative to the total received thermal power as seen in Fig. 1.5 for an arbitrary
stack of homogeneous complex permittivity materials such as human tissues. The total power received by the
antenna will be a weighted volume average of the spatial temperature distribution. To determine the antenna
temperature, weighting functions (WFs) will be used, which are found using the antenna reciprocity theorem
as the power absorption rate. The antenna measures a weighted volume average brightness temperature
within the sensing volume V. The spatial temperature distribution is defined as T'(r) at point r, and the

antenna brightness temperature T4 is given by

Ty = / / / W (r)T(x)dV. (1.15)
|4

The weighting functions may also be given from discrete differential subvolumes V; [23, Chapter 17], [24] as

o
Wl/v €0, 40

€1, 0,01

Figure 1.5: Depiction of the weighting function where it is necessary to determine the contribution from a
differential volume element V; at a temperature T; to the overall antenna temperature.

seen in Fig. 1.5 as
Ta=Y Wi)T:, i=12,... . (1.16)
i=1

The weighting functions are dependent on the dielectric properties the antenna is receiving thermal radiation
from. For medical applications these dielectrics are human tissues. The weighting functions are only valid
for a specific probe, tissue combination, and frequency. To view how power is received from the tissues, the

specific absorption rate (SAR) from the transmitting antenna may be calculated from simulation software



such as Ansys HFSS. The SAR is defined as
olEl?

SAR = 5

[W/kg], (1.17)

where o is the effective conductivity, and p is the mass density. The SAR is proportional to the weighting

function, and is often calculated for transmitting applications such as mobile handsets.

1.4 ELECTRICAL PROPERTIES OF TISSUES

In the previous section near-field weighting functions were used to define the antenna temperature. The
weighting functions were dependent on the dielectric properties of the materials close to the antenna, which
for medical applications, are human tissues. The dielectric properties of tissues have been widely studied, and
the standard resource is a series of articles from S. Gabriel and C. Gabriel that include a literature survey [25],
measurements [26], and models [27] for various human tissues. For the designer, there are several resources
where these tissue properties are available. For dielectric properties of various tissues in the frequency range
of 10 Hz to 100 GHz, “An Internet Resource for the Calculation of the Dielectric Properties of Body Tissues”
from the Italian National Research Council [28] is a great resource. Additionally, the “Tissue Properties
Database” from IT’IS Foundation [29] has not only the dielectric properties of the tissues, but also physical
properties such as density and thermal conductivity. IT’IS also has a virtual population of body models [30]
that can be used to estimate tissue thicknesses for different people to account for inter-subject variability.
Knowledge of the dielectric properties is essential for design of the probe, frequency selection, and inversion
of the radiometric observations to determine the physical temperature of the tissues.

The electromagnetic properties of tissues are given by the complex permittivity

e=¢ —jé’, (1.18)

where the imaginary part accounts for loss in the medium due to damping. This damping converts electro-
magnetic energy into heat (loss). Often the dielectric loss tangent tan § is specified as

"

tand = —,
€

(1.19)



or in terms of the effective conductivity o as

o
tand = —. 1.2
and = — (1.20)

6/
Therefore the complex permittivity can be written in terms of tand as
e=¢(1—jtand). (1.21)

Care should be taken, however, in the the meaning of o for the loss tangent [31, Chapter 2], [32]. Using the
terminology from [31, Chapter 2] it may be considered that the conductivity o is the effective conductivity
including both the static frequency independent conductivity and alternating field conductivity which is
sometimes given by we”, however, here ¢ will by equivalent to o/w where o is the effective conductivity
including the static and frequency dependent loss. Therefore, the conductivity or loss tangent are only valid
at a given frequency.

It is often useful to express the complex permittivity in terms of the relative permittivity as
€ = €o€r, (1.22)
where ¢ is the free space permittivity (8.854 x 10712 Farad/m), and
€ =€, — jer. (1.23)

When analyzing a problem that requires knowledge of the dielectric constant it is necessary to have a
model to predict the dielectric constant across frequencies. These models are generally fit to experimental
data. A simple model to predict the frequency dependent complex permittivity with a single relaxation
process is the Debye model [32-37]. Consider an electric field that is suddenly applied to polar dielectric such
as water, there will be an instantaneous polarization response due to the ionic and electronic polarization
(Pso). The dipole polarization will not happen as fast as the ionic and electronic polarization taking some
relaxation time 7 to reach steady state Py [32,37]. The response of the polarization to a step electric field

(Esu(t)) as shown in Fig. 1.6 is then given by

P(t) = Po + (P, — Ps) (1 - e*t/f) . t>0. (1.24)

10
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Figure 1.6: Response of a dielectric material to a step electric field. The polarization have an initial nearly
instantaneous response Po,. The polarization will then reach steady state (Ps) described by a first order
process with a time constant 7.

Taking the Laplace transform (as time ¢ > 0 is of interest) defined by

F(s) :/ ft)e *tdt, t>0, (1.25)
0
of the polarization P(t) and simplifying yields

1 P, — P
Ps)=—-| P+ — . 1.2
(5) S ( + 14+ s7 ) (1.26)

Using the Laplace transform once again, the electric field is given by
E(s) = —. (1.27)

For a linear medium such as human tissues” , the polarization is related to the electric field through the
electric susceptibility x (dimensionless), and the free space permittivity ¢y (Farad/m). The polarization in

the transform domain is
P(s) = epx(s)E(s). (1.28)
Using (1.26) to (1.28), and solving for the susceptibility yields
Xs — Xoo
= —. 1.2
X(8) = Xoo + 7 (1.29)

The relative dielectric constant is related to the susceptibility as follows

e =x+1. (1.30)

2 The electromagnetic properties of tissues are linear when interacting with weak fields. However under high field strengths
non-linear effects may occur [37]. For this thesis the fields produced by thermal radiation are weak and the dielectric response
will be linear.

11



Substituting (1.29) into (1.30), using s = jw, and multiplying by €, yields the Debye equation for the complex

permittivity
€s — €co
=€ T T - 1.31
€=t t 14 jwr ( )
The real and imaginary parts of (1.31) can easily be shown to be
12 €s — €xo
L bl 1.32
€= cot 1+ (wr)? (1:32)
"— M (1.33)

1+ (wr)?
This expression for the permittivity does not take into account conduction current. For a static conductivity

os the Debye model is [37]

€s — €xo . Os
= + ——2 . 1.34
€=Cet 1+ jwr J weg ( )

Another useful model for predicting complex permittivity of materials is the Cole-Cole model [38]
. €s — oo (1.35)

R + (jwr)(A-a)”
The Cole-Cole model is similar to the Debye model, however, it includes a distribution parameter that
describes the distribution of relaxation times [27,38]. The Cole-Cole model reduces to the Debye model for
a=0.

If multiple relaxations processes are present, the material properties can be described as a sum of multiple
Debye or Cole-Cole relaxations. For tissues, three relaxations are generally considered (o, 8, 7) [25]. The
a dispersion is the low-frequency relaxation due to ionic diffusion at the cell membrane [25]. Polarization
cell membranes, proteins, and other macro-molecules leads to the § dispersion in the hundreds of kilohertz
range, while water molecules lead to the « dispersion at gigahertz frequencies [25]. These relaxations can be

described as a sum of multiple Cole-Cole type relaxations [27]

1.4.1 PHANTOM MATERIALS FOR MEDICAL APPLICATIONS

In a laboratory environment it is essential to demonstrate a concept with a well controlled test setup. For this

reason, it is convenient to use phantoms, whose electromagnetic properties mimic those of human tissues. A

12



common phantom material is water, which is easily controlled in a laboratory environment, and is a standard
phantom material, dielectric reference, and calibration standard [37,39-41]. Consequently, the dielectric
properties of pure water have been widely investigated with a thorough summary provided by Ellison et
al. [42]. A select few will be summarized and compared here. In 1971, Stogryn [34] presented expressions
for the three unknowns in the Debye model as a function of temperature and salinity. The expressions were
compared to measured data from the literature at frequencies ranging from 3.25 GHz to 23.7 GHz. Kaatze
et al. in 1989 [43] used their own measured data from 0°C to 50°C over the frequency range of 1.1 GHz
to 57 GHz in combination with data from the literature to determine a Debye model which is valid up to
100 GHz and over the temperature range of -4°C to 60°C. In 1991 Liebe et al. [44] presented models fit to
experimental data compiled from literature. They presented a single term Debye model that is valid up to
100 GHz. Beyond 100 GHz and up to 30 THz a double Debye model was used to account for both primary
and secondary relaxations. Additional double Debye models have been presented such as that by Buchner et
al. [45].

The formulas of the three single Debye models discussed in the previous paragraph were compared over
the frequency range of 100 MHz to 10 GHz at a temperature 7' = 25°C (77°F) and at 1.4 GHz over the
temperature range of 5° to 50°C. The results are summarized in Fig. 1.7 showing good agreement between all
of the methods. The formulas are reproduce here® as a function of temperature T in Celsius for the readers’
convenience in (1.47).

In this work, the frequency range of interest is between 100 MHz and 10 GHz. The model presented by
Liebe et al. [44] will be used to determine the dielectric properties of water. The dielectric properties will then
be used in various simulations. For convenience, the conductivity o is often specified. As mentioned previously,
this conductivity is an effective conductivity including both frequency independent and dependent losses.
Fig. 1.8 shows the real part of the relative dielectric constant (e]) and the conductivity at a temperature
of 25°C. The real part of the relative dielectric constant is relatively constant (78.3-62.9), however, the
conductivity changes notably from 0.002S/m to 16.6 S/m over the frequency range of 100 MHz to 10 GHz.

Although water is a useful phantom material, other phantoms that more closely mimic the dielectric

3 Tt should be noted that the expression for €5 presented by Stogryn [34] has a typographical error. The formula is reproduced
from Malmberg et al. [46] formula (5). Additionally, the first order term in (5) from [46] differs slightly from the equation in the
abstract (—0.4008T as apposed to —0.40008T"). Equation (5) from [46] will be presented here for €.

13
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Figure 1.7: Comparison of three different Debye formulas for the complex permittivity of pure water vs.

frequency (a) from of 100 MHz to 100 GHz at a temperature T = 25°C (77°F) and at 1.4 GHz vs. temperature
(b) from 5° to 50°C.

Table 1.1: Formulas for different Debye models of pure water at temperature 7" in Celsius.

Source Debye Paramters
€5 = 87.74 — 0.4008T + 9.398 x 10772 +1.41 x 10757 (1.36)
€oo = 4.9 (1.37)
Stogryn [34] 7= o= (1.1109 x 1071 — 3.824 x 10727 (1.38)
s
+6.938 x 107172 — 5.096 x 10~1673) (1.39)
€. — 101-94404-1.991x107°T (1.40)
- Lug T 5.77 — 2.74 x 107°T (1.41)
t t al.
aatze ct al. [43] 7 =3.745 x 107 (1 + 7 x 1075(T — 27.5)?) (1.42)
x exp((2.2957 x 10%) /(T + 273.15)) (1.43)
0 =1—300/(T + 273.15) (1.44)
€ = 77.66 — 103.30 (1.45)
Liebe et al. [44] €00 = 0.066¢4 (1.46)
1x107?
T < 10 (1.47)

~ 2m(20.27 + 146.50 + 31462)

properties of various human tissues may be necessary for specific scientific experiments. Recipes for producing

these phantoms are published in the literature(e.g. [47-49]).
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Figure 1.8: Real part of the relative dielectric constant (a) (e.) and the conductivity (b) of pure water for the
temperatures 25°C and 37°C (human body temperature) calculated using (1.44) to (1.47).

1.4.2 PROBE DESIGNS FROM THE LITERATURE

The inverse problem of determining the physical temperature of tissues from radiometric observations will
require multiple independent measurements at different frequencies e.g. [11] or different angles [50]. Multiple
frequencies are used as the weighting functions will be a function of frequency, thus resulting in independent
measurements. The challenge in using multiple frequencies is that the probe must be measuring the same
tissues at each frequency which has led researchers to develop broadband waveguide apertures that are filled
with a high dielectric constant to achieve the bandwidth necessary (utilizing two polarizations) for using a
single aperture over 1 to 4 GHz [41]. Additional broadband designs such as a spiral have been presented [18].
These broadband designs utilize the same aperture to ensure the antenna is receiving thermal power from the
same tissues across the frequency bands of interest.

For applications where determining absolute temperature at a depth is not required, single frequencies
may be used. Such single frequency applications as detecting a buried hot object with a monopole [39] or
determining body temperature that includes contributions from the core temperature with a cavity back
slot [51] utilize antennas designed for a single frequency. Another single frequency design was presented for in
vivo measurements that utilized suction to mount the antenna [52]. A comparison of these example probes is
summarized in Table 1.2 comparing the size, frequency, and application.

The aim of this thesis is to address some of the challenges related to making a wearable compact device

that may be operated in an open and possibly congested RF environment. Multiple discrete frequencies with
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narrow bandwidths less than 5% will be used to determine subsurface temperature. What is different in this
work is separate antennas that are located in close proximity will be used to receive thermal power from the
same part of the body rather than a single antenna matched over a broad band. The antenna impedance in
this case will also aid in filtering. To ensure the antenna will be lightweight and flexible so that it is easily

worn, printed dipoles will be used. This differs from some of the probes presented in Table 1.2.
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Table 1.2: Example probe designs from literature.

Probe Type Dielectric  Filled Archimedean Spiral L-Shaped Cavity Backed Slot  Elliptical Antenna
Waveguide [41] [18] Monopole [39] [51] [52]
ANTENNA \COAX
Photograph PROBE APERTURE

Frequency [GHz]

Dimensions [cm]
Designed for

1-3.8 (5) 400 MHz
bands

2.1 x 2.8

Water

1-3.5

3.5 x3.5
Water

1.393 - 1.757

2.8
Water

1.2-1.6

9x9x27

Adjustable air
gap (skin, muscle,
fat /blood phantom)

suA
sucTion SORRCTOR
INTAKE

cAvITY

3.5

5 x5 x3.2

Human tissues
(hand, chest, belly,
and hip)




1.5 THESIS OUTLINE

In this thesis, radiometry is applied to measuring internal body temperature non-invasively using a wearable

microwave radiometer. The outline of the thesis is summarized for each Chapter by the following:

Chapter 2 Receiver architectures are discussed, and 1.4 GHz and 2.7 GHz radiometers are designed and
characterized. The system also includes the probe used to receive the thermal radiation. Two single
frequency probes are presented that were designed for a water phantom, and two other multi-frequency

probes are presented that were designed for human tissues.

Chapter 3 To address the goal of developing a compact system. Two monolithic microwave integrated
circuit (MMIC) circuits for a compact radiometer are presented - a tunable coupler and an active cold
noise source. The design methodologies for both circuits are detailed and applied to a TriQuint 0.5 pm

commercial GaAs process. The measured results of each MMIC are also presented.

Chapter 4 The analysis of a dipole in a stratified lossy medium is presented using a spectral domain
technique. The analysis is done to determine the sensing limitations for a dipole used as the transducer
to receive thermal radiation from tissues. An improved sensing depth metric is presented and analyzed

for a water phantom, and a three layer tissue model of skin, fat, and muscle.

Chapter 5 Utilizing the radiometers presented in Chapter 2, Chapter 5 demonstrates the detection of
subsurface temperature changes using a water, glass, water phantom. Additionally, the question of
weighting function model validity is addressed by simulation of a radiometer measuring thermal emission
from a three layer tissue medium of skin, fat, and muscle. The results are interpreted for medical

applications.

Chapter 6 Summarizes the contributions of this work and presents a path forward for future work.
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2.1 INTRODUCTION

In the previous chapter, basic radiometry concepts were introduced, and the blackbody power received by
an antenna was defined in terms of both near-field and far-field parameters. This power is delivered to a
sensitive microwave receiver called a radiometer. The output of the radiometer is generally a dc voltage that

is proportional to the antenna temperature. In this chapter, the fundamental definitions essential for the



design of the radiometer are presented, and a few radiometer architectures are discussed. Two receivers and
probes designed for 1.4 and 2.7 GHz operation are presented along with their measured performance. Finally,

additional multi-frequency probes are presented that have been designed for interaction with human tissues.

2.2 RECEIVER DEFINITIONS

A simple block diagram of a radiometer is shown in Fig. 2.1. Power is received through the antenna at an
equivalent noise temperature 7%. The gain (G) is dictated by the number of amplifiers in the receiver chain,
and the losses in the receiver from passive elements such as transmission lines and filters. The bandwidth (B)
is generally dictated by the filters used in the predetection section of the receiver, but is also a function of the
bandwidth of the active components such as the amplifiers and square-law (z2) detector. The output is then
integrated with a time constant 7 to improve the radiometric resolution. Next, the definitions necessary to
characterize the noise performance of the receiver will be presented. The definitions in this section are widely
published, and the following references are examples: [2, Chapter 6], [53, Chapters 10, 13], [1].

A radiometer must amplify a very low level signal while introducing minimal noise. Amplifier noise is
measured by the signal-to-noise ratio (SNR), defined as the ratio of the signal power P to the noise power P,
or SNR=P,/P,,. For a linear two port device or system, the noise figure (F') is a measure of the degradation
of the SNR by noise added from the device or system. The noise figure is the ratio of the input SNR to the
output SNR given as

F =
Pso/Pno’

(2.1)
where the input noise power is the power provided by a matched resistor at a temperature T = 290 K
x2 T

B 1

T | i

>l |
>_‘_%% : D" © V:)ut

|

|

|

|

Figure 2.1: Simplified block diagram of a total power radiometer along with important parameters such as
gain (G) and bandwidth (B). The power is detected with a square-law detector (z2) and integrated with an
integration time (7).
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(Pn; = kTpB). The linear quantity for noise figure is also referred to as noise factor while the value in decibels

is referred to as noise figure (dB) (NF) defined as
NF = 10log;, F. (2.2)

The equivalent input noise temperature is used to define the noise performance of a device as an equivalent
noise source that is placed at the input of an ideal noise-free device. Consider the two networks shown in
Fig. 2.2. The network in Fig. 2.2a is a noisy amplifier with a fictitious 0 K load at the input such that P,; = 0.
For this case, P, represents the output noise power generated by the device when the input is connected to
a noise-free termination. This network is replaced with an equivalent noiseless network shown in Fig. 2.2b,
where T, represents an equivalent temperature of a matched resistor referred to the input of the noise free
device that would generate the same output power P,,, given by

_ Pno
- GkB’

T. (2.3)

where the gain of the device is GG, and the bandwidth considered is B. The equivalent input noise temperature

is related to the noise figure (F') as

T. = (F - )Ty, (2.4)

P,=0 G,T. P, P,; G P, = GKT.Af
e N N,
|~ |~

no

P
I'=0K <R Noisy Amp. R T. = GEAT R Noiseless Amp. < R

(a) (b)
Figure 2.2: Equivalent noise temperature definition where a noisy device (a) terminated in a fictitious 0 K
load is replaced by a noiseless device (b) terminated in a resistor with an equivalent noise temperature.

The noise performance of a system can be expressed in terms of the noise parameters and gains of the
individual stages. The output noise power of a single stage (assuming the input noise power is given from a

match resistor at Tp) in a small frequency band is given by

P, = Gk(Ty + T.)B (2.5)
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The available output noise power for the cascaded system shown in Fig. 2.3 is

Pno - G1G2/€TOB + GlGQkJTelB + ng‘TegB (26)
———
due to source Ty due to noise in due to noise in
first network second network

Using this expression, the effective input temperature of the two networks cascaded can be written as

_ kGo(G1Tey +Te2)B Teo
Ter12= G GokB =T+ = (2.7)

which can be generalized for n networks in cascade to find the overall effective temperature equal to

Te2 Ten

T. =T, et 2.8
S e e e e (28)
Using (2.4), the overall noise figure is given by
Fy—1 F,—1
F=F+——+ +=— 2.9
e e N e N (2.9)

Inspection of (2.9) reveals the cascaded noise figure is dominated by the noise figures of the first few stages
provided the overall receiver has adequate gain. If the first component is a passive network, e.g. a lossy
cable, G is replaced by the loss L. Therefore to design a receiver with a low system noise figure, a low-noise
amplifier (LNA) with a low noise figure and reasonable gain should be placed as close to the antenna as
possible.

Using the noise performance of the receiver, in addition to knowledge of the bandwidth and integration
time, the sensitivity of the receiver can be determined. The voltage at the output of the square-law detector
(2?) is integrated with a time constant 7 as seen in Fig. 2.1. The final output voltage will have a dc component
that corresponds to the mean value of the input power, and the ac or fluctuating component which limits the
resolution of the radiometer. For a total power radiometer, such as the one shown in Fig. 2.1, the radiometric

resolution is given by

!
AT = ﬂ (2.10)
vV BT
—o0— —o
G1 Gs
T() Tel TeQ Pno
NF, NF,
—o0— —o

Figure 2.3: Noise figure for two cascaded two-port networks.
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where the receiver temperature and gain are assumed to be constant. T is the antenna temperature including
the ohmic losses. This is the precision with which T4 can be recovered from the output voltage of the square
law detector after integration.

The definitions presented in this section are essential for designing a radiometer. Design requirements such
as sensitivity, expected temperatures that will be measured, and the EM environment in which the radiometer
will be operated all determine the receiver temperature, bandwidth, and integration time. These requirements
dictate the choice of LNAs, filters, detectors, and interconnect losses. In the subsequent sections, the choice of
parts for a specific application are presented and the receiver temperatures and sensitivities estimated. First,

a few receiver architectures are presented to motivate the architecture choice for the microwave thermometer.

2.3 RECEIVER ARCHITECTURES

The fundamental receiver architecture is a the total power radiometer shown in Fig. 2.1, and serves as the
reference for the various other architectures: Dicke, radiation balance, noise injection, and two-load radiometers
detailed in many texts and articles such as [1,2,54,55]. The expression for sensitivity from (2.10) assumes no

gain variations. If the fluctuations in the gain are considered, the sensitivity must be modified [2,55] as follows

2
AT = (T} + Trec) % + (AGG> ; (2.11)

where G is the average power gain of the radiometer, and AG is the rms value of the gain fluctuation.
To reduce the effect of gain variations, Dicke [56] proposed a radiometer that is periodically compared to
a matched reference load at a stable temperature Ty as shown in Fig. 2.4. The output is then synchronously

demodulated resulting in the following radiometric resolution

ATy + Tree)?  2(Thot + Thee)? AG\?
AT:\/ (T + Tree) + (Tret + Trec) + (T — Tret)? (G> (2.12)

BTt Bt G

This equation is easily interpreted as contributions from the noise variations of the antenna measurement for
a period of 1/7 and the reference measurement for a period of 1/7 in addition to fluctuations in the gain.
The rate at which the reference load is compared should be fast enough such that the gain is considered to be

constant over the switching interval. It is seen that variations due to gain can be minimized if T = Tyer. In
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Figure 2.4: Dicke radiometer block diagram where the input of the radiometer is periodically switched to a
matched reference load at a stable temperature.

&

this case the radiometer is said to be balanced, and the radiometric resolution is twice that of the ideal total
power radiometer as the antenna input is only received half of the time.

Methods for balancing include varying the reference load with a variable attenuator until the reference
temperature is equal to the antenna temperature. Another method of balancing a radiometer is to inject
a variable amount of noise (from a noise source with a variable attenuator) by means of a coupler into the
antenna path to raise the antenna temperature to be equal to the reference temperature as seen in Fig. 2.5.
Balancing techniques require feedback to control the attenuators until a balanced mode of operation is
achieved.

To determine the unknown antenna temperature T, the receiver must be calibrated with known temper-
ature standards. Assuming the output voltage is linear with respect to input power, there is a linear relation
between the input temperature and output voltage as shown in Fig. 2.6a. The temperature standard may
either by a matched microwave load with a known temperature, or a target observed by the antenna with a
known temperature.

A two-load radiometer shown in Fig. 2.6b is constantly calibrated against a hot and cold load. Goodberlet
et al [57] proposed a two-load radiometer as a way to improve the radiometric resolution. The optimal time to
measure each standard during the calibration cycle for a two-load architecture is presented in [57]. Fig. 2.6a
shows the calibration line associated with the two-load radiometer.

The architectures presented here have advantages in terms of insensitivity to variations in gain and
disadvantages such as hardware complexity for the synchronous modulator/de-modulator. However, with

the advent of improved data acquisition unit (DAQ) units, the synchronous demodulation can be done in
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Figure 2.5: Balanced noise injection Dicke radiometer block diagram.

software and switching frequencies and dwell times may be easily varied through computer control. A two-load
radiometer along with a computer controlled DAQ allows for flexibility in the mode of operation. The receiver
is calibrated constantly which is advantageous as a wearable radiometer’s receiver temperature may drift,
and will need to be regularly calibrated which the two-load radiometer is capable of. For these reasons, the

two-load radiometer is the architecture of choice for the radiometers in presented in this chapter.

2.4 RECEIVER AND PROBE DESIGNS FOR A WEARABLE RA-

DIOMETER

As stated in the introductory chapter, the goal of this thesis is to not only design a radiometer capable of
determining subsurface temperature, but for the radiometer to be wearable e.g. not necessarily operated in a
well controlled environment. The ambient radio frequency spectrum is congested, degrading the achievable
signal-to-noise ratio (SNR) at many frequencies that might otherwise be optimal for passive sensing. Therefore,
allocated quiet bands for remote sensing and radio astronomy that will minimally degrade the SNR are
chosen for this application. The protected frequency bands are regulated by both the Federal Communications
Commission (FCC) and International Telecommunication Union (ITU) [58], and several frequency bands are
detailed in Table 2.1. The frequency bands will be referred to as 1.4 GHz and 2.7 GHz for ease of reference,

and shall correspond to the frequency bands detailed in Table 2.1.
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Figure 2.6: General calibration line (a) of a radiometer where Vj, and V. are the hot and cold output voltages

corresponding to the input temperatures T}, and T,, and a two-load radiometer (b) in which the radiometer
is constantly calibrated using an RF switch at the front of the receiver.

In this chapter, only receivers for the 1.4 GHz and 2.7 GHz bands are presented. The 4.9 GHz frequency
does not penetrate very deep into a lossy medium and may be used to sense the surface skin temperature.
Additionally, if very deep sensing is required, the 400 MHz band may also be used.

Up to this point the choice of direct detection or superheterodyne has not been discussed. Either
architectures may be used in the predetection section of the receiver. To reduce the complexity of the receiver,
direct detection is the architecture chosen for the radiometers presented in this chapter. Generally, conversion
to an intermediate frequency (IF) frequency is done to spread the required gain across different frequencies
as large gain can easily be achieved as frequency decreases. Additionally, conversion to an IF can make
improving the selectivity easier. One advantage of not converting to an IF is that a diode square-law detector
can be matched over the narrow RF bandwidth increasing the sensitivity of the detector which decreases the
required RF gain. This small dc signal can then be amplified by a low-noise op-amp circuit rather than at the

IF. The following design procedure is used for the receivers:

e Design a matched detector and determine sensitivity.

e Given the square-law detector sensitivity, design the receiver front-end or predetection section that
will have the required gain to stay above the noise floor of the detector, but still within the square-law

region of the diode.

e Ensure the noise figure of the system meets the design requirements for receiver sensitivity by proper

selection of components.
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Table 2.1: Receiver frequencies for a wearable radiometer. The frequency bands chosen are protected for radio
astronomy and remote sensing.

Passive Sensing Frequency Band [MHz] Abbreviated Name

406.1-410* 400 MHz
1400-1427b 1.4 GHz
2650-2700"¢ 2.7GHz
4800-5000°4 4.9GHz

@ Reserved for radio astronomy at specific locations (footnotes
US74 and US385 [58])

b Emissions are prohibited at the frequencies of 1.4-1.427 GHz,
2.69-2.7 GHz for both the FCC (footnote US246 of [58]) and
ITU (footnote 5.430 of [58]).

¢ Part of the frequency band is shared with transmitters.

d Emissions are prohibited by the FCC in the frequency range
of 4.99-5.0 GHz FCC (footnote US246 of [58]).

The receiver also includes the near-field probe or transducer, designed for the specific materials being
measured. For the purpose of demonstration, water is the medium used, and the probes are designed to
be matched when placed in contact with water. In this thesis, a dipole probe is used as it is more useful
than a waveguide when size, flexibility, and cost are requirements, as is the case for a portable microwave
thermometer. The dipole also has the advantage of being directional when placed at the interface between a
high dielectric constant half space and free space as the ratio of power radiated into the lower and upper
half-spaces varies approximately as /2 [59, 60].

The stability of the radiometer is characterized by determining the Allan deviation. Allan deviation has
been developed as a statistical tool for frequency standard metrology [61] where classical variance can give
misleading results for long-term variations. Allan variance has been proposed for characterizing radiometer

stability [57,62], and for a discrete time series y; spaced 7y apart is given by

1 N—-2n+1 1 k+2n—1 1 k+n—1 2
2
10 [ — = I i 2.13
Uy(T) 2(N—2TL+1) Z n Z Yj " Z Yj ( )
k=1 j=k+n j=k

where 7 = n71y. The Allan deviation is simply the square-root of the Allan variance. The formula for the
Allan deviation may look complicated, but it has a simple interpretation: it is the standard deviation of the
differences between adjacent measurements, where a measurement consists of enough samples to take up time

T.

27



2.4.1 CALIBRATION

To determine the unknown antenna temperature, the receivers must be calibrated. For the two-load radiometer,
calibration is performed continuously by regularly switching the receiver between the antenna and two loads
of known temperatures. The measurements in this thesis are calibrated with an SMA microwave load at
room temperature for the cold calibration standard, and an Agilent 346A noise source for the hot calibration
standard. The Agilent 346A noise source has an excess noise ratio (ENR) of between 4.5dB and 6 dB. The

ENR is defined in terms of its on and off noise states, and is generally expressed in dB as

TON _ TOFF
S) . (2.14)

ENR = 1010g10( & =
0

The calibrated ENR of a noise source is always referenced to TSO FF — Ty = 290 K. If the physical temperature

of the noise source is not 290 K the ENR must be corrected [63]:

T, — TOFF
ENRcorr = 101log;, <10ENRCHI/ 10 4 OTOS> : (2.15)

where ENR., is the calibrated value given by the manufacturer. The noise source temperature when it is on
is determined from the value of the ENR. For example, a noise source with an ENR of 5dB at 290 K would
have an on temperature TEN = 1207 K. The data provided by the manufacturer is only specified at discrete
frequencies and for the Agilent 346A noise source, it is estimated to be 5.14dB and 5.17dB at 1.4 GHz and
2.7 GHz, respectively.

The noise temperature of the source may be reduced by use of an attenuator, for the purpose of ensuring
the output is still within the square-law region of the diode detector. A precision matched attenuator of

2.88 dB was used to reduce the noise temperature of the source where the temperature of the output is given

by

T 1
Towt = — 1— =T, 2.16

where T, is the physical temperature of the attenuator, and L is the loss in the attenuator. This corresponds
to a hot temperature standard of 778 K and 781 K at 1.4 GHz and 2.7 GHz respectively.
The output voltage from the square-law detector is amplified by a low-noise op-amp, filtered, and

then measured by an analog-to-digital converter (ADC). The AD620 from Analog Devices is a low-noise
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instrumentation amplifier requiring only one resistor to set a gain between 1 and 10,000. After the amplifier
a RC low-pass filter is used, then the voltage is measured by a National Instruments PCI-6143 16-Bit, 250
kS/s/ch, simultaneous sampling multifunction DAQ. The DAQ is also used to control the RF front-end switch
for calibration. This setup is illustrated in Fig. 2.7 including a temperature data logger (TC-08) from Pico

Technology to monitor the load temperature and experimental test setup temperatures.

AD620 LPF

From
Detector
To Receiver SWwitch Control _
Voltages

DAQ | CPU

&

Pico Tech
Data Logger

Figure 2.7: Post detection data conditioning and acquisition. The dc voltage is amplified and filtered before
being measured with a DAQ.

The RC low-pass filter has a time constant of 7, = 825 us, therefore the DAQ is used to sample the
output voltages every 1 ms. The raw data from the output of the diode detector is measured by the DAQ
along with the control voltages. Calibration is done every 1 second (7¢a1 = 1s) with an equal dwell time on
each load (0.333s). The raw data is processed by determining the mean output voltage from each load over
1/3 of the calibration cycle. Since an RC low-pass filter is used, it takes time for the capacitor to charge and
discharge such that the measured voltage has reached steady state. To ensure the estimate of the average is
not affected by the low-pass filter time constant, the first 10 filter time constants (8.25ms) of data at the
beginning of each load measurement is not used in estimating the mean. A summary of the calibration is
shown for an example case of raw data in Fig. 2.8. This calibration procedure will be used throughout the
rest of this thesis.

For the long measurements (up to an hour) done in this thesis, post processing all the data is not feasible.
Therefore, custom code was written in Python to periodically process the data, and re-write the raw time
series data. This was done every 30 seconds without interrupting the data sampling so that the data used for

calculations is continuous.
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Figure 2.8: Raw measurement data used to determine antenna temperature. The raw hot, antenna, and cold
voltages are averaged every T.,1. To ensure an accurate estimate of the mean for each standard the first 10
low-pass filter time constants 7. shown in the inset are thrown out.

2.4.2 1.4GHz SYSTEM

The receiver and detector sensitivities were measured using a Lock-in Amplifier (SR-830 from Stanford
Research Systems). The lock-in amplifier uses phase sensitive detection to characterize very small signals that
may be obscured by noise. The square-law diode detector is a Schottky diode SMS7630-079 from Skyworks Inc.
The Schottky diode is matched with a lumped element LC match shown in Fig. 2.9a, with the corresponding
elements shown in Table 2.2. A photograph of the square-law detector is shown in Fig. 2.9b.

To characterize the performance of the square-law detector, a RF sweeper was used to drive the detector at
different power levels and at different frequencies. Fig. 2.10 shows the measured performance of the square-law
detector. The sensitivity as seen in Fig. 2.10a is 25 mV/uW when driven with a 1.4 GHz signal. The frequency
performance is shown in Figs. 2.10b and 2.10c showing the detector is matched best at 1.4 GHz when driven
with an RF input power of -40 dBm. The broadband response shown in Fig. 2.10c demonstrates a factor of
1000 difference from the peak voltage over the range of 2.35 GHz to 4.5 GHz. A factor of 1000 difference in dc
voltage corresponds to a 30dB rejection in RF power for the square-law detector.

The next step in the receiver design procedure is to determine the necessary gain and receiver sensitivity
requirements. To determine the necessary gain, the RF power is calculated from (1.7). Using the 27 MHz
bandwidth and normal body temperature (= 310K) the power level is -99.4 dBm. If the desired output voltage

is 100 'V, which places the input power within the square-law region of the detector, 45dB of gain is required.
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Figure 2.9: Schematic (a) and photograph (b) of a 1.4 GHz diode square-law detector with lumped element
match.
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Figure 2.10: Measured performance of the 1.4 GHz diode (SMS7630-079) square-law detector. The output
voltage vs. input power at 1.4 GHz (a) demonstrates a sensitivity of 25 mV/uW. The narrowband (b) and
broadband (c) frequency response is shown for an input power of -40 dBm.

For a receiver sensitivity of 0.2K, (2.10) is used to determine the required receiver temperature assuming
7 =0.333s. Next, (2.4) is used to determine the corresponding noise figure which is NF = 3dB. With this
information, parts are selected that achieve the appropriate gain and cascaded noise figure.

Fig. 2.11 shows the schematic of the 1.4 GHz radiometer. The radiometer consists of a switch at the input

for calibration, then a series of LNAs are cascaded with bandpass filters to achieve the required gain and
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Table 2.2: Components for 1.4 GHz diode detector.

Schematic Element Manufacturer Part Number Value
C ATC 600L4R7CT 4.7pF
L Coilcraft 0402CS-15NX 15nH
D Skyworks SMS7630-079LF

RFC Coilcraft 0603CS-R12X 120nH

filter outside of the band of interest. The elements in the schematic are summarized in Table 2.3. Using the
formula for cascaded noise figure (2.9), the noise figure of the receiver is calculated to be 3.1dB with a gain of
45.6 dB. This is a large amount of gain and stability is an issue to be concerned with, however the band-pass

filters help as they reduce the gain at low frequencies.

LNA1 BPF LNA2 BPF

T, @SWl {} [

T,
Figure 2.11: Predetection schematic of the 1.4 GHz radiometer.
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Table 2.3: Components for a 1.4 GHz receiver.

Schematic Element Manufacturer Part Number G [dB] NF[dB]

SW1 Hittite HMC345LP3 -2 2
LNA1 Mini-Circuits RAMP-33LN 16.7 1
BPF Mini-Circuits  VBFZ-1400 -2 2
LNA2 Mini-Circuits TAMP 34.9 0.6

The measured receiver detection sensitivity vs. input power and frequency is summarized in Fig. 2.12. In
a bandwidth of 27 MHz, the power delivered from an antenna temperature equal to that of the human body
is approximately -100 dBm, and the corresponding output voltage of the receiver at 1.4 GHz is 127.6 4V, as
seen in Fig. 2.12a. The narrowband frequency response is shown in Fig. 2.12b for an input power of -80 dBm,
showing the receiver outputs the highest voltage (12mV) at 1.39 GHz. The broadband response is shown in
Fig. 2.12¢, demonstrating a factor of 10* difference in output voltage compared to the peak for frequencies

above 1.8 GHz. This corresponds to an RF power rejection of 40 dB. It should be noted, however, that the
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measurement appears to have reached the noise floor of the detector which is approximately 220 nV. Therefore

the dynamic range in RF power is 40 dB. The receiver actually has more rejection out of band.
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Figure 2.12: Measured performance of the 1.4 GHz receiver vs. RF input over frequency and power. The
output voltage vs. input power at 1.4 GHz (a) demonstrates an output voltage of 127.6 4V for an input power
of -100 dBm. The narrowband (b) and broadband (c) frequency response is shown for an input power of
-80 dBm.

The final part to design for the 1.4 GHz system is the probe or transducer. As was stated previously, a
dipole probe is used. To feed the dipole, which is a balanced structure, a microstrip tapered balun (balanced
to unbalanced) is used. A tapered balun was first presented to transition from a coaxial line to a two-wire
transmission line, and was designed to be broadband (100:1 bandwidth) [64]. This was extended to a stripline
balun by Gans et al. [65]. Microstrip tapered baluns have been analyzed with various tapers such as circular,
linear, and exponential demonstrating wideband microstrip baluns [66, 67].

The 1.4 GHz balun with an exponentially tapered ground plane and linearly tapered top conductor was
designed and simulated in Ansys HFSS on a Rogers 4350B (e, = 3.66) 30 mil thick substrate. The length

of the balun is A;/2 at 1.4 GHz transitioning from microstrip on the unbalanced end (towards the receiver)
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to balanced stripline on the end that connects to the dipole. The width of the bottom conductor on the
unbalanced or microstrip end is truncated at five board thicknesses away from the top conductor trace. The
bottom conductor is exponentially tapered, while the top conductor is linearly tapered. The antenna and feed
are composed of two pieces of substrate that are orthogonal to one another. To connect the dipole to the
balun, a hole is drilled in the antenna portion of the substrate, while a notch is made in the balun such that
the two conductors in the balanced stripline could pass through the hole in the antenna substrate and be
soldered to the dipole.

For increased impedance, a folded dipole is designed. The shape of the printed dipole and width of the
traces are optimized to achieve an impedance match to a 502 system when fed with the balun. The probe is
simulated on a water half-space that is Ag/4 away from any radiating edge in extent, and the temperature
of the water is assumed to be 21° C. The dielectric properties of the water are estimated using the Debye
model from [44]. A photo of the manufactured probe is shown in Fig. 2.13a. To measure the probe, the
water half-space is approximated by using a plastic container with water with an approximate depth of 10 cm
(=~ 0.47)\g). The reflection coefficient is measured using a an Agilent Technologies E8364C network analyzer
with an short-open-load-through calibration up to the plane of the connector. The measured and simulated
reflection coefficients are shown in Fig. 2.13b demonstrating a return loss greater than 20 dB in the band of
interest.

In addition to the reflection coefficient of the probe, it is also necessary to determine the near-field weighting
functions for the probe to determine the temperature of the water from raw radiometric observations. To
do this, the reciprocal case of a transmitting antenna is analyzed, and the power dissipated in each region
around the antenna is determined. For the half-space problem, three regions are considered: upper half-space,
lower half-space, and the feed. The desired performance is to have the most power dissipated (received in the
reciprocal case for the radiometer) in the lower half-space. Power dissipated in the feed is due to conductor
and dielectric losses, while upper half-space loss is due to radiated power. If these values are normalized to the
power accepted into the antenna, they can be considered to be the normalized weighting functions. Table 2.4
summarizes the upper half-space (W,,), feed (W), and lower half-space (W;) weighting functions at 1.4 GHz.

It is important to note that these weighting functions are specific to the probe and water half-space that it is
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Figure 2.13: 1.4 GHz probe with a microstrip tapered balun feed (a), and its measured and simulated reflection
coefficients (b).

in contact with. The power dissipation is a function of the complex permittivity of the water and the physical

dimensions of the probe. The 1.4 GHz probe receives 93.9% of its total power from the water half-space.

Table 2.4: 1.4 GHz probe weighting functions on a water half-space.

Upper (W,) Feed (Wy) Lower (W)
0.008 0.053 0.939

To characterize the stability of the 1.4 GHz radiometer, the Allan deviation was determined by placing
the probe on water in a plastic container. The entire measurement setup was done in an anechoic chamber
to ensure there is no outside interference. The depth of the water was approximately 10 cm. A 60 minute
measurement was taken, and the radiometer was constantly calibrated every second with equal dwell time on
the hot standard, cold standard, and the antenna (0.333 sec.). The Allan deviation was calculated using (2.13).
The measurements are summarized in Fig. 2.14. The room temperature T;,,, (ambient temperature of the
calibration load) and water temperature T; were measured using a temperature data logger (TC-08) from
Pico Technology and the measurements are shown in Fig. 2.14a. The initial estimate of the receiver noise
figure from data provided by the manufacturer results in a receiver temperature of 302 K, while the measured
receiver temperature was 263.5 K as shown in Fig. 2.14b. The antenna temperature 77 is shown in Fig. 2.14c,

and demonstrates an error of 2.2 K between the measured antenna temperature and the thermocouple
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Figure 2.14: Receiver measurements on a constant temperature water bath. The water temperature 7; and
room temperature Ty, were measured with a thermocouple (a). The calibrated receiver temperature (b) is
263.5K, and the calibrated antenna temperature (c) demonstrates good agreement between the radiometer
and thermocouple measurements. The receiver stability (d) demonstrates an Allan deviation less than 0.2K
for integration times of one second or greater.

measurement. The Allan deviation is shown in Fig. 2.14d demonstrating an improvement in the variance of
the output for integration times up to 100 seconds.

The measured temperature 77 is not corrected for error due to mismatch in this particular case. The
temperature inversion process will be discussed in more detail in Chapter 5, where the measurements will be
corrected for mismatch and loss in the feed network. Weighting functions will then be used to determine the

temperature of the water.

2.4.3 2. 7GHz SYSTEM

The 2.7 GHz receiver was designed using the same method as the 1.4 GHz receiver design. First, the detector

was built. Then, knowing the sensitivity of the detector, the receiver front-end was designed with enough gain
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and adequate noise figure.

The 2.7 GHz detector was designed using a single stub match with grounded coplanar waveguide (GCPW)
transmission lines on an FR4 substrate. The RF choke was designed by meandering an RF shorted (through
a capacitor) Ay/4 GCPW line. The same Skyworks Inc. Schottky SMS7630-079LF diode was used. To
characterize the performance of the square-law detector, a RF sweeper was used to drive the detector at
different power levels and at different frequencies. Fig. 2.15 shows the measured performance of the square-law
detector. The sensitivity as seen in Fig. 2.15b is 10mV /uW when driven with a 2.65 GHz signal. The frequency
performance is shown in Figs. 2.15¢ and 2.15d showing the detector is matched best at 2.65 GHz when driven
with an RF input power of -40 dBm. The broadband response shown in Fig. 2.15d demonstrates a factor
of 10 difference from the peak voltage over the range of 2.8 to 5 GHz. A factor of 10 difference in voltage

corresponds to a 10 dB rejection in RF power.
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Figure 2.15: Measured performance of the 2.7 GHz diode (SMS7630-079) square-law detector (a). The output

voltage vs. input power at 2.65 GHz (b) demonstrates a sensitivity of 10mV/uW. The narrowband (c) and
broadband (d) frequency response is shown for an input power of -40 dBm.
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The next step in the receiver design procedure is to determine the necessary gain and receiver sensitivity
requirements. To determine the necessary gain, first the RF power is calculated from (1.7). Using the 50 MHz
bandwidth and normal body temperature (= 310K), the power level is -96.7dBm. If the desired output
voltage is 10 uV, which places the input power within the square-law region of the detector, 36.7 dB of gain is
required. For a receiver sensitivity of 0.2K, (2.10) is used to determine the required receiver temperature
assuming 7 = 0.333s. Next, (2.4) is used to determine the corresponding noise figure which is NF = 4.4 dB.
With this information, parts can be selected that will achieve the appropriate gain and cascaded noise figure.

Fig. 2.16 shows the schematic of the 2.7 GHz radiometer. The radiometer consists of a switch at the input
for calibration, then a series of LNA’s are cascaded with bandpass filters to achieve the required gain and
filter outside of the band of interest. The elements in the schematic are summarized in Table 2.5. Using the
formula for cascaded noise figure (2.9), the noise figure of the receiver is calculated to be 3dB with a gain of
36.7dB.

The measured receiver detection sensitivity vs. input power and frequency are summarized in Fig. 2.17. As
stated previously, in a bandwidth of 50 MHz the power delivered from an antenna temperature equal to that
of the human body to the receiver is approximately -96 dBm. The output voltage of the receiver for an input
power of -96 dBm at 2.64 GHz is 15.1 uV. The narrow band frequency response is shown in Fig. 2.17b for an
input power of -80 dBm showing the receiver outputs the highest voltage (633 4V) at 2.64 GHz. The broadband
response is shown in Fig. 2.17c, demonstrating a factor of 10* difference in output voltage compared to the
peak for frequencies above 3 GHz and below 2.35 GHz. This corresponds to an RF power rejection of 40 dB.
It should be noted, however, that the measurement appears to have reached the noise floor of the detector

which is approximately 80 nV. The receiver actually has more rejection out of band.
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Figure 2.16: Predection schematic of the 2.7 GHz radiometer.
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Table 2.5: Components for a 2.7 GHz receiver.

Schematic Element Manufacturer Part Number G [dB] NF[dB]

SW1 Hittite HMC345LP3 -2 2
LNA1 Mini-Circuits TAMP-272LN  13.7 0.8
BPF Mini-Circuits BCFN-2700 -2.25 2.25
LNA2 Hittite HMC667LP2 18 0.75

-110  -100  -90 -80 -70 -60
RF Power [dBm)]

(a)

2.4 2.5 2.6 2.7 2.8 2.9
Frequency [GHz] Frequency [GHz]
(b) (c)
Figure 2.17: Measured performance of the 2.7 GHz receiver vs. RF input over frequency and power. The
output voltage vs. input power at 2.64 GHz (a) demonstrates an output voltage of 15.1 uV for an input

power of -96 dBm. The narrowband (b) and broadband (c) frequency response is shown for an input power of
-80 dBm.

The final part to design for the 2.7 GHz system is the probe or transducer. The same design procedure
for the 1.4 GHz probe was used for the 2.7 GHz probe. A folded dipole with a microstrip tapered balun was
designed to be matched to a 502 system. The microstrip tapered balun and folded dipole structure was
designed and simulated in Ansys HFSS on a Rogers 4350B (e, = 3.66) 30 mil thick substrate. The length of
the balun was \;/2 at 2.7 GHz transitioning from microstrip on the unbalanced end (towards the receiver)

to balanced stripline on the end that connects to the dipole. The width of the bottom conductor on the

39



unbalanced or microstrip end was truncated at 5 board thicknesses away from the top conductor trace. The
bottom conductor was exponentially tapered, while the top conductor was linearly tapered. The antenna and
feed are composed of two pieces of substrate that are orthogonal to one another. To connect the dipole to
the balun, a hole was drilled in the antenna portion of the substrate, while a notch was made in the balun
such that the two conductors in the balanced stripline could pass through the hole in the antenna substrate
and be soldered to the dipole. To increase the impedance of the dipole, a folded dipole design was used. The
spacing of the folds and width of the traces were optimized to achieve an impedance match to a 502 when
fed with the balun.

The probe was simulated on a water half-space that was A\y/4 away from any radiating edge in extent,
and the temperature of the water was assumed to be 21° C. The dielectric properties of the water were
estimated using the Debye model from [44]. A photo of the manufactured probe is shown in Fig. 2.18a. To
measure the probe, the water half-space was approximated by using a plastic container with water that had
an approximate depth of 10cm (& 0.9)\g). The reflection coefficient was measured using a Network Analyzer.
The measured and simulated reflection coefficients are shown in Fig. 2.18b demonstrating a return loss greater

than 17 dB in the band of interest.

|T|[dB]

P

0.0 1.0 2.0 3.0 4.0 5.0

— 30 mm —I Frequency [GHz]
(a) (b)

Figure 2.18: 2.7 GHz probe with a microstrip tapered balun feed (a), and its measured and simulated reflection
coefficients (b).

The probe weighting functions were also determined in the same manner as described for the 1.4 GHz
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probe. Table 2.6 summarizes the upper half-space (W,,), feed (W), and lower half-space (W;) weighting
functions at 2.7 GHz. It is important to note, that these weighting functions are specific to the probe and
water half-space that it is in contact with. The power dissipation is a function of the complex permittivity of
the water and the physical dimensions of the probe. The 2.7 GHz probe receives 93.5% of its total power from

the water half-space.

Table 2.6: 2.7 GHz probe weighting functions on a water half-space.

Upper (W,) Feed (Wy) Lower (W)
0.01 0.055 0.935

Similar to the 1.4 GHz radiometer, the Allan deviation of the 2.7 GHz radiometer was determined by
placing the probe on water in a plastic container. The entire measurement setup was done in an anechoic
chamber to ensure there is no outside interference. The depth of the water was approximately 10 cm deep. A 60
minute measurement was taken. The radiometer was constantly calibrated every second with equal dwell time
on the hot standard, cold standard, and the antenna (0.333s). The Allan deviation was calculated using (2.13).
The measurements are summarized in Fig. 2.19. The room temperature T;,,, (ambient temperature of the
calibration load) and water temperature were measured using a temperature data logger (TC-08) from Pico
Technology and the measurements are shown in Fig. 2.19a. The initial estimate of the receiver noise figure
from data provided by the manufacturer results in a receiver temperature of 283 K, while the measured
receiver temperature was 303 K as shown in Fig. 2.19b. The antenna temperature 7% is shown in Fig. 2.19¢,
and demonstrates an error of 3.6 K between the measured antenna temperature and the thermocouple
measurement. The Allan deviation is shown in Fig. 2.19d demonstrating an improvement in the variance of

the output for integration times up to 200 seconds.

2.5 MULTI-FREQUENCY PROBE DESIGNS

While for the scope of this thesis temperature estimates will be done with a water phantom, it is necessary to
demonstrate that hardware can be designed for the actual application of non-invasive medical radiometry. A

few examples of probes were shown in Section 1.4.2, however, these designs were either bulky, or designed only
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Figure 2.19: 2.7 GHz receiver measurements on a constant temperature water bath. The water temperature T}
and room temperature Ty, were measured with a thermocouple (a). The calibrated receiver temperature (b)
is 288.8 K, and the calibrated antenna temperature (c) demonstrates good agreement between the radiometer
and thermocouple measurements. The receiver stability (d) demonstrates an Allan deviation less than 0.4 K
for integration times of one second or greater.

for a single frequency. Multiple frequencies must be used to differentiate temperature received from various
depths within the tissues. An additional challenge is that the probes must be receiving power from the same
parts of the tissues, or at least in a manner that ensures the model is still valid. This model assumption is
that the tissues are a stack of homogeneous tissue layers that are infinite in extent in the transverse direction
with uniform temperature in the transverse direction. For this assumption to be valid, the probes must be
collocated and the power must be dissipate in a narrow field of view within the tissues. To view how power is
dissipated within the tissues, the specific absorption rate (SAR) will be calculated at various depths in the

tissues. The SAR is defined as

[W/kg], (2.17)
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where o is the effective conductivity, and p is the mass density. The design requirements are thus two-fold:

impedance matched and collocated power dissipation pattern.

DuAL FREQUENCY STERNUM PROBE

The first multi-frequency probe design is a dual frequency probe designed for 400 MHz and 1.4 GHz matched on
the human sternum. The tissue stack was 1.2 mm skin/ 4 mm fat/ 2mm cortical bone/ 7mm cancellous bone
/ 2mm cortical bone/ heart. The frequency dependent dielectric properties of the tissues were downloaded
from [28]. The probe was simulated in Ansys HFSS to determine the input impedance and power dissipation
pattern. The high frequency probe is nested in the low frequency probe as shown in Fig. 2.20 to ensure power
dissipation patterns are collocated. The probe was printed on Rogers 3010 (e, = 10) 25 mil board material,
which is somewhat flexible.

The probe was measured in vivo on the human sternum with the author serving as a volunteer. The
measured results show good agreement with simulation maintaining a return loss greater than 20 dB for each
probe at their respective design frequencies as demonstrated in Fig. 2.21. The measured isolation is also
shown in Fig. 2.21 demonstrating an isolation of better than 20 dB.

The SAR was determined at the interface between the heart and cortical bone. Fig. 2.22 shows the SAR
normalized to the peak value at that layer in the tissues. It can be seen for both probes that the maximum is

located underneath the footprint of the probe.
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30 mm

(c) (d)
Figure 2.20: Detail of the front (a) and back (b) of the nested dipole probe with the 400 MHz (c) and 1.4 GHz
(d) probes highlighted.

THREE FREQUENCY ABDOMEN PROBE

A second probe design was made to be placed on the human abdomen assuming assuming a 1-mm thick skin
layer, 2-mm thick fat layer, and infinitely thick muscle layer. The three frequencies used were the 1.4, 2.7,
and 4.9 GHz bands. The probe design is shown in Fig. 2.23. The probes are designed to be as collocated
as possible so that their power dissipation patterns coincide spatially in the tissue stack. For this reason
the two lower frequency probes are bent as shown in the photograph. The probes are made on a Rogers

RO-4350B 0.762-mm thick substrate with €,.=3.66, and each dipole is fed with a microstrip tapered balun.
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Figure 2.21: Measured performance of the 400 MHz (a) and 1.4 GHz (b) probes, along with the isolation (c)
between the probes.

(a)

Figure 2.22: SAR for the 400 MHz (a) and 1.4 GHz (b) probes at the hear-cortical bone interface. Each plot is
normalized to the peak value at that layer in the tissues as shown by the scale in (b).

The dipoles are measured in vivo on the abdomen with the author serving as a volunteer. The measured
results for the three probes are shown in Fig. 2.24 demonstrating a match better than -15dB for each probe
at the respective design frequencies. The measured results are compared to HFSS simulations in Fig. 2.24,
and agree well over the entire frequency range from 0.5 to 7 GHz.

The simulated normalized weighting functions are shown in Table 2.7. In each case, over 50% of the power
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Figure 2.23: Three frequency probe with balun feed network. The overall dimensions of the probe are 30 mm
x 30 mm neglecting the balun.
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Figure 2.24: Comparison of measured input match to HFSS simulations for the (a) 1.4 GHz, (b) 2.7 GHz, and
(c) 4.9 GHz probes.

accepted into the probe is dissipated in the 1-mm thick skin layer. The lowest frequency probe dissipates
the most power in the muscle. Less than 10% of the power is dissipated in the fat layer, and this percentage

decreases with increasing frequency in this particular case.
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Table 2.7: Normalized weighting functions for the three frequency probe on a three layer medium of skin
(1mm), fat (2mm), and muscle.

w

f[GHz] Skin Fat Muscle Feed Radiated

1.4 0.511 0.071 0.388 0.013 0.017
2.7 0.550 0.058 0.350 0.022 0.020
4.9 0.602 0.049 0.276 0.040 0.033

In addition to calculating the dissipated power, the SAR is shown at three depths in the tissues for each
probe in Fig. 2.25. Each individual SAR plot is normalized to the peak value (red). It can be seen from the
SAR plots close to the surface that the maximum occurs directly below the feed. Further into the tissues,

however, the maximum begins to occur in the center of the entire probe footprint.

1.4 GHz 2.7 GHz 4.9 GHz

l1
]. .
0.1 - —

Skin / Fat
Interface

Fat / Muscle
Interface

32mm into
Muscle

Figure 2.25: SAR at various depths in the tissues for each of the three probes. Each individual SAR plot is
normalized to the peak value as demonstrated by the scale. It can be seen from the SAR plots close to the
surface that the maximum occurs directly below the feed. Further into the tissues, however, the maximum
begins to occur in the center of the entire probe footprint.
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2.6 CONCLUSION

This chapter has presented the necessary receiver architectures and relevant design equations for designing a
radiometer for non-invasive microwave thermography. To address the problem of operation in a congested RF
environment, narrow frequency bands allocated for remote sensing and radio astronomy were utilized. Two
radiometers were presented and their performance characterized. In addition, probes for use with a water
phantom were shown. Additional multi-frequency probes for medical applications were characterized and

their measured and simulated performance compared.
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3.1 INTRODUCTION

Design of a microwave radiometer capable of being a wearable device requires miniaturization of circuit
elements. A path for integration must be presented with the ultimate goal being the development of a
compact system on chip (SoC). There has been increased interest for integrating multiple components on a
single chip. The feasibility of developing SoC radiometer components at 13 GHz for monitoring emergency
operators [68] and other optically masked targets such as forest fire detection [69] has been investigated. The
studies presented simulations of the following radiometer components in a 90 nm CMOS process: LNA, mixer,
IF amplifier, and square-law detector. The IF section of the radiometer was developed in a 90 nm CMOS
process demonstrating a gain, noise figure, and bandwidth of 45dB, 10dB, and 58 MHz respectively while
occupying an area of 1 mm?. Additionally, integration of MMIC technology to reduce the overall size and
weight while maintaining performance has been demonstrated for a K-band tropospheric water vapor profiling
radiometer [70].

This chapter presents two new circuit elements that could aid in the design of a radiometer on a single
chip. The first circuit combines two circuit elements (a variable attenuator and a fixed directional coupler) of a
balanced Dicke radiometer into one MMIC tunable coupler made in a 0.5 pm TriQuint gallium arsenide (GaAs)
process. The second part of this chapter presents a 0.5 yum GaAs MMIC calibration standard capable of
achieving cold equivalent temperatures when the physical temperature of the device is at ambient temperature.
Such a device minimizes the need for a bulky cryogenic load. The noise source section also presents a design

procedure to achieve a minimum equivalent noise temperature.

3.2 TUNABLE MMIC COUPLER

A balanced Dicke radiometer seen in Fig. 3.1, is an appropriate architecture for these applications, and a
conventional approach uses a variable attenuator and fixed directional coupler. Alternatively, a MMIC variable
coupler can replace these two components highlighted in Fig. 3.1, thus making the wearable radiometer more
compact. Additional applications include tunable impedance transformers [71].

Couplers with tunable coupling ratios have been presented in [71-77], with a thorough comparison of
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Figure 3.1: Balanced noise injection Dicke radiometer block diagram. The two highlighted components are
a fixed directional coupler and a variable attenuator. A variable directional coupler can replace these two
circuit elements.

variable directional couplers presented in [75]. In this section, the simplified coupler model analysis is first
presented using even and odd mode analysis. Next, the analysis is a applied to a 0.5 um TriQuint GaAs
process, and the measured coupler performance is presented and compared to simulation. Finally, a two-tone

linearity measurement is presented to further characterize the device performance for various applications.

3.2.1 TUNABLE COUPLER ANALYSIS

Consider the simplified directional coupler circuit with ideal variable capacitors shown in Fig. 3.2a. The even
and odd mode circuits are shown in Figs. 3.2b and 3.2c respectively.
To find the even and odd mode transmission and reflection coefficient, the two port transmission matrix

or ABC'D matrix [53] is defined

Vl A B V2
= (3.1)
I C D I
The corresponding ABC'D matrix for the even mode excitation is
A B 0 JZoV2 0 JZoV2 -1 0
= = , (3.2)
C D ilZovV2 0 ilZov2 0 0 -1

(&

o1



* o
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C C C
(4) Zo V27, % V27, Zy (3)
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: A4 i A4 | Zo

(c)
Figure 3.2: Tunable directional coupler topology (a) with the even (b) and odd (c) mode equivalent circuits
where I'. and T, corresponds to the even mode reflection and transmission coefficients and I', and T,
corresponds to the odd mode reflection and transmission coefficients.

and the odd mode ABC'D matrix is given by

A B 1 0 0 7 Z0V/2 1 0 0 i ZoV2 1 0
¢ D JjB 1 i/ZoV?2 0 JjB 1 3/ZoV2 0 JjB 1
2B272 — 1 —j2BZ?
_ (3.3)
j2B (B*Z¢ —1) 2B?Z3 —1
The reflection and transmission coefficients can then be found from Table 4.2 of [53]
A+B/Zy—CZy—D
r_ A+ B/Z 0 (3.4)
A+ B/Zy+CZy+ D
2
T (3.5)

T A+B/Zy+CZo+ D’

Substituting (3.2) and (3.3) into (3.4) and (3.5) yields the even mode reflection and transmission coefficients
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given by

and the odd mode reflection and transmission coefficients given by

B33
Lo = 3 _ 2 ° : (3.7)
B373 — j2B2Z2 — 2BZg +
T, —J (3.8)

T B33 — j2B2Z2 —2BZy+j’
where B = 47 fC'. The four port scattering parameters are now found from the even and odd mode transmission
and reflection coefficients. Using even and odd mode analysis, if port 1 is driven the emerging wave B,, seen

at the nth port is defined as

By - él“e + %ro (3.9)
By = %Te + %TO (3.10)
By = %Te - %TO (3.11)
B, %re - %FO. (3.12)

If restrictions are imposed that the coupler be matched and isolated, the following conditions must be met

1

S = 51“0 =0 (3.13)
1
Sy = —§FO =0. (3.14)
This implies B = 0 and T, = —1, however, this trivial solution does not allow for tuning the coupling given by
1

So1 = i(TO -1)=-1 (3.15)

1
S31 = _E(TO + 1) =0 (316)

The zero of the odd mode reflection coefficient from the match and isolation requirement is of third order.
Therefore, the even mode reflection coefficient can be approximated by a Taylor series expansion about B = 0

to second order and still satisfy the match and isolation condition approximated by

2
Si1= -S4 ~ % (I‘O(O) + BI'(0) + BQI"O’(O)> =0. (3.17)
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Next, the odd mode transmission coefficient is also expanded in a Taylor series about B = 0 to second order.

Applying this approximation to the through and coupled port yields

1 B2
521 ~ 5 (—1 + TO(O) + BT(;(O) + 2Té’(0)>
= -1+ jBZy+ B*Z} (3.18)
1 / B2 1/
S31 ~ —5 1 =+ TO(O) + BTO(O) + 7To (0)
= —jBZy — B*Z¢, (3.19)

which results in a dependence on B with the requirement that B is small. Finally, the phase difference from

the coupled port to the through port is given by the following approximation

BZ,

arg(Sy;) = tan ~* (3222_1) ~ tan ~! (-=BZp) (3.20)
0

1
arg(Ss;) — arg(Ss;) = tan ! (BZO) —tan ~! (=BZp)

0
=—. 3.21
. (3.21)
Equation (3.17) demonstrates the coupler is matched and isolated while the coupled and through ports are

dependent on B and thus can be varied if B can be varied. Additionally, the phase difference between the

coupled and through ports is 90°. These conditions are valid for B close to zero.

TUNABLE COUPLING COEFFICIENT

Solving (3.19) for B and using C = B/4nf gives two solutions for C as a function of the magnitude of
coupling, the positive solution is chosen for a capacitance

V2 (VISuFTT-1)

871 Zo

C:

(3.22)

Using (3.22) for a desired tuning range of |S31| between -40 and -5dB corresponds to C' = 8 — 400fF
respectively. The accuracy of making an approximation based on a Taylor series expansion to second order
is shown in Fig. 3.3. The approximation is within 0.01 dB for small values of C and is within 1dB of the

exact value for |S3;|. With an estimation on what value of C' will result in the desired tuning range for
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Figure 3.3: Comparison of |Se1| and |S31| vs. tuning capacitance C at 2 GHz for both the exact solution (solid
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Figure 3.4: Simulated results for S1; and S3; for the tunable coupler demonstrating a tuning range of 34 dB
on S3; while maintaining a return loss of greater than 24 dB at 2 GHz.

1S4 [dB]

0 e — - 0.0
20 b e s ISP 0.5
' _— 541, 400 fH [sa)
"""" - - - 541, 8 fF =
A0 e S A Rl I
L S So91, 8 fF .
60 Fo T NP A e r ey T PP 415
NERER A
\1 / \
-80 L Lo e -2.0
1.50 1.75 2.00 2.25 2.50

Frequency [GHz]

Figure 3.5: Simulated results for S3; and S4; for the tunable coupler. The insertion loss varies from 0.75dB
to 0 dB while the isolation is better than 23 dB.
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the coupled port, the full four-port scattering parameters for the tunable coupler can be determined. The
ideal tunable coupler was analyzed over a frequency range of 1.5 to 2.5 GHz for C' = 8{F and C' = 400 {F.
Fig. 3.4 demonstrates a coupling coefficient from -6dB to -40dB for a capacitance from 400 fF to 8 fF, while

maintaining a return loss greater than 24 dB at 2 GHz.

3.2.2 MMIC COUPLER IMPLEMENTATION AND MEASURED SCATTERING

PARAMETERS

The proposed MMIC tunable directional coupler schematic is shown in Fig. 3.6. Due to size constraints the
A/4 transmission lines are implemented using m-equivalent networks as seen in Fig. 3.7 with C; and L, to

synthesize a 70.71Q A\/4 line at 2 GHz. The values for the m-equivalent circuit are

1
Cr = 3.23
oo (3.23)
Zy
L. -2 3.24
o (3.24)

The variable capacitance is obtained by applying a varying bias to three depletion mode Schottky diodes
(Dyar). To reduce circuit size, on-chip bias tees were realized using an inductor and a shunt capacitor. The
bias network is simplified by applying the same bias to each of the three Schottky diodes so only two DC
bias lines are needed. There are four DC blocking capacitors on each port to block the DC bias from the
output. This simplified bias network aids in reducing the overall size and complexity of the circuit. The

tunable directional coupler was fabricated in a 0.5 yum GaAs commercial (TQS TQPED pHEMT) process. A
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Figure 3.6: Tunable directional coupler topology.
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Figure 3.8: Photograph of the GaAs MMIC coupler. The chip occupies an area of 2.2mm x 1.4 mm neglecting
probe pads and test structures.

photograph of the coupler is shown in Fig. 3.8. The chip occupies an area of 2.2 mm x 1.4 mm neglecting
probe pads and test structures. The A/4 70.71(Q lines were realized with two shunt metal-insulator-metal
(MIM) capacitors (Cy) connected with a spiral inductor (L).

The MMIC tunable directional coupler was characterized by doing three separate measurements on a
two-port network analyzer. The die was probed using 150 ym pitch probes with an SOLT calibration using
an impedance standard substrate (ISS). The four port tunable coupler was characterized with an assumption
of symmetry. The fourth or isolated port was terminated on-chip with a 502 resistor, the coupler was then
characterized by taking three separate two port measurements with the third port terminated with a load
connected to an RF probe. Three measurements were done to characterize the through port(]|S2;|), coupling
coefficient (|S31]), and isolation (|S41]). Figs. 3.9 to 3.11 shows the coupling, input match, and isolation across

frequency over the bias voltage range of 0 to -1.2'V with the following conclusions of its performance at 2 GHz:
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e the coupling coefficient varies from 6.6 dB to 60 dB, corresponding to a dynamic range of 53.4dB,

e the input match of the coupler is better than 12dB for all bias points, improving to better than 20 dB

for large coupling coefficients,
e the isolation ranges from 17dB to 40dB as the bias decreases.

To demonstrate the performance versus the diode bias, the scattering parameters are plotted versus bias at

2 GHz as seen in Fig. 3.12.

decrkasing bia

|S31([dB]

Frequency [GHz]

Figure 3.9: Measured S-Parameters for the coupled port demonstrating a tuning range of -6.6 dB to -60dB at
2 GHz for |S31]. The depletion mode diode was reverse biased so the coupling varies by decreasing the bias

voltage from OV to -1.2V.

0 ] ] ]

decreasing bias
10 e s P .

|S11([dB]

Frequency [GHz|

Figure 3.10: Measured input return loss for the tunable coupler demonstrating better than 12dB return loss
for all bias conditions at 2 GHz. The return loss improves to better than 20 dB over a wide coupling coefficient

tuning range from 18 dB to 41 dB.
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Figure 3.11: Measured isolation greater than 17 dB for all bias conditions. The isolation of the coupler improves
to 40 dB with decreasing bias.
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Figure 3.12: Measured tunable coupler scattering parameters at 2 GHz vs. DC bias from 0V to -1.6 V.

3.2.3 COMPARISON TO SIMULATION

The measured results are compared to simulation at two separate bias points (0 V, and -0.8 V) in Fig. 3.13.
The simulated data is determined in AWR Microwave Office from a combination of linear circuit models,
3D planar Method of Moments solver AXITEM, and non-linear circuit models. The DC blocking capacitor,
m-equivalent 90° network, and bias line were simulated using AXIEM. These networks were then connected
together using linear circuit models for short microstrip lines and tee junctions. Finally the diode was modeled
with a non-linear model from TriQuint. The input match shown in Fig. 3.13a demonstrates simulation and
measurement are within approximately 5dB across the frequency range of 1 to 3 GHz. The through port

shown in Fig. 3.13b is within 1dB across the frequency range for the two bias points, and the coupled port is
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within 2.5dB as seen in Fig. 3.13c. Finally, the isolated port shown in Fig. 3.13d demonstrates a discrepancy

between measured and simulated of 20 dB. However, the difference between -30dB and -50dB is a difference

of 0.03.

1.0 1.5 2.0 2.5 3.0

(a)

|S31] [dB]

1.0 1.5 2.0 2.5 3.0
Frequency [GHz]

(c)

1521 [dB]

S| [dB]

-20

1.0

1.5 2.0 2.5 3.0
Frequency [GHz]

(b)

1.5 2.0 2.5 3.0
Frequency [GHz]

(d)

Figure 3.13: Comparison of measured (solid line) to simulated (dashed line) scattering parameters of the
MMIC tunable coupler at two different bias points: 0V (blue) and -0.8 V (red).
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3.2.4 LINEARITY MEASUREMENT

A two-tone measurement was performed to characterize the linearity of the MMIC tunable directional coupler.
The linearity measurement performed on the coupled path, while the isolated port was terminated on chip
and the through port was terminated with a load connected to an RF GSG probe landed on the MMIC.

Fig. 3.14 shows the measurement setup.

Isolator

Probe Station

—_——— e e e — —

Source 1 : Input Coupled |
>

Isolator

Through Port

Source 2 L Terminated 1

Figure 3.14: Two-tone linearity measurement setup.

Two tones spaced 1 MHz apart were injected into the coupler via RF probes. The tones were given by

f1=1.9995 [GHz] (3.25)
f2 =2.0005 [GHz]. (3.26)
The third order products are given by
2fa—f1 (3.27)
2f1— fa. (3.28)

The IMDj is the ratio of the power of the third order product to the fundamental given in dBc as
IMD; = P,3 — P, [dBc], (3.29)

where P, and P,3 are the power level at the output for the fundamental tone and third order product

respectively. Using the IMDg, the output third-order intercept point can be calculated by

IMD; 1

OIP; = P, — =3

(3P, — P,3) [dBm)]. (3.30)
The input third-order intercept point is defined as

IIP; = OIP; — G [dBm), (3.31)
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where G is the gain of the device under test. The linearity measurements are shown in Fig. 3.15 for four
different DC bias points (0V, -0.6V, -0.7V, and -0.8 V). It can be seen from Fig. 3.15a that the 1dB
compression point is a function of DC bias, and for larger coupling coefficients the compression happens at a
lower input power level. By inspection of Fig. 3.15b the IMD3 products are much lower for smaller coupling
coefficients (more power through coupled port). Finally, Figs. 3.15¢ and 3.15d show both the output and

input third-order intercept points. The intercept points are higher for smaller coupling coefficients.
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Figure 3.15: Linearity measurements for the MMIC tunable directional coupler. The different traces correspond
to: Blue (0V), Red (-0.6 V), Green (-0.7V), Orange (-0.8V).

3.2.5 COMPARISON TO OTHER WORK

The performance of the tunable coupler is summarized and compared to other published couplers in Table 3.1.
The comparison includes two hybrid couplers [71,72], two other MMIC CMOS couplers [75,76], and a MEMS

coupler [77]. The coupler from this work presents the largest dynamic range.
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Table 3.1: Comparison of the tunable coupler from this work to others presented in the literature.

Specification [72] 1982 [71] 2007  [75] 2008 [76] 2013 [77] 2013*  This Work ( [78] 2012) P
Technology Hybrid Hybrid 0.13 pm CMOS 130nm CMOS MEMS 0.5 um GaAs

Frequency [GHz| 4.5 2 2.1=3.1 6.7 14 2

Coupling Range [dB] 4=20 6=10 1.4=T7 -3=6 11.31=18.57 6.6=60

Input Return Loss [dB] 13=19 16.5=17.5 12.6=32 > 19 16=18 12=22

Isolation [dB] 19=49 16=35.4 41=>51 15=24 48=57 17=40

Through Port [dB] -0.15=-0.5 - - > -1.2 -2=-3 -3.6=-1.7

Power Consumption [mW] 0 0 208 1=22 0 0

Size [me] 12x12¢ 14.8x2.3 0.73x0.6 0.47x0.25 1.71x1.29 2.2x1.4

@ This paper presented two concepts, here concept two from Table IT of [77] is compared. Additionally, performance is specified based
on its performance at 14 GHz not across the bandwidth from 10-18 GHz.

P The values represent the performance at 2 GHz.

¢ From [75] estimated for A/4 x A/4 for an e, = 2.2 substrate.



3.3 AN AcTivE MMIC CoLD NOISE SOURCE

This section presents an active noise source developed for a compact 1.4 GHz radiometer. Radiometers are
calibrated by switching the receiver from the antenna to a load of a known temperature [1]. The calibration
is demonstrated in Fig. 3.16, showing a block diagram of a two-load radiometer with hot and cold calibration
standards. Cold standards are often cooled absorber loads, which tend to be large. An avalanche diode may
be used as a more compact noise source. However, avalanche diodes result in a very high equivalent noise
temperature, and are generally used as a hot calibration standards. A cold equivalent noise temperature can
be a achieved by using an active cold load (ACL), which is represented by the cold standard T, highlighted in
Fig. 3.16. An ACL noise source using a MESFET device demonstrated a temperature of 48 K at 1.4 GHz [79].
Other hybrid designs have been done utilizing GaAs and InP FETs [80] and SiGe HBT [81]. MMIC designs of
active cold loads from 2 GHz to 26 GHz are presented in [82]. In addition to presenting designs that achieve a
cold equivalent noise temperature, the stability of ACLs has also been investigated. Long term drift of two
X-band ACLs ranging in absolute temperature from 55K to 77 K was estimated to be 1.5 K /year [83]. An
18 GHz ACL with an equivalent noise temperature of 126 K demonstrated a measured drift of 2 K/year [84].
Finally, intermediate term stability has been measured for an 83 K L-band ACL demonstrating a drift of
1.1 mK/day [85]. Although hybrid designs have been done below 2 GHz, to the author’s knowledge no MMIC

designs have been presented at these frequencies.

Ty

Receiver -
G7 TI'eC7 B out

T,

Figure 3.16: Two-load radiometer with hot 7}, and cold T, standards. The highlighted portion could be an
ACL in which T, would be colder than its physical temperature.
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3.3.1 NOISE SOURCE MODEL

The theory presented in [86] gives an expression for the output noise power seen at the input of the transistor

and is given here for completeness. The incident noise temperature at plane 1 of Fig. 3.17 can be expressed as

Toy =Ty + [(Ty (1= [Ds]?) + Tu) Gaa[TL|?

+T5 (1—|2*)] G2 K], (3.32)

where T5 is the temperature of the termination and T} is the temperature of the system connected to the

Ts,l Ts,2
| I— I
| |
| |
| |
| |
T ! ! Ts
(System) [ | [5] | (Load)
| |
| |
| |
FS : Fin Fout: FL
2

Figure 3.17: Two port noise source schematic with the amplifier represented by its two port scattering
parameters. The noise temperature 7 ; is incident on the input plane 1 and the noise temperature T 5 is
incident on the output plane 2.

input of the transistor. G12 and G2; are power gains calculated from the S-parameters of the transistor. The

alternate noise parameters T, and T} are given by [86]

Te|Tope?
Ty = Te(min) + ﬁ [K] (333)
op
T,
Ty = ———5 — Te(mi K .34
b 1_ ‘ngt|2 e(min) [ ]a (3 3 )

where Te(min) = To(Fuin — 1) and Ty = 4ToR,,Gope where R,, is the equivalent noise resistance and Gopy is

/

the optimum noise conductance for the transistor. I',

for an unmatched load is related to I'op¢ by

F;kn — ]'—‘OPt
o = F 2 (3.35)

The input and output matching/bias networks as seen in Fig. 3.18 must be designed to transform source
and load impedances to present the necessary I's and I'z, to the device. The noise power T ; incident on plane

1 given in (3.32) will be minimized by appropriate circuit design. To minimize T 1, first the optimum noise

65



match condition is utilized by designing an input matching network such that I'g = I'¢. The input power

*

opt+ L0 achieve the input power match condition the reflection

match condition is satisfied then by I';, =T

coeflicient at the output of the transistor must be

Plane 1 Ts; I's g 152  Plane 2
i Input | | Output i
T ! Match/ -~ [S] > Match/ | | T
! Bias [ b Bias !
System | l | Transistor | l i Load
1_‘in Fout
Vas Vbs

Figure 3.18: Block diagram for the ACL design showing the input and output matching and bias networks
necessary for the design in which the input of the device is presented with I's and the output of the device is
presented with I'f.

Iy —Su
r, = opt 3.36
S12891 + Saa (Thp — S11) (3.36)
The input power match condition will result in I';; = 0 which can be used to simplify (3.32) to
Ts,l =T — Te(min) + [(Tl (1 - |FS|2) + Te(min)) G(21|FL|2
+T5 (1 = |T.*)] G1a. (3.37)
The simplified expression is minimized with respect to |I'y,| by solving 07, 1/9|'r| = 0 where
0T 1 9
Ty | =2 [(Tl (1 —|Ts| ) + Te(min)) Go1 + TQ] G12|T'L] (3.38)

Therefore, minimizing T ; under the conditions of optimum noise match and input power match is done by
minimizing |T'z|. The minimum will occur as |T'z| — 0. Under this condition, the reflection coefficient looking
into the transistor is I'y, = S11. When I'y, = 0 the input power match condition dictates that I'ope = S7;.
This can be satisfied by altering the S-parameters of the device which can be done by changing the bias point

or varying the source inductance. Therefore the minimum achievable temperature T’ ;(min) is
Ts,l(min) =Ty — Te(min) + T2Gao, (339)

demonstrating the minimum depends on the device noise parameters, the load temperature Ty and Gio of
the device. It must be noted, however, that in the actual implementation the loss in the input network will

also contribute to the noise temperature.
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3.3.2 MINIMIZED T,; EXAMPLE

To demonstrate T 1 is minimized when the input power match condition requirement on |I'z| — 0, two
separate bias points were considered for a TriQuint 0.5 pum GaAs pHEMT device. Simulations were carried out
using AWR Microwave Office and the device was modeled with TriQuint’s nonlinear TOM3 model. A 300 yum
gate periphery TriQuint device was biased at two different gate bias points (Vgg = 0.5V, Vg = 0.788 V)
while the drain was biased at Vpg = 1.7V. An ideal inductor was placed on the source of the transistor
and its inductance was varied. The device, source, and load temperatures are assumed to be at 298 K. The
input is assumed to be matched to I'opy and the output reflection coefficient is given in (3.36) to achieve an
input power match. Fig. 3.19 demonstrates a minimum in 7 ; is achieved when the magnitude of the load
reflection coefficient I'z, from (3.36) is minimized. For a gate bias of Vg = 0.788 V a minimum occurs with
a source inductance of 1.03 nH corresponding to T 1 = 19K and |I'| = —58.4dB which is approximately
zero. If |T'| = 0 then the following relation is true I'opy & S7;. If T'y, is not zero, a minimum in Ty will still
occur when |T'z| is minimized. This is demonstrated in Fig. 3.19 for a gate bias of Vgs = 0.5V and a source

inductance of 1.95nH corresponding to T, 1 = 304.4K and [I'z| = —13.3dB.

3000 0
22501 |\ YRR R S -15
_ | —To1, Vos = 0788]| =
= ook ~ L Vas =05 L =
- —— Tz, Vas = 0.788]] "3
= — —|TLl, Vas = 0.5 =
750 - | S 45
0 | | 60
0.5 1.0 L5 2.0 2.5 3.0

Source Inductance [nH]

Figure 3.19: Simulated T, and |I'z| calculated from (3.36) for a TriQuint 0.5 um pHEMT device. The
transistor was biased at 1.7V on the drain and the ideal source inductance was varied from 0.5nH to 3nH
for two different gate biases corresponding to 0.5V and 0.788 V. A minimum in 7} ; is achieved when |[I'z| is
minimized.

The lowest value for T ; was achieved for the gate bias point of Vzs = 0.788 V by varying the source

inductance such that I'ope = S7;. The conjugate of the device input reflection coefficient S}, along with
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the optimum noise reflection coefficient for the two bias points vs. source inductance from 0.5nH to 3nH
are plotted on a Smith chart shown in Fig. 3.20. It is seen that S7; and I'g,¢ are approximately equal
(S71 = Topt = 0.586+50.224) at a point corresponding to 1.03 nH which is the source inductance corresponding
to a minimum in 75 ;. If the two are equal the input to the noise source is matched and the load should be
terminated in a matched load. This is not the case for a gate bias of Vg = 0.5V and therefore I'y, is not zero

for an input power match.

Jl

----- S11, Vas =0.788
1—‘optx Vas =0.5
Topt, Vag =0.788

Figure 3.20: The optimum noise match (T'opt) and conjugate of device input reflection coefficient vs. ideal
source inductance ranging from 0.5 to 3nH for two different gate bias points (Vgs = 0.5V and Vg = 0.783V)
with the drain biased at Vpgs = 1.7. For the gate bias Vgg = 0.788V S7; and I'y,¢ are approximately equal
(571 = T'opt = 0.586 + j0.224) for a source inductance of 1.03nH. The Smith chart is normalized to 50 2.

3.3.3 GAAs MMIC NOISE SOURCE DESIGN

To design an ACL with a minimum noise temperature the following procedure is applied:

1. Select a bias point for the transistor and determine the scattering and noise parameters for the biased

transistor.

2. Calculate T'y, from (3.36) and vary the source inductance to find a minimum for the calculated value of

Ts1 and [T'z|.

3. Design output matching network to meet the condition for 'y, given by (3.36).

4. Design the input matching network such that I's = I'ops.
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The design procedure can be iterated for different bias points such that a minimum in Ty ; and |T'z| can be
attained.

To develop a compact cold calibration load for a 1.4 GHz wearable microwave radiometer system, the
design procedure above was applied to a TriQuint 0.5 ym GaAs pHEMT with 300 um gate periphery using
TriQuint’s nonlinear TOM3 model biased at Vgg = 0.72V and Vpg = 1.7V. The source inductance was
varied to achieve a minimum in |I';|. An inductor was designed and simulated using the 3D planar Method
of Moments solver AXIEM available in AWR Microwave Office. Once a minimum in |T'z| was achieved the
cold noise source could be designed by matching the input and placing bias tees at the input and output as
seen in Fig. 3.21. The input network and bias tee were simulated in AXIEM. The match was achieved using a
shunt capacitor and series inductor. The bias line consisted of a shunt capacitor and series inductor to achieve

a 90° phase shift and an RF shorting capacitor, and finally a series capacitor was placed to block DC.

Vbs

Figure 3.21: Schematic of the active cold noise source. Additional source inductance was added such that the
optimum load impedance is 50 2 such that no output matching network is needed.

Fig. 3.22 shows the source reflection coefficient, optimum noise match, and transistor Sj7;. The input
network is designed as a compromise between input power match and noise match which can be seen by the
markers placed at 1.4 GHz. Additionally, the reflection coefficient looking into the noise source (I'},) is plotted
to demonstrate the input match is better than 25dB at 1.4 GHz denoted by the marker. The output was
terminated in a 502 bias tee.

To determine the value of T 1 at the output of the MMIC, (3.32) was used. After placing the simulated
input and output networks on the transistor biased at Vgg = 0.72V and Vpg = 1.7V, the whole ACL is

considered as a 2 port network characterized by its S-parameters and noise parameters (same as that depicted
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AL

Figure 3.22: Simulated optimum noise match and the conjugate of the reflection coefficient looking into the
device are shown along with the reflection coeflicient looking towards the source (I's) through the input
match and bias network vs. frequency from 1 to 2 GHz. The input match is shown looking into the noise
source (I'%,)). The Smith chart is normalized to 50 €2, and the markers on the plot correspond to 1.4 GHz.

in Fig. 3.17). These are determined in simulation by combining the AXTEM simulations with the nonlinear
TOMS3 model. T ; is determined assuming the source and load are terminated in the system impedance
(I's =T', = 0). The resulting equivalent noise temperature and input match of the MMIC ACL are shown in
Fig. 3.23 demonstrating a T ; = 70.9 K with an input match of —27dB at 1.4 GHz. The final layout of the

chip is shown in Fig. 3.24 where the dimensions of the chip are 2.5 mmx 2.5 mm.
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Figure 3.23: Simulated T ; and input match of the MMIC ACL demonstrating a 75 ; = 70.9 K with an input
match of —27dB at 1.4 GHz.
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Figure 3.24: Photo of the 1.4 GHz GaAs MMIC. The noise source with the input and output bias tees and
input matching network is labeled by (1). The test circuits are a blocking capacitor (2), input matching
network (3), and transistor test circuit (4).

3.3.4 GAAs MMIC NOISE SOURCE EXPERIMENTAL RESULTS

The MMIC shown in Fig. 3.24 was placed on a microwave substrate carrier and connected with bond wires.
The board was then placed in a shielded box and the input of the cold noise source was connect to an SMA
connector. The MMIC was measured at the National Institute for Standards and Technology (NIST) using an
automated coaxial radiometer system (NFRad). First, the input match of the noise source was measured to
correct the raw noise measurements due to mismatch. The noise source demonstrated a measured equivalent
noise temperature of less than 90 K from 1.3 GHz to 1.5 GHz. Some of the temperature increase is due to
parasitics from placing the MMIC on a carrier. If the packaging parasitics are accounted for along with an
additional 220 pH of source inductance the simulated temperature is approximately 75K as opposed to the
original simulation without parasitics which was 71 K. The comparison between simulated and measured
equivalent noise temperature and input reflection coefficient is shown in Fig. 3.25. The measured input match

is better than simulation, and the temperature T ; is within 6 to 15K (8% to 17%) of simulation.

3.4 CONCLUSIONS

This chapter presented two new circuit elements that could aid in the design of a radiometer on a single

chip. The first circuit design was a MMIC tunable directional coupler with 53 dB of dynamic range for the
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Figure 3.25: Measured T ; and reflection coefficient of the packaged MMIC noise source demonstrating an
equivalent noise temperature of approximately 90 K while maintaining an input reflection coefficient of less
than -50dB at 1.4 GHz.

coupling coefficient over a voltage supply range of 1.2 V. The coupler was first analyzed with ideal elements
to determine the range of capacitances necessary to achieve a desired tuning range. The chip occupies a
total area of 2.2mm x 1.4mm. The chip was comprised of three Schottky diodes to achieve tuning and
m-equivalent \/4 transmission lines. The input match and isolation of the coupler was better than 12db and
17 dB respectively for all bias points. The second circuit was an active could noise source. A design procedure
for obtaining a minimum equivalent noise temperature of an active cold load was presented utilizing the
equations given in [86]. An example was shown demonstrating a minimum in 7 ; for two different bias points
of a TriQuint 0.5 um GaAs pHEMT device using TriQuint’s nonlinear TOM3 model. The procedure was
applied to a 1.4 GHz GaAs MMIC designed for a wearable microwave radiometer for core body temperature
measurement. The packaged MMIC demonstrated an equivalent noise temperature of less than 90 K from

1.3 GHz to 1.5 GHz while maintaining a return loss greater than 28 dB.
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NEAR-FIELD PROBE ANALYSIS
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4.1 INTRODUCTION

Of critical importance for both receiving and transmitting near-field medical applications is accurate knowledge
of the power within a few wavelengths of the antenna. The dipole antenna receives thermal power radiated

by the tissue layers situated in the near field, and therefore it is more appropriate to think of the dipole as



a transducer. The received power is filtered by the dipole impedance with a pre-detection bandwidth A f,
and in this Chapter we are considering a narrowband response where the fractional bandwidth (FBW) is
less than four percent. The dipole feed is connected to a total power radiometer as shown in Fig. 4.1. The
signal is received using a square-law detector and an integrator with an integration time 7. To measure the
temperature of, e.g., a portion of the muscle, it is necessary to find the portion of the power received by the
antenna due to the specific heated muscle, relative to the total received thermal power. This in turn will
depend on the imaginary part of the permittivity of the tissues, as well as on the thicknesses and real part
of the permittivity. To this end, an improved sensing depth metric is defined, and its dependence on tissue
parameters is shown. Typical values for the dielectric properties of human tissues are given in Table 4.1.
The values presented in Table 4.1 are gathered from the IFAC-CNR, online resource for dielectric properties
of human tissues [28]. This data is generated using a four dispersion Cole-Cole model [27] that was fitted
for various tissues using data from literature [25,26]. As an example of the variability of human tissues,
two sources of measured dielectric properties of human skin will be compared. The dielectric properties of
skin were measured by Gabriel et al. [87] on the ventral (towards the abdomen) part of the forearm, and on
various parts of the human body using the coaxial probe method by Grant et al. [88]. The data is compared
in Table 4.2 at 1 GHz. Grant et al. also mentioned 95 % confidence intervals of less than 0.6 for both the
real and imaginary parts of the relative complex permittivity. The motivation for measuring the dielectric
properties of skin at different places on the body was for the application of hyperthermia treatment. The
variation in the data (up to 26% for €, and 30% for tand) from one part of the body to another is most
likely due to the subcutaneous tissues as the probe penetration is approximately 7mm [88]. For the neck and
abdomen, fat is located below the skin and has a low water content thus a lower €], where as the palm is
vascular and muscle is located below the skin leading to a higher €, and a higher loss [88].

In the literature, simplified models of electromagnetic waves propagating through tissues are used that
assume a plane wave with an exponentially decaying field [18,39], or are determined by a 3-D electromagnetic
simulation software. Here, a spectral domain analysis is applied to this problem of a dipole for passive
near-field radiometry, and it is demonstrated that simple propagation models cannot be used to accurately

predict the physical temperature through inversion of the radiometric measurements.

74



> >
Radiometer
T
€0, Ho
Skin €_1, o J/—\'Z

Fat €_2, lo

—Z

Figure 4.1: Dipole probe placed on the skin connected to a microwave radiometer to measure sub-surface
tissue temperature. The tissues are represented by layers of complex permittivity dielectrics (e = € — je”).

Table 4.1: Dielectric properties of human tissues at microwave frequencies [25, 26, 28].

Frequency [GHz]

Dielectric
Tissue Property 0.5 1 1.5 2 2.5
Skin €r 44.92 4094 39.43 38.57 37.95
tan d 0.58 040 033 0.29 0.28
Fat €r 554 545 538 533 5.27
tan § 0.28 018 0.15 0.14 0.15
Muscle e, 56.45 54.81 53.96 53.29 52.67
tan § 0.52 032 026 025 024

A common antenna for near-field microwave thermometry is a waveguide aperture and has widely been
investigated for radiating into stratified biological tissues [24,89,90]. In near-field microwave radiometry for
temperature measurements, multiple frequencies are used to achieve spatial resolution. The sensing depth is
dictated by the frequency that achieves the deepest sensing, which is often assumed to be the lowest frequency.
This assumption is accurate for plane waves propagating in a lossy medium, however, this is not always the
case for near-field antennas as demonstrated by Cheever et al. [40] for small waveguide apertures. A printed
dipole probe is more useful than a waveguide when size, flexibility, and cost are requirements as for a portable
microwave thermometer.

Human tissues are often approximated by multi-layer planar dielectrics [24,50,89,90]. It is important to
note that the tissue thicknesses will vary from person to person, especially the thickness of the fat layer. This
variability is a challenge that must be overcome not only for impedance matching the probe, but also for the

inverse problem of determining the temperature. One method to deal with the problem of tissue variability

(0]



Table 4.2: Dielectric properties of human skin at 1 GHz on various parts of the body [87,88].

Location €. tan §
Forearm (ventral) [87]  44.56 0.41
Palm [88] 435 041
Temple (forehead) [88] 34.7  0.31
Neck (thyroid) [88] 30.2  0.28

Abdomen (liver) [88] 31.7  0.28

would be to have a library of probes the would be used on subjects with specific tissue thicknesses. There
would be a finite set of categories in which subjects would be placed into, and a probe would be selected base
on this categorization.

Previously developed spectral domain analysis methods are adapted to the case of a receiving dipole in
the presence of a stratified tissue medium. Assuming the dipole is matched to a radiometer with a finite
sensitivity, sensing limitations are determined as a function of frequency, tissue properties, and thickness.
The analysis of dipoles in stratified media have been investigated in the context of multi-substrate microstrip
antennas and transmission lines [91,92]. Spectral domain methods to determine the fields as a superposition
of TE and TM fields have been used to investigate dipoles in stratified media [91-93] and dipoles on a lossy
half-space [60]. Galejs [93,94] and Dvorak et al. [95] utilized Hertz vector potentials to determine the fields,
and are used in this paper since they are appropriate for inhomogeneous lossy dielectrics.

In the next section, the problem of a dipole in a stratified medium is defined, and the fields are determined
by a spectral domain analysis. The input impedance of a dipole is determined by a variational method using
an approximate current density. This enables finding the Poynting vector, used to define a sensing depth for

the purpose of a medical microwave radiometer.

4.2 HERTZ VECTOR POTENTIALS FOR A STRATIFIED MEDIUM

Consider the idealized stratified medium describing tissue layers in Fig. 4.2 that consists of layers of constant-
thickness complex dielectrics that are infinite in « and y and bounded in z. A current element denoted by the
surface current density J, is located at the interface between two layers (¢ = 1 and ¢ = —1). The spectral

domain Hertz vector potentials used in [93-96] will be applied to this problem. This stratified approximation
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Figure 4.2: Stratified media consisting of layers of complex permittivity materials with current source
Js = Jpa, + Jyay at z = 0. The source is embedded at the interface between layers i =1 and ¢ = —1. It is
assumed that layers n and —m extend to co and —oo respectively.

is an appropriate approximation as the dipoles will only be receiving power from a narrow field of view as
demonstrated by the SAR plots in Section 2.5.

The derivation of the Hertz vector potentials follows that of [96, Chapter 1], and is presented here (with
different notation) for completeness. In radiation problems consisting of layered media it is convenient to use
higher order Transverse Electric (TE) and Transverse Magnetic (TM) modes rather than the fundamental
Transverse Electromagnetic (TEM) mode as the fundamental mode cannot satisfy all the boundary conditions
[31, pp. 269], [96, pp. 34]. The solution of the fields will be given in terms of a superposition of TE and TM
(to z) modes. The TE to z mode will have no electric field in the z direction, likewise, the TM to z mode
will have no magnetic field in the z direction. For this reason Whittaker potentials (Hertz vectors with only

z-components) will be used. The Whittaker potentials are defined as
II.=a,V, II,=a,U, (4.1)

where the subscripts e and m denote the electric and magnetic Hertz potentials respectively. Since V- H = 0,

H can be written in terms of the curl of an arbitrary vector potential I, as

H = jweV x II. (4.2)
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Substituting (4.2) into Maxwell’s equation gives
V x E = k?V x I, (4.3)
where k? = w?pe. Grouping terms of (4.3) yields the following form
V x (E — K*I1,) = 0. (4.4)
Noting the curl of the gradient of a scalar (¢.) is equal to zero and solving for E gives
E = k*TI, + V.. (4.5)
Next, taking the curl of both sides of (4.2) yields
VxH=V xV X (jwell,). (4.6)
Applying the vector identity V x V x A = V(V - A) — V2A to (4.6) gives
V x H = jwe (V(V - II.) — V?IL,) . (4.7)
Also, substituting (4.5) into Ampere’s law gives

V xH=jweE+J

= jwe (K°II. + Vo.) + J, (4.8)

for an electric current density J. Substitution of the right hand side of (4.8) into the left hand side of (4.7)

yields
2 2 J
V(V-1I.) — V°II, = k He+V¢>e+jE. (4.9)

The definition of a vector requires the specification of both its curl and divergence. Since both V - II, and ¢,
are both arbitrary, a Lorenz type gauge condition may be introduced such that V - II, = ¢, which yields the

homogeneous vector Helmholtz equation

J
VA, + KT, = ——. (4.10)
Jwe
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Additionally, by introduction of the gauge, the electric field may be written in terms of the electric Hertz

vector potential as
E =V (V- IL) + kTIL.. (4.11)
The magnetic Hertz vector potential is defined in a similar manner as
E = —jwuV xIL,,. (4.12)

By satisfying the Lorenz gauge, the homogeneous vector Helmholtz equation for the magnetic Hertz potential

is shown in a similar manner to that of the electric potential to be

M
V21, + k°II, = ———, (4.13)
Jwp

for a magnetic current density M! . The magnetic field may be written in terms of the magnetic Hertz

potential as
H=V(V-II,,) + k*IL,,. (4.14)

For a general medium with both electric and magnetic current sources, the total field is a superposition of

the partial fields given in (4.2), (4.11), (4.12) and (4.14) [94,95] related to the potentials by

E=V(V-II.,) + kK*TI, — jwuV x II,,

H=V(V- 1I,,) + k*II,, + jweV x II.. (4.15)

Substitution of the Whittaker potentials from (4.1) into (4.15) yields expressions for the electric and magnetic

1 The notation M for the magnetic current density should not be confused with the magnetization vector which is generally
denoted by M and is not used in this work.
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fields

B — %V, i oU;
Y Yoz Tt
82
B, =-— 2\ v
. (6‘22 * kl) K
0%U; oV;
Hy = we;
= s IV oy
0*U; 1%
Hy = — Jwei——
Y 0y0z Jwe Ox
32
H., === +k?|U, 4.1
(5 +2)u (4.16)

where the subscript ¢ represents the fields in the i-th layer. Additionally, U; and V; represent solutions to the

following scalar Helmholtz equations in the i-th layer by substitution of (4.1) into (4.10) and (4.13)
(V24 kU =0, (V2+E)V; =0. (4.17)

Therefore, it is seen that terms containing U; represent TE fields and those containing V; represent TM fields.

4.2.1 SPECTRAL DOMAIN ANALYSIS OF THE HERTZ POTENTIALS

To simplify the analysis and avoid spatial derivatives with respect to z and y, the Fourier transform is
introduced as the problem is continuous in the x and y directions. The Fourier transform of a function

f(z,y, z) is defined as

ry 1 < < i(ax
flop.0) = g [ [t e sy (4.18)
and the inverse Fourier transform is

ey, 2) = /_ h /_ " Flaw B 2)e I dadp, (4.19)

which leads to the following transform pair definitions

o o (420
of s
g, & AT (4.21)
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Taking the Fourier transform of the wave equations in (4.17) yields the transform of the Helmholtz equation

62 2 = 82 2 e
5 -7 )Ui=0, (55 -7 Vi=0, (4.22)

where
Vi = (a®+ ) — k. (4.23)

Next, the Fourier transform of the fields in (4.16) is taken yielding

. o
Eyi = —wp pU; — jaa
0z
~ ~ 0V
Eyi = wpiaU; — jp EP

- 92 -
Ei=(55+k )V
(7 +42) 7
Hyi = —jOéan +W€i5‘7z‘
0z
., 0U; =
Hy; = —‘755 —weaV;

~ o2 ~
H, = <az2 + kf) Us. (4.24)

The solution to the differential equation (4.22) can be expressed as a superposition of plane waves
propagating in the positive and negative z directions. Therefore, the spectral domain Whittaker potentials

expressed in terms of the forward and reflected waves are
Ui = A; (6757 + Doge™s)
Vi = B; (7% 4+ I'y;e®%) (4.25)
where s = sgn(7). The source free boundary conditions dictate the continuity of the tangential electric and
magnetic fields which will be utilized to determine the unknown amplitude constants and reflection coefficients.
In the spectral domain the boundary conditions are

a, X (EHS — EZ) =0

an X (ﬁ+ - ﬁ) =0, (4.26)
where a,, = sa, as seen in Fig. 4.3. In the source free region the boundary conditions at z; for TE and TM

fields are decoupled and the unknowns can be determined. The boundary conditions for the TE fields are

found by substitution of (4.24) into (4.26) yielding
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Figure 4.3: Source free boundary between two layers where a,, = sa,.

ﬂi-{—sUi—&-s(aa Ba ZZ) = ,uiUi(aa /87 ZZ)

6(77;-‘1-8(057672) _ afjl(avﬂvz)
0z B 0z

Z=Zits Z=Z;

Substituting in the transformed Whittaker potentials from (4.25)

Ajysprips€ Ve (e72Wime R £ Ty i o) = Agpie® % (e 275 4T,

SYitsZi (p—28%itsZi _ 8vizi (,—28%izq
Ai+57i+se Yi+sZi (e Yi4+sZi __ Fa,i+s) — Az’)/ze YiZi (e YiZi __ Faz) ,

then dividing (4.29) by (4.30) yields an expression for the TE reflection coefficient

—28%Yi4s2i . _ Hi%Yits —287%its2i _ X
(6 + Fa,z+s) Hitsi (6 e Fa,z+s)

—2¢ i KiYits (,—2: i :
(e72meem o Paiga) + 05 (7200 — i)

Ty = e~ 28vizi

Similarly for the TM fields, application of the boundary conditions yields the following expressions

€ivsVirs(o, B, 2) = € Vi(a, B, 2)

a‘Z_FS(Oé,ﬂ,Z) _ 8‘72'(057B72)
0z B 0z

Z=Zi+s 2=z

Substituting in the transformed Whittaker potentials from (4.25)

S$VitsZi (p—28%i i — $Yizi (,—28Vi%i
Bi+s€i+s€§%+‘zl (e S$Yi+sZi + Fb,1+8) — BiGieg’Yizz (e S$YiZq + Fbl)

$YitsZi (p—28%it+sZi _ 8Yizi (,—28%i%i
Bi+8fyi+se Yi+sZi (e Yi+sZi __ Fb,z+s) — BZ’Yle YiZi (e YiZi __ Fb1)7

then dividing (4.34) by (4.35) yields an expression for the TM reflection coefficient

(e72Vire2i 4 Ty 1) — Zz: (e72me% — Ty iys)

(em2mewet o Ty ia) + G5 (7200 =)

Ty = 6*25% zi

(4.27)

(4.28)

(4.29)

(4.30)

(4.31)

(4.32)

(4.33)

(4.34)

(4.35)

(4.36)

The unknown TE and TM amplitude coefficients are found by solving (4.29) and (4.34) for A;ys and B;;s
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respectively

S8YiZi —287;2;
eSVi%i e VYiZi +Fa2

i
Aips = Ay 4.37
+ it s eSYitsZi e—QS’Yi+.;Z1: + Fa,i+s ( )
) $Yizi —28%izi L T,
Biy. =B, ¢ ¢ t b (4.38)

€igs €5ViHeRi @7 28VikaZi LTy 0

Next, the boundary conditions at z = 0 will be solved to determine the unknown amplitude coefficients
Ay, A_y, By, and B_;. First, it is assumed that there is no magnetic current (M = 0) and the surface current

is from a thin sheet so current only flows in the x and y directions. The boundary conditions are

a, X (]:jl 7E_1) =0
a, X (I:il — ﬁ_l) = js~ (439)
The continuity of the tangential electric field gives
—w,ulﬁAl(l + Fal) —|—j0(’}/131(1 - Fbl) = —wu_lﬁA_l(l + Fa,—l) —|—jory_1B_1(1 - Fb,—l) (440)
wpra Ay (1+Ta1) + i Bi(1 = Ty) =wp1aA (1 +Tq 1) — jBy-1B_1(1 =T —1). (4.41)

Multiplying (4.40) by —3/« and adding it to (4.41) yields a relation between A; and A_;

2

2
w,ul%Al(l +Ta1) +wpad;(14Th) = w,u,lﬁ A(1+Tg 1) twp1aA_1 (14T, 1)

«

B B
(a + a) wmAl(l + Fal) = (a + Oé) W}LflAfl(]. + I‘ayfl)

/LlAl(l + Fal) = /L,lA,l(l + Fa,fl)- (442)
Similarly, multiplying (4.40) by /3 and adding it to (4.41) yields a relation between B; and B_;

a? a?
(ﬁ + 5) Biyi(1—Ty) = — (5 + 5) Y-1B_1(1 =Ty 1)

B1’}/1(1 — Fbl) = —’7,1371(1 — Pb,71)~ (443)
Applying the boundary conditions on the tangential magnetic fields yields

jOé’)/lAl (]. — Fal) —+ WGlﬁBl (]. + Pbl) + j()é’)/,lA,1 (1 — ].—‘a_rfl) — LUGflﬂBfl (1 —+ Fb,fl) = j;J (444)

JBnAI (1 —T4) —weraBi (14+Tp1) +§8v-1A_1 (1 =T 1) +we_1aB_1 (1+Tp 1) = —Jo. (4.45)
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Multiplying (4.44) by a/8 and adding it to (4.45) yields a relation between A; and A_

2 2 N
(a + 5) J71 AL (1 —Ta1) + (a + 5) Jv-1A 1 (1 =T 1)=—-Jz + gJy

5 g 5
—sz + ajy
AL (1 =Ta) +7 1A 1 (1-T4 1) = ECEYDR (4.46)
Similarly, multiplying (4.44) by —f3/a and adding it to (4.45) yields a relation between B; and B_;
5 5 _ 7, B3
E-l—Oé welBl (1+Fb1)— E—l—a WGlefl (].-|—].—‘b7,1) —Jm+ajy
ady + B,
Bi(14Ty)—e1B_1 (14+Ty_1) = ——Y%. 4.47
e1B1(1+Ty) —e 1By (14T 1) o0+ ) (4.47)
Combining (4.42) with (4.46) yields a result for the amplitude coefficient A4
(1 -Ta) | 7-1(1-T, 1)>1 —BJ, +al,
A = + . - . 4.48
(ATt EETD) mare (145)
Combining (4.43) with (4.47) yields a result for the amplitude coefficient By
—1 ~ g
By = (61(1 Fh) |, enllh Fb’_1)> Wt 0 (4.49)
(1 =Te1)  v-1(1 =T 1) wy1(1 = Tp1)(a? + 52)

where A_; and B_; are related to (4.48) and (4.49) by solving (4.42) and (4.43) respectively, and are given by

//51(1 + Fal)
A=A ———— 4.50
A ) )
N =Twn)
B1=-B———. 4.51
' Yy (1=Ty ) 50

Thus, the fields can be solved if the current distribution is known. Also, it is assumed that the stratified
medium has a finite number of layers n in the positive z direction and m in the negative z direction such

that I'gp, = ', =0 and 'y, = 'y, = 0. To solve for the fields, the following procedure is used

e Assume a surface current distribution J; along the dipole.

e Determine the fields in terms of the Whittaker potentials, and to avoid spatial derivatives, take the

spatial Fourier transform.

e The resulting transformed Whittaker potentials will be in terms of unknown amplitude and reflection

coeflicients in the spatial transform domain which must be determined by applying boundary conditions.
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e Calculate the reflection coefficients T'y; and T'p; from (4.31) and (4.36) starting with the outermost
layers (Tgs =T, = 0 and Ty, _y, = T’y —p, = 0) and recursively calculate until the reflection coefficients

at layers ¢ = 1 and ¢ = —1 are determined.

e Calculate the amplitude coefficients in layers ¢ = 1 and ¢ = —1 from (4.48) to (4.51) using the calculated

reflection coefficients.
e Finally, calculate the amplitude coefficients in each layer from (4.37) and (4.38).

This procedure can easily be implement in software. For this work, Python was used to calculate the unknown
TE and TM reflection and amplitude coefficients. The code is listed in Appendix D. The functions are
recursive and perform the same function as the detailed procedure. Additionally, for the purpose of checking
units of the quantities derived in subsequent sections, the units of the TE and TM amplitude coefficients are

given in Appendix C.

4.2.2 INPUT IMPEDANCE OF A DIPOLE

Having determined the fields of a current element in the presence of a stratified medium, the driving point
impedance of the dipole can be determined by use of the induced EMF method [97]. A thin linear dipole of
length [ and width W will be considered. If the dipole is narrow such that W <[, it is assumed that current

only flows in the x direction such that Js = J a,

1 Ww/2 /2
Zin = _72/ / Jw(my Y,z = O)Ell(xa Y,z = 0)d$dy7 (452)
Iin -Ww/2J—1/2

where [, is the current at the input terminals. Writing in terms of the Fourier integral representation for the

electric field yields

1 w/2 /2 0o 0o )
I =~z / / Ty [ / / Ezleﬂa“ﬂy)dadﬁ} dzdy. (4.53)
in J-W/2J-1/2 —oo J —o0

Next, the order of integration is changed and J, is assumed to be an even function about x =0, y =20

yielding

2m)2 [ [P ~
Zin:*(IT)/ / Eacl

—w/2J-1/2

w/2 /2
ﬁ / / Jy cos(a) cos(ﬂy)dxdy] dodf (4.54)
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The portion in brackets of (4.54) represents the Fourier transform of J, given by Ty Next, a function of the

ratio of the transformed electric field from (4.24) to the transformed current density is defined by

~ ~ %
By =—wp1 BUL|2=0 — Jaail
% lz=0

~ 1-T, (1 =Te )\ " B2,
Em:—'w(%( 1) -1 ,1)) B2J

pr(1+Ta1)  p—1(1+Ta 1) a? + 32

J <€1(1 +Ty)  e-i(1 +Fb,1))1 a?J,
(1 =Tp)  v-1(1=T% 1) a? + 2

jw T
M1 =Ta1) | 7-1(1=Tq1)\ " B
Flef) = <u1(1+ra1) +u_l(1+Fa,_1)> a? + (32

1 (61( + 1) 61(1+Fb,1)>1 o’ (4.55)
711 =Th)  v-1(1—=Tp-1) 2+ B ’
and if pq = p—1 = p, (4.55) can be simplified to
~ E,
F(aaﬁ) = 1~
Jwpdy
o 1_Fal 1_Fa—1 - 62
F = — ’
(O‘7B) <711+1—\a1 +7 11_'_1'\(1’1) a2+ﬁ2
214 Ty K 14T 1\ a2
_<’ﬁ + Ly K2 14T 1) o (4.56)
Nnl=Tn y-11-Ts1 a4+
The impedance is now written as
4jw7r
Ty = F o, B)%dadf (4.57)

A variational solution for the impedance is given in Appendix A that follows the method presented by
Galejs [93,94]. The solution uses a two term trial function that consists of a sine and shifted cosine with
unknown amplitudes. The amplitudes are determined by imposing the stationary character of the input
impedance such that a small change in the current about its correct value gives a zero first order change in
the impedance.

It may be noted at this point that the derivations presented in Section 4.2 are similar to that presented
by [93-95], but are presented here for completeness as these formulas will be necessary in following section

regarding power flow in this arbitrary stratified medium.
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4.3 POWER FLOW AND SENSING DEPTH

The aim of this analysis is to determine the power density profile for a transmitting dipole into a lossy
stratified medium, which results in a metric for the sensing depth of the same dipole in receive mode. First,
the time-average power flow through a plane of infinite extent in the x and y directions is determined from

Poynting’s theorem as

P(z) =3 Re {/: /_O; ExH - ds} . (4.58)

Utilizing Parseval’s formula for the Fourier transform, the time average power flow can be written in terms of

the transformed fields as

P(z) =s2n°Re { / / E,H; — Eyﬁ;dad/a}, (4.59)

where the transformed fields are given in (4.24) of Section 4.2. The goal of this analysis to determine the
sensing limit for a dipole when utilized as an antenna for a near-field medical microwave radiometer. The
principal of operation for a microwave radiometer is to measure blackbody radiated power emitted by all
matter based on its temperature. This radiation is defined by Planck’s blackbody radiation law for spectral

brightness By, given by the Rayleigh-Jeans approximation for the microwave region:

2kT

By = 2

[W.sr™h m™2 Hz ™Y, (4.60)
where

k = Boltzmann’s constant [1.38 x 10™2* joule/ K]
T = Absolute temperature [K]

A = Wavelength [m].

The emitted power over a bandwidth Af is given by kT A f. Thus, by measuring the power radiated in a
bandwidth A f, the temperature of a body can be measured. A near-field probe or antenna placed in contact
with a lossy medium (human tissues) couples the blackbody radiation into the receiver. The antenna measures

a weighted volume average brightness temperature within the sensing volume V. The spatial temperature
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distribution is defined as T'(r) at point r, and the antenna brightness temperature T4 is given by

Ta=mn ///W(r)T(r)dV + 1By (4.61)
v

where 7; and 7, are the lower and upper half-space efficiencies defined below. The weighting function W (r)
defines the contribution from point r at a temperature T'(r) to the overall antenna brightness temperature.

The weighting function is obtained from the antenna reciprocity theorem as the power absorption rate

Py(r)

W) = TTPaeIa7

(4.62)

for a transmitting antenna, where Py(r) is the power dissipation at point r. Additionally, n; and 7, are the
lower and upper half-space efficiencies, where the lower half-space corresponds to the tissues. The efficiencies

are defined from (4.59) as

P07) P(0")

PO+ P00 T PO+ PO (169

m=

Thus, it can be seen that the term 7,71p, is the contribution from the upper half-space of a constant
temperature Tg,,. Given the geometry assumed in Fig. 4.2 which assumes a stratified medium that is infinite
in extent in the x and y directions and assuming the tissues under test will be characterized by a constant

temperature in the x and y directions [12], (4.61) can be reduced to a one-dimensional expression
0
Ta=m / W (2)T(z)dz + Ty (4.64)
where
W(z) = / / W (x)dS. (4.65)

For a non-ideal antenna with radiation efficiency 7, the antenna noise temperature at the terminals of the

antenna T7 is given in terms of the physical antenna temperature 7}, as
Ty =nTa+ (1= 1,)Tp. (4.66)

Using the definition of the antenna temperature, a metric for the sensing depth of the receiver will be defined

in a similar manner as that presented by Bocquet et al. [24].
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Consider an antenna placed at the interface between free-space and the human body. The human body is
approximated by a stratified medium characterized by a temperature distribution 7'(z) as shown in Fig. 4.4.

The antenna temperature is given by (4.64) and (4.66) as
0
Ty= e [ [ WETEE 0T + (0= )T, (1.67)

Next, suppose that at a depth z, the tissues below this depth are subjected to a uniform increase in temperature

AT as shown in Fig. 4.4, then the antenna temperature is given by

Ty + ATy =, {m (/OOO W (2)T(2)dz + AT /; W(z)dz) + nuTBu} + (1 =n)T, (4.68)

or the change in antenna temperature contributed by the layers deeper than zs due to a uniform increase in

Tg. = const.
Vs

== 7 W
€0, Mo
W €—1, Ho
\ €2, o

W i
T

€4, lo
Zs T

AT

—z
Figure 4.4: Definition of sensing depth z; for a dipole on a lossy stratified half-space. Temperature changes
with depth in the tissue layers while it is constant in the upper half-space.

temperature from T'(z) to (T'(z) + AT) is
ATy = ATn,n, / W(z)dz. (4.69)
The signal sensitivity to the AT change in the layers situated below z; is

AT zs
L /700 W(z)dz (4.70)
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Each individual measurement has uncertainty associated with it. This uncertainty is given for a total

power radiometer as [2]

T+ T

< (4.71)

where Tye. is the receiver noise temperature, Af is the pre-detection bandwidth, and 7 is the integration

time. Thus, the uncertainties in the first and second measurements are

T A Tree T A AT A Thee

Afr 2 JAfr

Assuming that each measurement is statistically independent, the uncertainty in the estimate of AT/ is

Trot = |/ 0% + 03. (4.73)

If AT, is very small, then o1 ~ o9 resulting in the the total uncertainty

o1 (4.72)

Trot = V20. (4.74)

Therefore, to resolve a temperature change AT at a depth z; the temperature contribution must be greater

than v/20. The maximum sensing depth z, is then defined by

s 20
W(z)dz = . 4.75
[oo ( ) nrnlAT ( )

The left hand side of (4.75) represents the power absorbed by the material below z, normalized to the
total power absorbed. This quantity is also equal to the real power flowing through a plane located at z;.
Therefore, (4.75) is simplified by using the definition for the real power passing through a plane given by (4.59),

resulting in the following sensing depth expression

(4.76)

or

PO )+ P(0V) — 7, AT (4.77)

To summarize, detecting a temperature change depends upon the probe and the receiver. Therefore, it is

essential to consider the power flow from the probe (W (z)), the non-ideal receiver sensitivity (o), and the
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desired incremental temperature resolution (AT). It may also be noted that the probe is assumed to be
matched to the receiver. If this is not the case, mismatched components may be accounted for in a standard
way such as pp. 404-412 of [2] or [98]. In the following sections the sensing depth is determined assuming the

probe is perfectly matched to the receiver.

4.4 ALGORITHM VERIFICATION

To illustrate the properties of a dipole in the presence of a lossy stratified medium, the spectral domain
technique will first be applied to a dipole of length [ and width W at the interface between free space and
a lossy medium as shown in Fig. 4.5. In research for medical applications a water bath is often used to
demonstrate temperature detection because the dielectric properties of water are similar to those of human

tissues. Water is a medium that is easily controlled in a laboratory environment, and is a standard phantom

€0, 1o
€1, 1o

Figure 4.5: Flat dipole of length | and width W on a dissipative half-space.

material [39-41]. The dispersive electrical properties of water can be represented by a Debye model [33,42,44]
and Fig. 4.6 shows the real part of the relative dielectric constant (e.) and the conductivity over the frequency
range of 250 MHz to 5 GHz. The values were calculated using the single Debye model in [44] assuming the
temperature of the water is 25°C. These values are used in subsequent simulations.

For the two layer problem, the function (4.56) appearing in (A.9) simplifies to

2

a? + 2
k% k%l -t a2
-+ 0) = o

Using Appendix A the input impedance of a dipole on a half space can be found. The propagation constant k

F(a,f) = (1 +v-1)""

along a dipole situated at the interface between two media used in the expression for the current density (A.1)
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Figure 4.6: Real part of the relative dielectric constant (e..) and the conductivity over the frequency range of
250 MHz to 5 GHz calculated using the single Debye model in [44] assuming the water temperature is 25°C.

to (A.4) will be given by an effective complex propagation constant keg [99,100]

[k2 + k2
kot = % (4.79)

Therefore, Aesr = 27/Re{kes} will be used to determine the electrical length of the dipole.

4.4.1 COMPARISON TO PUBLISHED WORKS

The spectral domain approach with a variational solution for the input impedance will be validated first
by comparison to other published works. Kominami et al. [60] investigated printed dipoles and slots on
semi-infinite GaAs substrates. The application was for millimeter wave imaging or phased arrays where the
lens is electrically large. Kominami et al. presented a moment method solution using Galerkin’s method
applied in the Fourier transform domain to determine the input impedance of dipoles and slots at the interface
of two different dielectric half-spaces. The fields were described in terms of two scalar functions that appear
to be the same as the Whittaker potentials, however, this is not explicitly stated in their work. In [60], a
numerical simulation was done to determine the input impedance of an antenna of width W = 0.02[ versus the
length [ of the antenna using two entire domain expansion modes. Using the method presented in Section 4.2
the input impedance was calculated from (4.57). Since this is a half-space problem (4.78) was used as the
auxiliary function F (a, B) appearing in (4.57), and the effective propagation constant from (4.79) was used in

the expression for the current density. The method in [60] is compared to the method presented in Section 4.2
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demonstrating good agreement as shown in Fig. 4.7.
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0.1 0.2 0.3 0.4 0.5

Length [I/ o]

Figure 4.7: Comparison of the input impedance of a 10 GHz dipole on a GaAs half-space versus length for the
method presented by Kominami et al. and the method presented in Section 4.2 of this work.

Next, this method was applied to the problem of a half-wave and quarter-wave monopole at the interface
between air and water. The data presented was measured by lizuka and presented in a Cruft lab report
in 1963 [101]. The data presented here was taken from [100]. Measurements were made of a quarter-wave
and half-wave monopole at 114 MHz on a lossy dielectric half-space where the wavelength was taken in the
conducting medium. Measurements versus loss tangent tan d of the lower half-space of water (e, = 77) were
made. To calculate the impedance, the previously presented method was used. The equivalent strip width is
W = 4a where a = 0.318 cm. The impedance of a half and full wave dipole was calculated, which is related to

the monopole impedance by [102]

Zdipolc
2

(4.80)

Z monopole —

Fig. 4.8 shows the comparison between the theory presented here and measurements made by lizuka. Both
impedance and admittance are shown, however, the data taken from [100] was admittance. Comparing theory
and measurement in Fig. 4.8 shows conductances and susceptances that are within approximately 20 mS
of each other for both the half and quarter wave monopole as seen in Figs. 4.8a and 4.8c. Similarly, the

resistances and reactances are within approximately 52 of each other as seen in Figs. 4.8b and 4.8d
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Figure 4.8: Admittance (a) and impedance (b) of a quarter-wave monopole versus the loss tangent tan
at 114 MHz. Admittance (¢) and impedance (d) of a half-wave monopole versus the loss tangent tand at
114 MHz.

4.4.2 THEORETICAL RESULTS

In the previous section, the method presented in Section 4.2 was compared to simulated and measured
half-space problem results for GaAs (Fig. 4.7) and also for water (Fig. 4.8). Next, a water half-space will be
investigated in depth with the theory presented, and the results will be compared to commercially available
full wave electromagnetic software.

First, the spectral domain technique is applied to a dipole on a lossy half-space and the results are
compared to Finite Element Method simulations using Ansys’ commercially available HFSS software. The
lower half-space medium is characterized by the dielectric properties shown in Fig. 4.6. To achieve an
input match |T'| < —7.4dB the length of the dipole was chosen to be 0.6\.g. Additionally, to maintain the
assumption of current being uniformly distributed in y, the width of the dipole was chosen to be W = 1/100.

To numerically evaluate the integrals in (A.9) a Gauss-Legendre quadrature integration routine available in
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the mpmath [103] Python library was used. The integration was carried out along the real axis as the complex
poles are removed from the real axis, and the upper bound on the infinite integration was truncated at 500k.
The antenna driving point impedance was determined using the induced EMF method from 250 MHz to 3 GHz
and using HFSS. The results are shown in Fig. 4.9. Results from HFSS are within 4.7 Q for the resistance

and within 1.1 Q for the reactance as compared to theory.

60 ! ! ! ! !
50
S 40
><n
& 30
00 Looeooedo > X HFSS |
oo~ R EMF
+—— X EMF
10 | | | | I

0.0 0.5 1.0 1.5 2.0 2.5 3.0
Frequency [GHz|

Figure 4.9: Impedance vs. frequency for a [ = 0.6 Aeg dipole at the interface of a lossy half-space characterized
by a relative dielectric constant of conductivity from Fig. 4.6.

Next, the sensing depth for a 0.6 A.g dipole on a lossy half-space is determined by first finding the power
flowing in the lower half-space. The power flow is a function of the current density in (A.1) for which only
the ratio A/B is known from (A.11). Normalizing the current density to the current at the input yields an
expression in terms of the ratio A/B. A z-dependent effective transfer resistance (similar to that defined by

Galejs [104] and Sec. 12.3 of [94]) may be defined as

T

:_4k2wuolm /oo/oosmc2 W v+ |_2572
7-[-2 0 0 2 -1 —1 042—|—ﬂ2

2
. 2 [a B
_ (k*1)? ]ﬁ k2, o? e2Re{y-1}= 594(@) + \/:gB(a) dodp (4.81)
* - 2 + ﬁ2 A B ' '
Y1 M 7= o \/ 5fa(0) + \/;fB(O)

The real power passing through a plane in the lower half-space is normalized to the total power radiated by

the antenna which may be written in terms of the ratio of the distance dependent effective transfer resistance
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to the input resistance as

P(z) _ R(2)
P = R (4.82)

where Rj, is the input resistance. It may also be noted that a dipole placed in contact with a high dielectric
constant half-space is very directive towards the dielectric such that the ratio of power radiated into the lower
and upper half-spaces varies approximately as /2 [69,60]. As a result, n; =~ 1 or in other words R(07) &~ Rjy.

This is demonstrated in Fig. 4.10 showing the lower half-space efficiency (7;) over frequency from theory,

HF'SS, and as calculated from n;, = ei/z/(ei/2 + 1) all of which showing n; > .996.
o—o~ Theory
o—0- HF'SS ! ! !
99.9——62/2/(62/2%1)—~—;~—~—~—§ rrrrrrrrr e .

| | | |
0 0.5 1.0 1.5 2.0 2.5 3.0
Frequency [GHz|

Figure 4.10: Lower half-space efficiency, 7;, over frequency from theory, HFSS, and as calculated from
nm = 63/2/(63/2 + 1) all of which showing 7; > .996.

The integrals in (4.81) are calculated using the same method described for the input impedance. To
determine the power flow in the lower half-space from HFSS, the lower half-space is composed of 20 discrete
layers of water with logarithmic spacing all of which have same dielectric properties. The purpose for of
having many volume objects that have the same material properties is so that the power dissipation can
be determined as a function of depth. It is not possible to determine this from a single volume. The power
dissipation is determined using the Fields Calculator in HFSS. The volume loss density quantity is integrated
over each subvolume to determine the power dissipated (P,) in the nth subvolume. The volume loss density

can be calculated by first considering the point form of the complex Poynting vector as

Py = —%Re{v (Ex H")}
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Making use of the vector identity the point form of the complex Poynting vector is V- (A x B) = B - (V x
A)— A - (VxB):
V- (ExH")=H"-(VXE)-E-(VxH")
=—jwB-H"—E - (J* — jwD")

=—jwB-H" —E-J" — jwE-D*.

If Ampere’s law is written in terms of the effective conductivity ¢ as discussed in the introduction which
includes both static and ac loss, then jwE - D* = jwe/|E|? which is purely imaginary and may be left out of

the volume loss density expression resulting in
1 * - *
po = 5Re{E-J" + jwB-H'}, (4.83)

which is the form presented in the HFSS documentation. From the power dissipated in each layer P,, P(z)

can be found by

Plzn) _ | P Z“: B (4.84)
Piot Piot — Piot
which is illustrated in Fig. 4.11.

Numerical simulation and theory are compared in Fig. 4.12 demonstrating very good agreement (within
3%) over the frequency range of 500 MHz to 3 GHz. The theoretical results for the normalized power level
P(2)/P;ot as a function of depth is shown in Fig. 4.13 for the frequencies of 500 MHz 1.5 GHz, and 3 GHz,
demonstrating power is dissipated closer to the antenna for an increase in frequency.

To determine the limitations for this particular example, the sensing depth is calculated from (4.77) and
shown vs. frequency as a function of the ratio of the receiver sensitivity ¢ to the incremental increase in
temperature AT'. The sensing depth is shown on a contour plot in Fig. 4.14, and a plane wave attenuation is
shown in Fig. 4.15. The plane wave assumption is that the power decays as exp(—2az), and all the power
accepted into the antenna is radiated into the lower half-space. Fig. 4.16 shows the sensing depth for the
0.6\eg dipole on a dispersive lossy half-space compared to the case of an incident plane wave on the same half

space. From Fig. 4.16 it can be seen that for larger sensitivity ratios the sensing depth is much lower for the

near-field case as compared to a plane wave. The frequency dependence of the sensing depth is different for
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the two cases, but increases with decreasing frequency. The near-field behavior differs greatly from the plane
wave case for large sensitivity ratios. The results have important implications in the design of microwave
radiometer for near-field temperature measurements that utilize a dipole in contact with a lossy medium.
It is also demonstrated that theory and HFSS agree well, thus, if HF'SS is more convenient, it can be used.
However, to determine the power dissipated close to the antenna, the half-space must be comprised of many

individual layers for which the volume loss density is calculated and integrated over the subvolume.

e
Ay
T W
Z1 Pl
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22
P
Z3
P(zn) P P
Plen) 9 _ Lup _ i
Pn Pt 1 Piot 1; Piot
Z7l
—z

Figure 4.11: Summary of determining P(z) from HFSS simulations. The volume loss density is integrated
over each subvolume. From the power dissipated in each layer, P(z) can be found.
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Figure 4.12: Comparison of theory to simulated results for the normalized power level P(z)/Piot vs. z of a
dipole above a lossy half-space at (a) 500 MHz, (b) 1 GHz, (c) 1.5 GHz, (¢) 2 GHz, (d) 2.5 GHz, and (d) 3 GHz.

4.5 DIPOLE ON SKIN, FAT, AND MUSCLE

After validation with numerical simulation for a simple phantom, the sensing depth of a dipole above a three

layer medium consisting of skin, fat, and muscle is quantified. As in the previous section, the dipole is assumed

to be in contact with the skin layer. The thickness of the skin is assumed to be 2mm, fat 10 mm, and the

muscle is assumed to be infinite in extent as seen in Fig. 4.17. In the previous section the relative permittivity
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Figure 4.13: Comparison of the theoretical results for the normalized power level P(z)/P;ot vs. z of a dipole
above a lossy half-space for the following frequencies: 500 MHz 1.5 GHz, and 3 GHz.
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Figure 4.14: Sensing depth zs as defined by (4.77) vs. frequency and the ratio of the receiver sensitivity o to
the incremental increase in temperature AT for a 0.6A.g dipole on a lossy half-space.

and conductivity were assumed to be constant over frequency. In this section the electromagnetic properties
of the tissues are given in [25,26], and the dielectric properties at a few frequencies are shown in Table 4.1. To
compare dipoles on the surface of a lossy dielectric, the electric length of the dipoles are chosen to be 0.57 )\,
as this length is matched well to a 50 {2 generator. The input impedance is found using the variational solution
method from Appendix A. The input impedance is shown in Fig. 4.18. The simulated results from HFSS are
within 62 of the theoretical values for both the resistance and reactance from 500 MHz to 3 GHz.

Next, the sensing depth is determined. The general equation for the power flowing in a stratified medium

is given in Appendix B, and was used to determine the power flowing through a transverse plane at some
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Figure 4.15: Sensing depth z, as defined by (4.77) vs. frequency and the ratio of the receiver sensitivity o to
the incremental increase in temperature AT for a plane wave propagating in a lossy medium. The power is
normalized to 1 at the interface between the two media.

10% T T
= 02 b
g 10 :
= 10" F
+~
a, ;
2 E !
eo 100  — Theory
g | — — Plane Wave
g | — 1 GHz
10~ LE
@ | — 1.5 GHz
[| — 3 GHz
1072 : :
0.0 0.1 0.2

0.3
O‘/AT

0.4

0.6

Figure 4.16: Sensing depth z, as defined by (4.77) vs. the ratio of the receiver sensitivity o to the incremental
increase in temperature AT for a 0.6Aeg dipole on a lossy half-space. The three frequencies (1 GHz, 1.5 GHz,
and 3 GHz) shown are compared to a plane wave assumption that the power decays as exp(—2az).

depth in the layered medium. The Python code in Appendix D was used to determine the unknown reflection

and amplitude coefficients in each layer using the procedure given at the end of Section 4.2.1. The sensing

depth z is shown in Fig. 4.19, demonstrating a decrease in sensing depth for an increase in frequency over a

sensitivity ratio (o/AT) from 0.15 to 0.35. However, between the sensitivity ratio 0.1 to 0.15 the sensing

depth is greater at 1.5 GHz than 500 MHz. This demonstrates the inaccuracy in assuming a plane wave

propagation. Additionally, it is important to know the sensitivity ratio when choosing frequencies that will

achieve a desired sensing depth.
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Figure 4.17: Three layer tissue model consisting of skin, fat, and muscle.

The three layer medium was repeated for 1 mm of skin and 2mm of fat for a 0.57\eg dipole. The results
shown in Fig. 4.20 demonstrate similar sensing depth behavior if the sensitivity ratio o/AT is close to 0.1.
However, there is a greater sensing depth if the sensitivity ratio is greater than 0.2. It is also observed that
the sensing depth is greater as frequency increases when compared to the 2 mm of skin and 10 mm of fat
medium. These two cases were examined to give an example of how the sensing depth may change due to
tissue variability between subjects. Inter-subject variability can be estimated using a virtual population such
as that provided by the IT’IS Foundation [30].

To illustrate the dependence of sensing depth on the sensitivity ratio (o/AT), an example will be given
for the two tissue stacks previously considered: (a) 2mm skin/10 mm fat/muscle; and (b) 1 mm skin/ 2 mm

fat/muscle. Consider a receiver sensitivity o = 0.2 K. If the desired detectable temperature change AT = 1K,
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Figure 4.18: Comparison of theory to simulated results for the impedance of a 0.57\.g dipole above a three
layer medium comprised of 2 mm of skin, 10 mm of fat, and muscle.
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then the sensitivity ratio seen in the right hand side of (4.77) will be 0.2. The problem may be analyzed in
the reciprocal case where the antenna is transmitting. Thus, the goal is to find where the signal radiated by
the antenna has decayed by 80% assuming 7, = 1. The sensing depth for a few frequencies from 500 MHz to
2.5 GHz are listed in Table 4.3 showing a decreasing sensing depth as frequency increases for tissue stack (a).
For tissue stack (b) the sensing depth increase slightly from 500 MHz to 1 GHz then decreases.

Next, consider the receiver sensitivity improving to o = 0.1 K, resulting in a sensitivity ratio of 0.1. Note
that the same sensing depth could be achieved for ¢ = 0.2K and AT = 2K yielding a sensitivity ratio of 0.1.
This can be seen in (4.77) as the sensing depth is a function of the ratio of receiver sensitivity to change in
temperature. In the case of a sensitivity ratio of 0.1, Table 4.3 demonstrates an increase in the sensing depth
from 500 MHz to 1 GHz for tissue stack (a). However, for tissue stack (b) the sensing depth decreases across

the whole frequency range. Table 4.3 demonstrates how sensing depth is a function of receiver sensitivity,
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Figure 4.19: Sensing depth z, as defined by (4.77) vs. frequency and the ratio of the receiver sensitivity o to
the incremental increase in temperature AT for a 0.57\eg dipole above a three layer medium comprised of
2mm of skin, 10 mm of fat, and muscle.

Table 4.3: Sensing depth (mm) at various frequencies for sensitivity ratios of 0.2 and 0.1. Two different three
layer media are considered: (a) 2mm skin/10 mm fat/muscle, and (b) 1 mm skin/2 mm fat/muscle.

zs [mm]

Stack o/AT 05GHz 1GHz 15GHz 2GHz 2.5GHz

a 0.2 8.2 8 74 3.5 1.8
a 0.1 21.7 22.7 21.3 17.6 11.1
b 0.2 10.7 11.0 10.2 8.7 7.4
b 0.1 22.9 22.6 19.9 16.8 14.1
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Figure 4.20: Sensing depth z, as defined by (4.77) vs. frequency and the ratio of the receiver sensitivity o to
the incremental increase in temperature AT for a 0.57\eg dipole above a three layer medium comprised of
1mm of skin, 2mm of fat, and muscle.

change in temperature, and near field weighting functions.

4.6 CONCLUSION

This chapter detailed the analysis of a dipole in a lossy stratified medium, with a goal to determine the
sensitivity limitations for thermal radiation measurement of deep seated tissues in the body and in the near
field of the dipole. The results are important for designing a dipole probe to achieve a desired sensing depth for
near-field microwave thermometry. An improved sensing depth metric is defined to determine the sensitivity
limitations for thermal radiation measurement of deep seated tissues in the body and in the near field of the
dipole. The sensing depth is not only a function of the near field power dissipation, but is also dependent on
the receiver sensitivity o and the desired temperature resolution AT.

To analyze the frequency dependent behavior of a dipole used for near-field microwave radiometry, a
simplified model of a dipole in a lossy stratified medium is used. The medium is assumed to be uniform and
infinite in extent in the z and y transverse planes while discontinuous in z. A finite number of layers are
assumed where the outermost layers extend to infinity. A spectral-domain technique is applied to determine
the input impedance and sensing depth, defined in terms of the dipole near-field weighting functions, the

total power radiometer sensitivity, and the desired temperature resolution.
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The technique is verified for the general case of a dipole on a water half-space by comparing impedance
and normalized power dissipation to commercial FEM software, Ansys HFSS, with good agreement. The
results enable design of other types of probes for a desired sensing depth by extending the theory to a three
layer human tissue model of skin, fat, and muscle. The input impedance is validated with Ansys HFSS.

From the presented model, an optimal frequency can be determined for a desired sensing depth and tissue
stack. However, a number of practical constraints will also affect the frequency choice. For example, the
ambient radio frequency spectrum is congested, degrading the achievable signal to noise ratio (SNR) at many
frequencies that might otherwise be optimal for passive sensing. Overall size and location of probe dictated by
the application will also impose constraints on the choice of frequency. Additionally, bodies vary from patient
to patient changing the performance of the probe. For this reason, two examples were given of different skin
and fat thicknesses. Inter-subject variability can be estimated using a virtual population such as that provided

by the IT’IS Foundation [30].
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5.1 OVERVIEW

Passive radiometry estimates of the antenna temperature seen at the input of the radiometer require inverse
techniques in order to determine the unknown subsurface temperature from temperatures measurements by
radiometry, an inverse problem needs to be solved. The inversion process uses near-field weighting functions
defined in Chapter 1. The model of the inverse problem is defined, and used to determine temperature from
the 1.4 GHz and 2.7 GHz radiometers measurements. The first measurements utilize a single radiometer at a
time to track the temperature change of a homogeneous approximate half-space. Next, the 1.4 GHz radiometer
is used to determine the subsurface temperature of a three layer volume consisting of water, glass, and water.

The single frequency measurements simply solve a single equation for a particular unknown. For multiple
measurements and unknowns, inversion techniques such as least-squares and optimal estimation may be used
to determine the unknown temperature profile. These techniques are applied to a two frequency measurement
of a three layer phantom consisting of water, glass, and water. Measured results and a comparison of the
techniques are given, followed by a discussion relating the measured results to parameters necessary for
monitoring the circadian rhythm.

Finally, a variability analysis is done to demonstrate how error in the weighting functions affect the inverse
problem, and how different inverse methods may be used. This variability analysis is extended to estimate

the feasibility of using this system for monitoring the circadian rhythm.

5.2 THE INVERSE PROBLEM: TEMPERATURE RETRIEVAL

The inverse problem for a probe measuring a half-space that may be stratified is depicted in Fig. 5.1. The
thermal model considered is layers of constant temperature. Models of the temperature profile are often used
as a way improve spatial resolution while reducing the number of unknown parameters [10,11,105-107]. The
first task in the inversion procedure is to estimate the antenna temperature at the feed of the antenna T4

from the radiometric observation at the plane of calibration on the radiometer T7. The effects of mismatch
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must be treated in a standard manner [2, Chaper 6], [98], and for the purpose of simplifying the inversion a

few assumptions are made:
e The cable is assumed to be perfectly match and low loss (<0.5dB);
e I seen at the input to the radiometer is assumed to be the measured I' at the feed of the probe;

e The temperature of the cable is assumed to be a constant temperature equal to the room temperature,

which is also the temperature of the load used for calibration.

e The noise temperature generated by the receiver towards the antenna is assumed to be 150 K.

Th 1 T

(9—% Receiver — Vout
T
:(_TTIEC

Figure 5.1: Diagram of the inverse problem. The radiometer measures a temperature T which includes the
contribution from the noise generated by the receiver (T.,.) due to reflection (') from the available noise
temperature 7%. Additionally, any loss L through a cable which is assumed to be matched will change the
antenna temperature T4 due to the physical temperature of the cable T;,. The antenna temperature includes
contributions from the feed (T, W), the upper half-space (T, W,,), and each volume in the layered media
(Tyn, Wyy) or for the half-space problem the lower half-space (T, W,).

With these assumptions in mind, the antenna temperature is first corrected due to reflection as

/ TX _Tr/ec|F‘2.

T, = 5.1
A 1—|T]2 (5.1)

Next, the antenna temperature is corrected due to the loss in the cable as
Ta=T4L— (L—1)Tin. (5.2)

This procedure corrects the radiometric observations up to the plane of the feed of the antenna. The goal of

the inverse problem is to determine the temperature of an object or layer that the antenna is receiving thermal
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radiation from. The antenna temperature may be expressed in terms of the weighting functions in (1.16). For

the half-space problem shown in the upper half of the volume in Fig. 5.1 the antenna temperature is

Ty =TuWo + T Wy + T, W, (5.3)

Therefore if the temperature of the feed Ty and the upper half-space temperature T, is known along with the
weighting functions from simulation, the unknown half-space temperature may be solved for. This inversion

is explored in the next section to determine one unknown layer.

5.3 RADIOMETRIC ESTIMATION OF VARIABLE TEMPERATURE

SINGLE LAYER PHANTOM

The radiometers and probes presented in Chapter 2 are used to determine the temperature of a variable
temperature half-space. This initial measurement is to demonstrate the radiometer’s ability to detect
temperature from a lossy material half-space. Later this will be extended to determining subsurface temperature,
as the lossy half-space problem is a volume average of the temperature. To demonstrate this temperature
detection, the test setup was placed in an anechoic chamber to reduce interference.

The 1.4 GHz receiver was calibrated using the method described in Section 2.4.1 with the hot calibration
standard being the Agilent 346A noise source, and the cold temperature is a room temperature microwave
load. The temperature of the load was measured with a thermocouple connected to the PicoTech TC-08
data logger. The calibration was performed every second with an equal dwell time on each of the standards
and the unknown antenna temperature. The antenna was placed so that it was just touching the surface
of the water. The antenna was connected to the radiometer through a 30 cm cable. To ensure air bubbles
would not form on the surface of the probe and effecting the impedance match, the water was heated using an
immersion heating coil. Once the water was heated to above 40°C the measurement was started. The water
was allowed to cool off over a period of two hours, and the calibrated estimate of the antenna temperature
seen at the plane of the radiometer (77 in Fig. 5.1) was determined.

The raw estimate of the antenna temperature at the plane of the radiometer T was first corrected due

to reflection. As was discussed in Chapter 1 the dielectric properties of water are temperature dependent.
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The input reflection coefficient of the probe was measured at two separate temperatures: 40°C and 20°C.
The reflection coefficient is compared in Fig. 5.2a demonstrating a slight difference. However, at the design
frequency of 1.4 GHz, they are essentially the same. In the inversion process, the magnitude of the reflection
coefficient was assumed to be |I'| = —23 dB. The correction due to impedance mismatch was done using (5.1)
to determine T, which is the available temperature at the input to the receiver. This estimate involves the

following assumptions:

e The reflection coefficient of the probe is constant over the predetection bandwidth and constant over

temperature;

e Since the cable is assumed to be perfectly matched and the input to the receiver is assumed to be 50 €2,
the measured reflection coefficient of the probe at the design frequency of 1.4 GHz was used as the I’

in (5.1);

e The temperature generated towards the antenna at the input of the receiver T}, is estimated to be

150 K;

If these assumptions are incorrect, the result will be an error in the estimate of the available temperature
T',. However, since the probe is well matched (|I'| = —23dB), only 0.5% of the temperature is due to
reflection from the receiver. Therefore, even if the receiver temperature is really 300 K rather than 150 K,
the contribution from the receiver would be 1.5 K rather than 0.75 K and does not significantly affect the
estimate of the volume.

Next, the temperature is corrected due to loss in the matched cable using (5.2). At 1.4 GHz the loss in the
cable is approximately 0.3 dB and the temperature of the cable is assumed to be room temperature, or the
same temperature as the “cold” calibration standard. To estimate the actual temperature of the water, (5.3)
is solved for T, assuming the feed temperature T is the same as the temperature of the water T as the

probe is placed in contact with the water resulting in

_ TA - TuWu

y = —— 5.4
Wf-i-WU ( )

The upper half-space temperature is assumed to be equal to the room temperature T},.
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The weighting functions are determined in simulation for room temperature water (20°C) and used to
invert the data and are listed in Table 2.4. The radiometric temperature estimate is shown in Fig. 5.2b
along with a thermocouple measurement of the water temperature T;. To show the discrepancy between the
radiometric estimate through the inversion process and the thermocouple measurement, every one minute of
data was averaged and the radiometric estimate is shown vs. the thermocouple measurement in Fig. 5.2b.
This demonstrates an error of about 0.4°C to 1.1°C. Discrepancy from the radiometric estimate and the
thermocouple over time is probably due to incorrect assumption of the feed temperature 7T and possibly

changes in the weighting function over time due to the changing dielectric properties.
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Figure 5.2: (a) Measured reflection coefficient of the probe at two different temperatures. (b) Radiometric
estimate of the temperature of a water half-space T, using the 1.4 GHz radiometer compared to the measured
thermocouple temperature Ty vs. time. (c) A direct comparison of T, vs. T; showing how the radiometric
estimate compares to the thermocouple measurements.

The same measurement was duplicated for the 2.7 GHz receiver using the same calibration process
previously described. The water was heated with an immersion heating coil to ensure no air bubbles would

form on the probe changing the reflection coefficient. The reflection coefficient of the probe was measured at
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the hot (40°C) and cold (20°C) temperatures, and are compared in Fig. 5.3a. It can be seen that the probe
reflection coefficient differs for the two temperatures. At the design frequency of 2.7 GHz this corresponds to
a difference of -21 to -18 dB for 40°C and 20°C respectively.

The raw estimate of the antenna temperature at the plane of the radiometer T was first corrected due to
reflections using (5.1) to determine 7% which is the available temperature at the input to the receiver. This

estimate involves the following assumptions:

e The reflection coefficient of the probe is constant over the predetection bandwidth and linearly changes

from -21 to -18 dB over the temperature change of the test setup (45°C to 31°C).

e Since the cable is assumed to be perfectly matched and the input to the receiver is assumed to be 50 €2,
the reflection coefficient of the probe at the design frequency of 2.7 GHz was used as the T in (5.1) with

the temperature dependence previously stated.

e The temperature generated towards the antenna at the input of the receiver T}, is estimated to be

150 K.

The temperature was corrected due to loss in the cable (0.3dB at 2.7 GHz) in the same manner as
the 1.4 GHz measurements were corrected. The weighting functions are determined in simulation for room
temperature water (20°C) and used to invert the data and are listed in Table 2.6. The radiometric temperature
estimate is shown in Fig. 5.3b along with a thermocouple measurement of the water temperature 7;. To show
the discrepancy between the radiometric estimate through the inversion process and the thermocouple mea-
surement, every one minute of data was averaged and the radiometric estimate is shown vs. the thermocouple
measurement in Fig. 5.3c. This demonstrates an error of about 1.4°C. Discrepancy from the radiometric
estimate and the thermocouple over time is probably due to incorrect assumption of the feed temperature 7'

and possibly changes in the weighting function over time due to the changing dielectric properties.
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Figure 5.3: (a) Measured reflection coefficient of the probe at two different temperatures. (b) Radiometric
estimate of the temperature of a water half-space T, using the 2.7 GHz radiometer compared to the measured
thermocouple temperature T; vs. time. (¢) A direct comparison of T, vs. T; showing how the radiometric
estimate compares to the thermocouple measurements.

5.4 SINGLE FREQUENCY ESTIMATION OF SUBSURFACE TEM-

PERATURE

Having demonstrated the ability to detect temperature changes of a water half-space with both receivers, a
three layer phantom is investigated next. The three layers are water, glass (Pyrex), and water. The reason for
choosing glass is that the dielectric constant (e, = 5.5) is close to that of fat (/. = 5.4 at 1.4 GHz). Utilizing a
glass pyrex baking dish with a lip, three layers were created by putting a small amount of water ~ 10.3 mm
in depth in the glass dish, then the dish was placed in the plastic bin filled with water. The thickness of the
glass is 5mm. The bottom layer was heated and the top layer started at room temperature. The glass Pyrex
dish was placed in the heated water, thus producing two layers of water. The lower layer of water decreased

in temperature over time, and the top layer of water increased in temperature over time.
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The 1.4 GHz radiometer and probe were used to measure the three layer problem. The calibration procedure
was done in the same manner previously described. The inverse problem now takes the form of determining
the third layer temperature. This is depicted in the lower half of Fig. 5.1. The procedure for correcting the
measured temperature T to the plane of the antenna was done by assuming 0.3dB loss in the cable feeding
the antenna. Additionally, the antenna reflection coefficient was measured using two layers of 20°C water. The
thicknesses were 10.3 mm water, 5 mm glass, 10 cm water. A comparison of measured and simulated reflection
coefficient is shown in Fig. 5.4a demonstrating good agreement across frequency with a better measured
match than was simulated. The correction due to mismatch and loss through the cable was performed with

the following assumptions:

e The reflection coefficient of the probe is constant over the predetection bandwidth and constant over

temperature.

e Since the cable is assumed to be perfectly matched and the input to the receiver is assumed to be 50 €2,
the measured reflection coefficient of the probe at the design frequency of 1.4 GHz was used as the I’

in (5.1).

e The temperature generated towards the antenna at the input of the receiver T}, is estimated to be

150 K.

The antenna temperature is a weighted volume average of the temperature of objects in the near-field and

far-field of the antenna. The antenna temperature for the three layer problem is

Th =T W, + Tfo + TpiWor + TpaWiyo + TU3WU37 (55)

where, referring to Fig. 5.1, T,,1, W,,1 refers to the temperature and weighting function of the first 10.3 mm
layer of water. T2, W2 corresponds to the temperature and weighting function of the 5 mm glass layer, and
T3, Wy corresponds to the subsurface water layer. The weighting functions from simulation, described in
detail in Chapter 4, are given in Table 5.1. The goal for the inverse problem is to determine the temperature
of the subsurface water layer. To do this, however, the temperature contribution from all the other layers

must be known. The unknown temperature is determined by solving (5.5) for T3 yielding
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 TaA =T Wy —=TWy —TyiWy1 — Tpa W

T,
’ Wv3

(5.6)

The weighting functions are assumed to be constant over temperature. The top and bottom water temperatures
were measured with thermocouples denoted by 731, T;3 and the data recorded with the PicoTech data logger.
Since the data logger sampling rate is faster than the calibration time, the top water layer is fitted to an

exponential of the form
Aexp ¥’ 40, (5.7)

using curve_fit a non-linear least squares regression tool available in the Python library SciPy. The raw
thermocouple data is shown along with the fit T),; g in Fig. 5.4b. In the inverse problem, the feed and glass
are assumed to be equal to the top layer temperature Ty, g¢ simplifying (5.6) to

o TA - TuWu - Tvl,ﬁt (Wf + W'ul + WUQ)
WU3

Tos . (5.8)

The upper half-space is again assumed to be at room temperature. The result of the inversion is shown in
Fig. 5.4c along with the thermocouple measurements of the water layers and the antenna temperature T4
which is between the two temperatures as expected as the antenna temperature is a weighted volume average.
The thermocouple measurement T;3 and radiometric estimate T,3 are shown together in Fig. 5.4d showing
good agreement. It is evident from Fig. 5.4c that the variance of the estimate of T3 is larger than T4 which is
to be expected as the weighting function from the third layer is only 0.385. This is easily seen by considering

the fact that the combined uncertainty [108] of (5.8) assuming the random variables are independent is

N 2
T = Y (G2) o, 5:9)

i=1
for estimates x1, xo, ..., zy. Assuming the variance in the estimates of T,, and T}, s are zero, the combined

uncertainty is

(5.10)

Table 5.1: 1.4 GHz probe weighting functions on 10.3 mm water, 5 mm glass, and water.

Upper (W,) Feed (W;) Top Water (W,1) Glass (Wy2) Bottom Water (W,3)
0.014 0.056 0.543 0.002 0.385
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Figure 5.4: Three layer measurement with the 1.4 GHz radiometer of 10.3 mm water, 5 mm glass, and water.
The measured and simulated reflection coefficient (a) of the 1.4 GHz probe. Thermocouple measurements
of the two water layers and room temperature (b) along with a exponential fit for the top water layer T};.
Radiometric estimate T3 and thermocouple measurement T3 of the subsurface water layer (c) along with the
antenna temperature T4 and top water layer thermocouple measurement 73;. Comparison of raw radiometer
estimate and thermocouple measurement(d). Comparison of fitted radiometer thermocouple measurements
(e). A comparison of the radiometer estimate vs. thermocouple temperature (f).

Next, the thermocouple data T;3, and the radiometric estimate T3 are fitted to the same exponential

function from (5.7) using a non-linear least squares regression, and compared in Fig. 5.4e with the corresponding
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unknowns from (5.7) listed in Table 5.2. The maximum difference between the fitted thermocouple data and
radiometric estimate is 0.2°C as seen in Fig. 5.4e. The discrepancy between the radiometric estimate through
the inversion process and the thermocouple measurement is also shown by the average of every one minute
of temperature data shown vs. the thermocouple measurement in Fig. 5.4f. This demonstrates an error of
up to 0.5°C. Discrepancy from the radiometric estimate and the thermocouple over time is probably due to
incorrect assumption of the weighting functions which may change with temperature. Also, placement of the

probe on the top layer may deviate from the assumed 10.3 mm depth used in simulation.

Table 5.2: Results of non-linear regression analysis to determine unknowns in (5.7) from thermocouple Ti3
and radiometric estimates T,3.

Parameter T3 Fit T,3 Fit

A [°C] 473 7.93
b s 16.46  34.75
C [°C] 3781  34.62

5.5 INVERSE PROBLEMS IN RADIOMETRY

Up to this point the inverse problem only involved determining one unknown temperature with one radiometric
measurement from the formula for the antenna temperature, while the other temperatures were assumed to
be known. However, if multiple frequencies are used with independent observations and different weighting
functions for each probe, the measured antenna temperature may be written in matrix form in terms of the

weighting functions W and the vector of layer temperatures T as
Ty =WT (5.11)

where Ty and T are vectors of dimension N and M respectively and W is an N x M matrix. N represents
the number of frequencies or independent measurements, and M represents the number of layers or discrete
regions at a constant temperature contributing to the antenna temperature.

In (5.11), Tas represents a vector of noiseless measurements which, in practice, is not possible due to

measurement and modeling errors. The measurements may be denoted as

Ty=WT+e (5.12)
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where e is an error vector. There various inversion methods of determining an estimate for the unknown
temperature profile T. The solution of this problem is unstable with the addition of a small amount of
experimental error and is therefore considered ill-posed [23, pp. 1294]. This section first presents the standard

least-squares solution to the problem, then a statistical inversion method is considered.

5.5.1 LEAST-SQUARES METHOD

In the matrix equation above, consider that there is no solution to the problem which means no linear
combination of the column vectors of W will be equal to Ty The least-squares inversion technique is a

solution method that aims to determine T which minimizes the error function given by
[Ty — W2 (5.13)

The goal is to find a T in which WT is as close to Ty as possible. This will happen when the error function

is orthogonal to the column vectors of W. The orthogonality conditions yield

wT (TM - W’i‘) =0. (5.14)
Therefore the least-squares solution to (5.11) is

T= (WTW) ™ Wi Ty, (5.15)

The matrix (I/VTI/V)f1 WT is called the pseudoinverse. A more rigorous discussion of the least-squares
solution may be found in [109]. The least-squares may be unstable such that the error associated with estimate
T is too large due to the elements of (W7 W)~! being large, which amplifies the error, and is often not

suitable for radiometric retrieval problems [23].

5.5.2 OPTIMAL ESTIMATION METHOD

A priori constraints on the profile may be used to regularize the ill-posed problem [23]. These constraint
are considered wirtual measurements in that they provide information about the profile in the same way
the actual measurements do [23,110]. These virtual measurements may take the form of historical data or

models. This method will be explained in a similar manner to that presented by Rodgers [110] and Ulaby et
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al [23]. First consider combining two independent vectors T; and Ty with error covariances S; and Sy that

are measurements of the vector T. The combined estimate for T is given by the weighted average
. _ =1 o _
T=(S7"+5")  (S7'T1+8;'Ty). (5.16)

The first measurement is the virtual measurement T, e.g. the mean temperature profile. For the human
body this may be the average or expected temperature of the skin, fat, and muscle. Additionally, there is the
measured quantity from (5.12). Another estimate for T is T, where T, = DT M is the exact solution where
WD = I, the identity matrix. The covariance matrix of T, is easily found to be S, = (W7S;!W)~! where
Sy is the covariance of Thy. The combined estimate of T from the measurement vectors Ty and T, is given

from (5.16) yielding
T = (55 + WSy w) ™! (so—lTO + WTS;;TM) , (5.17)
which may be put in a form more efficient for computation [110] as

T =Ty + S()WT (WS()WT + SM)il (T]V[ — WT()) . (518)

5.6 MULTI-FREQUENCY ESTIMATION OF SUBSURFACE TEM-

PERATURE

Utilizing the 1.4 GHz and 2.7 GHz receivers presented in Chapter 2, a two-frequency measurement was done of
the three layer phantom (10.3 mm water, 5 mm glass, and water). The measurement setup and block diagram
are shown in Fig. 5.5. The bottom layer of water was heated to approximately 41°C, where as the top layer of
water started at 30°C. Radiometer and thermocouple measurements were taken over a 30 minute period. To
determine the unknown water temperatures, the data measured by both radiometers, 7% in Fig. 5.1, must be
corrected up to the reference plane of the probe (T4). This was done in the same manner previously described,
and the reflection coefficient of the 1.4 GHz probe is shown in along with the 2.7 GHz probe in Fig. 5.6.

For each frequency, the antenna temperature is given by (5.5). Since only two independent measurements
are taken, the temperature of the upper half-space temperature is assumed to be the same as room temperature,

and the feed, top water, and glass are assumed to be at the same temperature. The following equations will
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Figure 5.5: Photograph of measurement setup (a), and block diagram (b) with the (1) 2.7 GHz probe, (2)
1.4 GHz probe, (3) 2.7 GHz radiometer, (4) Agilent noise source and power divider, (5) 1.4 GHz radiometer, and
(6) PicoTech data logger. Both receivers were constantly calibrated and the unknown antenna temperatures
measured.

be solved to determine the unknown temperature where the superscripts 1 and 2 refer to the 1.4 GHz and

2.7 GHz measured antenna temperatures and weighting functions given in Table 5.3

Th —WiT, = (WP + W0 +Wiy) Ty + WisTys for n=1,2. (5.19)
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Figure 5.6: Three layer probe reflection coefficient for the (a) 1.4 GHz probe and (b) 2.7 GHz probe.

If the left hand side is considered to be T, and the weighting functions in the parenthesis are summed to be

W2, this may be written in matrix form as
Ty Weo Wig | | T
_ , (5.20)
T3 Wa, Wi | | Tus
which may be written in a compact form as
Ty =WT,. (5.21)

This matrix equation must be solved to determine the unknown volume temperatures. This is done using the

least-squares method and optimal estimation method presented in Section 5.5.

5.6.1 LEAST-SQUARES SOLUTION TO THREE LAYER MEASUREMENT

The first, and simplest, method presented is the least-squares solution. The observations are given by T},
which is the portion of measured antenna temperature delivered from the unknown volume. This is adjusted
by the upper half-space temperature and simulated weighting function. The upper half-space temperature is
assumed to be the same temperature as the cold calibration load which is measured using a thermocouple
and the PicoTech data logger. Since the data logger samples at a different rate from the measurements, the
temperature is fitted to the exponential equation in (5.7). The fit is also done for the two water layers so that
the error in the radiometric estimate may be determined. The thermocouple measurements and fitted curves

are shown in Fig. 5.7. Since W is a square matrix, the least-squares solution is found by inverting the matrix
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Table 5.3: 1.4 and 2.7 GHz probe weighting functions on 10.3 mm water, 5 mm glass, and water.

f [GHz] Upper (W,) Feed (W;) Top Water (W,1) Glass (W,2) Bot. Water (W,3)

1.4 0.014 0.056 0.543 0.002 0.385
2.7 0.0132 0.0537 0.8590 0.0004 0.0737

and is given by

45 ! ! ! ! !

Temperature [°C]

Time [min.

Figure 5.7: Thermocouple measurements of room temperature (T}.,), the top water layer (T,1), an the bottom
water layer (T,3) along with the fitted curve (dashed black line) for each thermocouple measurement.

T, = W™ ITy,, (5.22)

where the hat denotes an estimate.

The results from the least-squares inversion are shown in Fig. 5.8 along with a fit (dashed line) to the
exponential function for both least squares estimates. To quantify the accuracy of the least-squares estimate,
comparisons will be made by calculating various quantities for errors. To avoid confusion in notation, the
errors in an estimate X from the fitted thermocouple data X will be defined as

Error eX) = ‘X—X‘
Relative Error §(X) = XX
Temperature Delta AX = maxX — minX

Error Delta Ae(X) = max {G(X)} — min {6(X):|

The absolute errors in the least-squares estimate and its fit to the exponential function for both layers are

shown in Fig. 5.9. The error in the fitted data is less than 0.8°C for the first layer of water, and less than
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Figure 5.8: Least-squares raw estimate of the top (Tvl) and bottom (7,3) water layers compared to fitted
thermocouple measurements T, 5, and Ty3 5. The dashed black line shows the fit to the least-squares
estimate.

9.6°C for the bottom layer of water. Although this error is large if absolute temperature is required, there
are a number of applications that require only relative temperature e.g. circadian rhythm monitoring [111].
In this case, it is important that the error remain flat over time. For the fitted data, the difference between
the maximum error and minimum error for the top layer is 0.7°C and 1.3°C for the bottom layer. Or if the
change in temperature in each layer is considered, the fitted thermocouple data shows a change of 2.9°C
for Ty3,8¢ and 5.8°C for Ty, 5¢. The fitted least squares estimates show changes of 1.8°C and 5.2°C for the

bottom and top water layers respectively.

12

Error [°C]

Time [min.

A A

Figure 5.9: Absolute errors of the least-squares estimate for the top water (e(T31)) and bottom water (e(7y3)),

~ '~

and the absolute error if the least-squares estimate are fitted to the exponential from (5.7) (e(Tv1,5t), €(Tv3,ut))-
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Next, the least-squares inversion is performed assuming only one unknown and two measurements. The top
layer of water is assumed to be known, and the same inversion is performed. For example, it is straightforward
to measure the temperature of the skin independently of radiometer estimates. The radiometric measurements

T}, are given by the left hand side of

T —WaT, — (WF+ W+ W) Ty = WiTys for n=1,2. (5.23)

v

The result of the inversion and the error associated with it is shown in Fig. 5.10. The improvement in the
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Figure 5.10: Least-squares estimate and fit (a) of the bottom water (T3, Th3.4:) compared to fitted the

A

thermocouple measurement T3 5. Error (b) in the least-squares estimate (G(Tvg,)) and fit (e(Ty3.at))-

least-squares estimate for two measurements and one unknown is seen by comparing the error parameters as

shown in Table 5.4.

Table 5.4: Comparison of the error in the least-squares estimate of Ty3 for two unknowns and one unknown.

Error Parameter Two Unknowns One Unknown
max [e(ﬁ,g,ﬁt)} °C] 9.6 9.2
Ae(Tys.51) [°C) 1.3 0.6
A(Ty3.80) [°C) 1.8 2.3
e |A(Tysa0)| [°C] 1 0.5
8 |A(Tys.50)| [%] 35.9 19
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5.6.2 OPTIMAL ESTIMATION OF THREE LAYER MEASUREMENT

While the least-squares method yielded results that qualitatively track the changes in temperature, the relative
errors in the estimate of the temperature change were are as large as 35%. To improve this estimate, the
optimal estimation technique will be applied to give a weighted estimate for the temperature profile. The two
weighted estimates will be a “mean” profile and the radiometric estimate. For the purpose of demonstrating
how accurate the estimate could be, the mean profile is assumed to be the exact value from the fitted

thermocouple data given by

T’ul,ﬁt
T, = . (5.24)
Tv3,ﬁt

To ensure the data is not weighted too heavily on the exact values, the covariance matrix is assumed to be

So = : (5.25)

and the covariance matrix for the measurements is given by

var(Th,) 0 030 0
Sar = M - . (5.26)
0 var(T%;) 0 098

The results from the optimal estimation utilizing the exact temperature values in the weighted inversion

are shown in Fig. 5.11. A significant improvement can be seen in the error over the least-squares estimate,
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Figure 5.11: Optimal estimation of the top water (T,1) and bottom water (7,3) compared to fitted thermocouple
measurements Tyq g¢ and T3 f¢.
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which is to be expected as the estimate has been weighted with the exact data as seen in Fig. 5.12. While it
may seem a bit deceiving to weight the data based on the measured thermocouple data, for most applications
there is historical data of the “unknown” temperature that may be used to help constrain the estimate.
This estimation method will be explored in further detail in the next section for estimating human body

temperatures for monitoring the circadian rhythm.

3.0

0.0

Time [min.

A A

Figure 5.12: Absolute errors of the optimal estimation for the top water (e(T31)) and bottom water (e(7y3)),

~ '~

and the absolute error if the optimal estimations are fitted to the exponential from (5.7) (e(Tv1.at), €(Tv3.ut))-

As was done with the least-squares estimation, the optimal estimation technique is repeated if the top

layer is assumed to be known. For this inversion, the covariance matrix of the measured values from (5.23) is

var(T4,) 0 0.12 0
Sar = M - . (5.27)

0 var(T%) 0 0.18

Since the variance of the measured values is lower if one unknown is assumed, the measurements will be
weighted more than for two unknowns. As a result, the absolute error is larger than compared to the estimate
with two unknowns. The results of the optimal estimation with one unknown are shown in Fig. 5.13, and
a comparison of the optimal estimation and least-squares estimates is given for the top layer of water in

Table 5.5 and for the bottom layer of water in Table 5.6.

5.6.3 MULTI-FREQUENCY ESTIMATES DISCUSSION

The results shown in Tables 5.5 and 5.6 are compared in this section and the advantages and disadvantages

of each method discussed. For the estimate of the top water layer TvLﬁt, the least-squares method yielded a
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Figure 5.13: Optimal estimation and fit (a) of the bottom water (Tv;;, Tvg,ﬁt) compared to fitted the thermo-
couple measurement T3 5. Error (b) in the optimal estimate (e(Ty3)) and fit (e(Ty3.5¢))-

Table 5.5: Comparison of the error in the fitted least-squares (LS) estimate and the fitted optimal estimation
(OP) of T,1 with two unknowns.

Error Parameter LS OP

A

max |:6(Tvl7ﬁt):| [°C] 08 2

Ae(Ty150) [°C] 0.7 0.5
A(Ty 1) [°C] 52 5.5

€ |A(Ty50)| [°C] 06 0.3

A

§ | ATy 60)| [%] 9.7 5.2

Table 5.6: Comparison of the error in the fitted least-squares (LS) estimate and the fitted optimal estimation
(OP) of T,3 with two unknowns and one unknown comparison.

Error Parameter LS-2 Unknowns LS-1 Unknown OP-2 Unknowns OP-1 Unknown

max [e(Tv&ﬁt)} Q] 9.6 9.2 2 5.1
Ae(Tys.5t) [°C] 1.3 0.6 0.2 0.4
A(Tys.51) [°C] 1.8 2.3 2.7 2.5
e |A(Tysa0)| [°C] 1 0.5 0.2 0.3
5 |A(Tys51)| [%] 35.9 19 6.9 11.8

more accurate result in terms of maximum absolute error (max [E(TvLﬁt)} ). However, the optimal estimation
method where the estimate is a weighted average of the mean profile (exact data in this case) and the
measured estimate yielded better results if the desired measurement is to track changes. This is illustrated
by the error or relative error of the change in the temperature (e {A(Tvl’ﬁt)], 0 [A(TvLﬁt)]) which was 2.5%

better for the optimal estimation method.
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While accurately determining the surface temperature is of interest and impacts the estimation of subsurface
temperature, the true goal of this measurement is to determine subsurface temperature. For the estimate
of the bottom water layer Tvg’ﬁt, the optimal estimation method was more accurate in terms of absolute
error (max [e(T vg):| ). While for the least-squares method the error improved if the surface temperature was
assumed to be known, the optimal estimation method yielded a larger error for one unknown rather than
two unknowns. This is to be expected as the measured radiometer values were weighted more heavily than
if there were two unknowns (S]\}lv is larger if there is one unknown). If the desired goal of the device is to
track changes, the optimal estimation method is also better if there are two unknowns rather than one with a
relative error in the change in temperature of ¢ [A(Tvg)} = 6.9% for two unknowns as opposed to 11.8% for
one unknown. However, both cases are better than the least squares inversion relative error in the change in
temperature of 35.9% and 19% for two unknowns and one unknown respectively.

The mean profile T used in the optimal estimation method utilized the data from the thermocouples
as there is no historical data for the measurement setup. While this mean profile is a best case scenario,
it demonstrates how the inversion can be constrained. For the optimal estimation with one unknown the
estimate for T from measured data T, where T, = DT M is the exact solution where WD = I is weighted
approximately 0.55, where as the mean profile T is weighted by 0.45. However, the exact estimate depends on
the weighting function W. Therefore the mean profile T is weighted by 0.45, but the radiometer measurements

from (5.23) are weighted by 1.4 for T}, and 0.2 for T%,. These weights are given by
(St +WTsyiw) S5t = [ 0.45 } (5.28)
(S5 + WSy W)~ WSy = { 14 0.2 } (5.29)
which demonstrates that the radiometric measurement
Ty =Th —=WiT, — (WP + W+ W) T (5.30)

is weighted most heavily for the 1.4 GHz measurement, followed by the mean profile, and finally the 2.7 GHz
measurement has the least weight as very little power (7.4%) is received from the bottom water layer at

2.7 GHz.
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5.7 TISSUE THICKNESS VARIABILITY ANALYSIS

The previous measurements assumed that the weighting functions derived from simulation perfectly represented
the problem being measured. The assumptions in the layer thicknesses used for the model may have been
incorrect. This problem will arise in medical applications, as it will be difficult to measure the thickness
of each tissue in an inexpensive manner. Nuclear magnetic resonance imaging (NMRI) is capable of this,
but is a costly procedure. In this section, the problem of tissue thickness variability will be analyzed by
generating simulated or “synthetic” radiometer data, which is often done to demonstrate the feasibility of
determining temperature profiles for medical applications [11,12,41,107]. Retrieval with inaccurate model
data (electrical properties of tissues, skull thickness, and bolus thickness) has been investigated with artificial
brightness temperature measurements for the application of hypothermal neural rescue therapy in infants by
Hand et al [11]. Hand et al demonstrated deviations in bolus thickness and skull thickness lead to the largest
inaccuracies. For the same application of hypothermal neural rescue, Sugiura et al [41] considered variation in
the conductivity of the brain demonstrating a maximum estimation error of 0.95-1.05 K. Muzushina et al [105]
considered fat thickness variability (5-25mm) for the application of hyperthermia control. The fat thickness
was assumed known, and a thickness of 15 mm gave the worst precision with a two standard deviation interval
of 1 K up to a depth of 5cm.

This motivates the question, how does error in the model used for the weighting function affect determining
the temperature within the body? To investigate this problem, the application of monitoring the circadian
rhythm will be considered. The circadian rhythm may be monitored by measuring core body temperature
[111,112]. Disruptions to the circadian rhythm have been linked to seasonal affective disorder (SAD) [111],
Type 2 diabetes [113], and heart disease [114]. In particular, the treatment of SAD aims to increase the
amplitude of the circadian rhythm [111], in which case the measure of amplitude is core temperature. The core
body temperature is often measured with a rectal probe [111,112] or a gastrointestinal (GI) pill temperature
monitor [115]. In addition to monitoring core body temperature for circadian rhythm monitoring, there is
interest in monitoring thermal stress by measuring core body temperature for athletic and occupational
hazards [115].

Therefore, a wearable microwave radiometer could be used as a non-invasive device to measure core body
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temperatures in clinical studies, and it is then necessary to known how variations in tissue thicknesses affect
the estimate of important parameters for the circadian rhythm such as amplitude and phase. In this study,
only effects due to incorrect weighting functions are considered, error due to change in the reflection coefficient
is not considered. The variability in tissue thicknesses is studied purely in simulation for a three layer problem
of skin, fat, and muscle. Weighting functions are determined for a set of probes (400 MHz, 1.4 GHz, 2.7 GHz,
and 4.9 GHz) on tissues with variable thicknesses, radiometric measurements are generated in simulation, and
estimates are made for the unknown core temperature.

The simulations of the probes to determine the weighting functions were carried out in Ansys HFSS. A
three layer medium consisting of skin, fat, and muscle was analyzed with perfectly matched layer (PML)
boundaries. The dipole was placed directly on the surface of the skin and was assumed to be a perfect electric
conductor (PEC) fed with a lumped 50 Q port. The thicknesses of the skin and fat were varied £10% from the
nominal values of 2mm and 10 mm respectively in 5% increments. The dipole parameters such as frequency,
length, width, and reflection coefficient (minimum and maximum for all tissue thicknesses) are shown in

Table 5.7.

Table 5.7: Dipole parameters for the variability study of the three layer problem of skin, fat, and muscle.

Frequency Length [mm], Width[mm] Min(|T|)[dB] Max(|T|)[dB]

400 MHz 96 1 -18.2 -17.3
1.4GHz 274 1 =27 -23.9
2.7GHz 15 1 -23.3 -22.3
4.9 GHz 9 0.8 -19.8 -15.4

To test the variability in tissue thickness, simulated radiometric data was generated using the “correct”
thickness that is within 10% of the nominal value. The goal of the analysis is to determine the unknown
parameters of the muscle temperature. To create the radiometric estimates, first a temperature profile was
generated for one day worth of data with temperatures corresponding to the circadian rhythm assuming the
core amplitude is 0.4 °C [112] (rectum measurements). The function for the skin was used to estimate the
data presented in [112] for the proximal (core) skin temperature (weighted average of: infraclavicular area,
midthigh, stomach, and forehead). The fat is assumed to be an average of the two layers, and the background

temperature is assumed to be 22 °C. The following equations describe the skin, muscle, fat, and background
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temperatures as a function of time in hours as

Toan(?) = 345 = (e_(t_7)2/2(0‘7)2 - e_(t_11)2/2(1)2) °C

2
Tinuse(t) = 36.6 + 0.4 cos (t;;) °C

Tskin (t) + Tmusc (t)
2

Tfat (t) = °C

Thgna(t) =22 °C, (5.31)

which are shown for a 24 hour period in Fig. 5.14 along with measured data present by Krduchi et al [112].

38 ! ! ! ! !
37
(&)
2. 36
o ‘ : ‘ S
3 ! ! ! ! !
B 3B R R R R .
— . . . .
g, ‘ ! —— Skin M
g 34 — — Fat M
= —— Muscle
33 Krauchi
1 1 1 S EERE Krauchi
32 | | | | T
0 4 8 12 16 20 24

Time [hours]

Figure 5.14: Simulated temperatures of the skin, fat, and muscle over a 24 hour period along with measured
data present by Kréduchi et al [112].

The goal of this analysis to estimate how error in the weighting function affects the estimate of the muscle
temperature. This was done by creating radiometric data from a correct weighting function (W,), then using
both the correct weighting function and the nominal weighting function (W,,), an estimate of the tissue
temperatures was determined. After the data was inverted, the non-linear regression tool curve_fit available

in the Python library SciPy was used to fit to the unknown function given by

Acos(Bt+C)+ D. (5.32)

This analysis was simulated in Python with the following steps:

e Select a correct weighting function W/} corresponding to one of the combinations of tissue thicknesses

varying up to 10% from the nominal values.
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e Generate a radiometric observation at one minute intervals by adding noise e characterized by a normal
distribution with zero mean and a standard deviation of 0.05 where the radiometric measurements are

given by
Ty =W.T+e (5.33)
where T is a vector of the actual tissue temperature from (5.31).

e Estimate the tissue temperatures from the radiometric measurements using the least-squares method
and the optimal estimation method for both the correct weighting function and nominal weighting
function. The covariance matrices used in the optimal estimation were assumed to be Sy = I and

Sy = 0.00251 where [ is the identity matrix, and the mean profile Ty was assumed to be

36.6

35.55

T, °C. (5.34)

34.5

22

o After 24 hours of data has been estimated, the result is fit to the function in (5.32) to determine the

unknown parameters A%, B*, C?, and D*.

e For each correct weighting function repeat this process 500 times to estimate the mean value X? of the

unknown parameter and the standard deviation o(X?) (X = A, B, C, or D).

o After all the weighting functions have been used to generate data, find the error by determining the
minimum of all the values minus the corresponding standard deviation, and the maximum of all the

values plus the standard deviation. The following will be considered the error bound

+Max [ﬁ i J(Xi)} — Xoactual

Error Bound (EB) = (5.35)
—Min {ﬁ — O'(XZ):| — XActual
and the relative error bound normalized to the actual value is
Max [FJrU(X"’)} — X Actual
Relative Error Bound (REB) = _ Kactual (5.36)
Min [XI—O'(X’L)} —XActual
- XActual

where X7 is the average from each iteration of the weighting function for X = A, B, C, or D.
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This procedure is detailed in the code diagram shown in Fig. 5.15, and was repeated for three cases with:

(1) Four measurements (400 MHz, 1.4 GHz, 2.7 GHz, and 4.9 GHz) and four unknowns (skin, fat, muscle,

and background)

(2) Four measurements (400 MHz, 1.4 GHz, 2.7 GHz, and 4.9 GHz) and two unknowns (fat and muscle)

(3) Three measurements (1.4 GHz, 2.7 GHz, and 4.9 GHz) and two unknowns (fat and muscle)

The results of the simulations are shown for the nominal weighting functions in Table 5.8, where the
column heading “M,U” refers to the number of measurements and unknowns along with the results if the
correct weighting function is used as shown in Table 5.9. Table 5.8 shows the results of the inversion if the

nominal weighting function is used instead of the correct one.

Table 5.8: Summary of analysis where various methods are used to invert the data using the nominal weighting
function for radiometric observations generated by tissues properties varying 10% from the nominal values
of 2mm of skin and 10mm of fat. The table presents the error in the estimates for the unknown muscle
temperature parameters.

Method M,U REB(Mean)[%] REB(Amp.)[%] REB(Period)[%] EB(Phase) [Hrs.]

T o jt e o
P 44 i Py her iy
s 4 7 Ty e oo
op 4 o T iy iy
s 8 o s jis e
P 32 iy e oo o

It can be seen for the least-squares inversion with four measurements and four unknowns, both the correct
and nominal weighting functions yield results that, due to the noise in the measurement and error in the
weighting function, may vary a great deal from the correct value. For the amplitude and correct weighting
function it is up to 10136%. These results would not make a useful medical device. However, if the optimal
estimation technique is used, the estimate for the amplitude within 10% of the nominal value when utilizing the

nominal weighting function. The least-squares estimate yields better results if there are more measurements
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Figure 5.15: Code diagram for the tissue thickness variability analysis.

than unknowns, where value of the amplitude estimate is within 12.5% of the actual value when utilizing the
nominal weighting function.

This analysis demonstrated that if tissue thicknesses vary 10% from the model used for the weighting
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Table 5.9: Summary of analysis where various methods are used to invert the data using the correct weighting
function for radiometric observations generated by tissues properties varying 10% from the nominal values
of 2mm of skin and 10mm of fat. The table presents the error in the estimates for the unknown muscle
temperature parameters.

Method M,U REB(Mean)[%] REB(Amp.)[%] REB(Period)[%] EB(Phase) [Hrs.]

s e a0t T it
op 44 +0002 +26 o i
s 4 i o o e
OP 4,2 o o o o
s g i iy 65 o
P 32 s i e "oz

function, accurate estimates can be made for the amplitude of the core body temperature. Optimal estimation
may be used to improve the estimate if there are an equal number of measurements and unknowns. The
least-squares method is useful if there are more measurements than unknowns. It must be noted that this
inversion analysis is specific to the probes simulated, tissue model, and noise assumed in the measurements.
Additionally, the mean profile used in the optimal estimation is very close to the actual temperature as they
do not vary much from their mean value. This, however, is a reasonable assumption as a body temperature

less than 35°C is considered hypothermic, and greater than 38.3°C is considered hyperthermic.

5.8 CONCLUSION

The following list summarizes the contributions from this chapter.

e Demonstrated detection of temperature change for a water phantom utilizing both the 1.4 GHz and

2.7 GHz radiometers and probes.

e Using a single frequency measurement, determined subsurface temperature of a three layer medium

consisting of water, glass, and water with the 1.4 GHz radiometer.

e Demonstrated multi-frequency subsurface temperature detection using both the 1.4 GHz and 2.7 GHz

radiometers simultaneously.
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e Discussed the least-squares and optimal estimation method and applied both to the temperature
estimates from the two-frequency system measurements. The optimal estimation method helps to

constrain the problem by weighting measured results with historical data.

e Analyzed the error in temperature estimates if incorrect weighting functions are used by simulating
radiometer data for a model of three layer tissue model of skin, fat, and muscle, demonstrating useful
results if there are more measurements than unknowns or if the optimal estimation technique is used

with an accurate historical temperature profile.
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CHAPTER 6

SUMMARY AND FUTURE WORK
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6.1 SUMMARY

In summary, this research has addressed the analysis and design of a microwave radiometer system capable of
measuring subsurface temperature changes with a near-field probe. A background of radiometry specific to
near-field sensing was presented. Microwave radiometers are practical for addressing medical problems in
which it is necessary to determine subsurface temperature because at microwave frequencies sensing depths of
up to 3-7cm are achievable [4,5] Microwave radiometry for non-invasive temperature measurements is based
on near-field power reception and holds promise to achieve the spatial resolution and sensing depth necessary
for a variety of medical applications, including cancer detection [7,8]. Monitoring drug delivery for cancer
treatment [9], hyperthermia temperature control [10], hypothermic neural rescue of infants suffering from
hypoxia-ischemia [11,12], and detection of vesicoureteral reflux in children [13,14] also utilize non-invasive

near-field radiometric measurements. Measurement of elevated joint temperature to detect arthritis by non-



invasive microwave thermometry has also been investigated [5,15]. Quantification of in vivo inflammation
in atherosclerotic plaques by means of non-invasive microwave radiometry has been applied to the area of
vascular pathology [16,17].

While there are a number of applications in which near-field radiometry has been investigated, monitoring
the circadian rhythm, which is considered in this thesis, is a promising application for determining core
body temperature, and has not previously been discussed as an application. A number of challenges must be
addressed for this application: operation in a congested RF environment, compact size of the receiver and
probe, subject variability. These challenges are considered in this thesis. To address operation in a congested
RF environment, “quiet” frequency bands reserved for radio astronomy and remote sensing are be used.
Separate dipole probes that can be light-weight and flexible not only address the size restrictions, but also
help with filtering unwanted interference.

Since a dipole was the choice of probe to receive thermal emissions from the human body, the limitations
on sensing depth were explored using a spectral domain analysis. While the dipole is one aspect of reducing
the size of the radiometer, MMIC circuits that addressed circuitry such as calibration were presented as a
way of reducing the overall size of the receiver by demonstrating on-chip circuitry.

To demonstrate the approach of using “quiet” frequency bands with dipoles as the probe, a water phantom
was used to demonstrate detection of subsurface temperature changes at a depth of 1.5 cm. The measurements
were made with receivers that were designed specifically to operate at 1.4 GHz and 2.7 GHz. Finally, the
issue of tissue thickness variability was explored by generating simulated radiometer data to determine how
error in the model used for the weighting function affects determining core body temperature variations for

monitoring the circadian rhythm.

6.2 FUTURE WORK

The results from this thesis demonstrated a proof-of-concept for detecting temperature changes at a depth
using a water phantom. Additionally, the sensing limitations were discussed, and variability in the model
used to invert the radiometric data was analyzed for the application of monitoring the circadian rhythm. The

selection of frequencies and compact dipole probes were chosen so that the radiometer system could be a
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wearable device operated in a congested RF environment which may be encountered in a clinical testing
application. While there are a number of applications for non-invasive temperature sensing which were
briefly mentioned in the introduction, monitoring core body temperature for clinical studies would be a good
candidate for demonstrating this system as a useful non-invasive medical device. Before this system can be
implemented for this purpose, however, a few challenges remain. The three challenges that have the most
immediate need are (1) improving the phantom model used for demonstration, (2) analyzing the affect of
tissue variability, and (3) integration of the receiver to develop a compact system for use in monitoring the
circadian rhythm. Each challenge is addressed below.

The current model used for the proof-of-concept was a water phantom in which the bottom water layer
varied 3°C in temperature and the top layer water change 5°C over a time period of 30 minutes. While this
demonstrated the measurement of subsurface temperature changes, it will be necessary to develop a more
accurate phantom model that not only mimics the electric properties of tissues (e.g. [47-49]), but also the
temperature changes in the body on similar time scales. This improved phantom could be further used to
explore the sensing depths predicted by the formulas presented in Chapter 4.

The second issue of tissue thickness variability may be explored in further detail with the improved
phantom model. Resources such as the “Virtual Population” provided by the IT’IS Foundation [30,116] as
seen in Fig. 6.1 can be a guide to developing an improved model. The probes developed for this phantom
could be simulated in commercial software such as Ansys HFSS to generated a library of weighting functions.
This library of weighting functions could then be used to place error bounds on the estimated temperature
given the confidence in the estimated tissue layer thicknesses. The accuracy of the estimated temperature may
be improved by using the optimal estimation technique as demonstrated in Chapter 5. With this measurement
setup, historical data could be generated by running the experiment several times under the same controlled
conditions, and then used as a more appropriate mean temperature profile in the optimal estimation method.
The results of these controlled experiments may further demonstrate the applicability of the system to be
used for medical applications, and will help determine where the system is insufficient.

Finally, to extend this proof-of-concept to deployment in a clinical testing facility, the radiometers must

be integrated. A first step would be to integrate each receiver onto a single PCB with compact surface mount
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Figure 6.1: Virtual family that may be used as guide for estimating tissue variability. Image taken from [116].

parts. Fig. 6.2 demonstrates a prototype radiometer board that is the size of a credit card (8.2cm x 5cm)
neglecting the connectors. Multiple receivers at two or three different frequencies would be developed on
separate boards, and then integrated into a single housing that could be worn by the patient. Cables would
then extend from the receivers to the probes, and the output of the receivers would have to be measured by a
compact low power microcontroller such as the MSP430 available from Texas Instruments [117].

The end goal for the system would be to accurately measure core body temperature changes as predicted
by the results presented in Chapter 5 in a less invasive manner than current methods such as rectal thermistor
probes [111,112]. This could first by done by the portable hybrid boards detailed earlier, and then be
implemented in an integrated system-on-a-chip. The LNAs used in the receiver can easily be integrated on
chip as commercial LNAs are often just packaged MMICs. Chapter 3 addressed two circuits that can be used
to help integrate the entire system onto a single chip. Integrating as many components of the receiver as
possible onto a single chip will increase the usability of the system as it will interfere less with the user given

the reduced size. Ultimately a CMOS process would be a great candidate for implementing a system-on-chip.
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Figure 6.2: Example PCB of a radiometer integrated on a single board.

CMOS RFIC receivers in the frequency range of 1 to 5 GHz have been presented demonstrating noise figures
from 4-7dB and gain from 10-48 dB [118-121].

A clinical environment would provide the opportunity to validate estimates from radiometer measurements
with data from thermistor probes. This would also provide an opportunity to further explore how variability
in tissue thicknesses affects the inverse problem where weighting functions are generated by simulating a
simplified model of the human body. As tissue thicknesses vary from person to person a suite of probes should
be made for patients corresponding to a category of tissue thicknesses. This will ensure the probe is matched
and error is not introduced due to reflection from the receiver. For each probe, a library of weighting functions
can be used to invert the measurements to provide a confidence interval for the estimated value. This system,
including the receivers, probe suite, and library of weighting functions could prove to be flexible to meet the
needs of various patients. In addition, an array may be used to focus the sensing within the body, however,
the inverse problem in this case will be more complicated and will need a more detailed model such as those
from [30]. Historical data from thermistor probes could be used in the as the mean profile in the optimal
estimation technique which, in Chapter 5, demonstrated how the method may be used to help constrain the
inversion which will not only improve the accuracy, but also the variance of the estimate. Mean profiles in the

analysis were assumed to very close to the exact value. This motivates the need for acquiring historical data
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on a patient or classification of patients that may be used in as the mean profile in the optimal estimation

technique.

6.3 CONTRIBUTIONS

Specific contributions from the material presented in Chapters 2-5 are summarized below.

Chapter 2 presented the background, design, and measurements of two radiometers designed for 1.4 GHz
and 2.7 GHz operation. The narrow frequencies bands selected were chosen because they are “quiet” bands
reserved for radio astronomy and remote sensing, and at the expense of radiometer sensitivity, which, may be
improved by increasing the integration time. In addition to the receiver, the probe is an essential part of the
system for near-field temperature sensing, and multiple designs were presented. The following list summarizes

the contributions from this chapter.

e To address the problem of operation in a congested RF environment, narrow frequency bands allocated

for remote sensing and radio astronomy were utilized.

e Two radiometers capable of detecting temperatures in the range of the human body have been designed
using the two-load architecture for flexibility in the mode of operation. Their performance was char-
acterized in terms of the sensitivity to input power and frequency selectivity. In addition, the Allan
variance when measuring a constant temperature water half-space was determined. The frequencies of

operation for the radiometers were 1.4 GHz and 2.7 GHz.

e Two dipole probes were presented to measure temperature changes of a water phantom.

e Two multi-frequency probes were designed for measuring human tissues. The design methodology

allowed for separate feeds for each frequency while maintaining SAR patterns that coincide spatially.

e A two frequency (400 MHz and 1.4 GHz) probe designed to be matched when placed on the human

sternum was presented in Chapter 2 and the results were reported in [122].

e A three frequency probe (1.4, 2.7, and 4.9 GHz) was designed and measured and the results are reported

in [123] that is currently under review for publication in the Transactions on Antennas and Propagation.
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To address the goal of developing a compact system, Chapter 3 presents two GaAs MMICs: a tunable
coupler and an active “cold” calibration standard. The first MMIC presented was the tunable coupler which
may be used in a radiation balance radiometer architecture combining the fixed directional coupler and

tunable attenuator into one circuit. The following list summarizes the contributions from the tunable coupler.

e Presented design procedure for a tunable coupler utilizing even and odd mode analysis.

e Designed a 2 GHz tunable coupler in a TriQuint 0.5um GaAs process with a coupling coefficient ranging

from 6.6 to 60 dB.

e Results from this paper were presented at the 2012 International Microwave Symposium [78]. The paper
was selected as a finalist in the student paper competition (the top 26 out of 356 student papers were

chosen as finalists).

The second MMIC presented in Chapter 3 was an active cold noise source for an on-chip calibration

standard. The following list summarizes the contributions from the cold noise source.

A design procedure for obtaining a minimum equivalent noise temperature of an active cold load was

presented utilizing the equations given in [86].

e An example was shown demonstrating a minimum in 7T ; for two different bias points of a TriQuint

0.5 um GaAs pHEMT device using TriQuint’s nonlinear TOM3 model.

e The procedure was applied to a 1.4 GHz GaAs MMIC which demonstrated a measured equivalent noise
temperature of less than 90 K from 1.3 GHz to 1.5 GHz while maintaining a return loss greater than

28 dB.

e Results from this work were presented at the 2013 Compound Semiconductor IC Symposium (CSICS)

[124].

Chapter 4 investigated modeling of the interaction of human tissues with a probe antenna situated on the
surface of the skin. An improved sensing depth metric was presented and analyzed for a water phantom, and

a three layer tissue model of skin, fat, and muscle. The results from this chapter are currently under review
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for publication in the Transactions on Antennas and Propagation [123]. The following list summarizes the

contributions from this chapter.

e A simplified model of a dipole in a lossy stratified medium was analyzed using a spectral-domain
technique to determine the input impedance and sensing depth, defined in terms of the dipole near-field

weighting functions, the total power radiometer sensitivity, and the desired temperature resolution.

e The technique was verified for the general case of a dipole on a water half-space by comparing impedance
and normalized power dissipation to commercial FEM software, Ansys HFSS, with good agreement.
Additional verification was presented for the input impedance of a dipole on a water half-space and a

GaAs half-space by comparison to results presented in the literature.

e The analysis demonstrates simple propagation models do not accurately reflect the way power will be

received from a dipole in contact with tissues.

e The results enable the design of other types of probes for a desired sensing depth by extending the
theory to a three layer human tissue model of skin, fat, and muscle. The input impedance is validated
with Ansys HFSS, and the sensing depth is compared for different tissue thicknesses demonstrating a

difference in sensing depth for different thicknesses of skin and fat.

Chapter 5 utilized the radiometers presented in Chapter 2 to demonstrate the detection of subsurface
temperature changes using a water, glass, water phantom. Additionally, the question of weighting function
model validity is addressed by simulation of a radiometer measuring thermal emission from a three layer

tissue medium of skin, fat, and muscle. The following list summarizes the contributions from this chapter.

e Demonstrated detection of temperature change for a water half-space phantom utilizing both the

1.4 GHz and 2.7 GHz radiometers and probes

e Using a single frequency measurement, determined subsurface temperature of a three layer medium

consisting of water, glass, and water with the 1.4 GHz radiometer

e Demonstrated multi-frequency subsurface temperature detection using both the 1.4 GHz and 2.7 GHz

radiometers simultaneously. The error in the absolute temperature and detection of the change in
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temperature is discussed.

e Discussed the least-squares and optimal estimation method and applied to estimate the temperature of
the three layer medium using the two-frequency system measurements. The optimal estimation method

helps to constrain the problem by weighting measured results with historical data.

e Analyzed the error in temperature estimates if incorrect weighting functions are used by simulating a
radiometer system measuring thermal emission from a three layer tissue model of skin, fat, and muscle.
This analysis demonstrated useful results if there are more measurements than unknowns or if the

optimal estimation technique is used with an accurate historical temperature profile.

In summary, this thesis paves a path towards a wearable microwave thermometer for core body temperature
measurement. The basic principles are identified and demonstrated, showing the feasibility and opening up

several areas for future research.
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APPENDIX A

VARIATIONAL SOLUTION TO THE

INPUT IMPEDANCE

A variational solution to the input impedance can be found using the induced EMF method. This is the same
as presented by Galejs [93] and Sec. 9.1 of [94] and is summarized here for clarity. To determine the input

impedance the antenna current density is represented by the trial function

Jo(@,y) = [Afa(@) + Bfs(@)] /(y) (A1)
where
falw) = sin [k(1/2 - Jo]) (A2)
fi(a) = 1= cos [k(1/2 — |a)] (A3)
f) = - (A4)

The Fourier transform of (A.1) is given by

Tula, 6) = 5 sinc(BW/2) [Aga(a) + Bys(e) (4.5)
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where

Substituting (A.5) into (4.57) yields

7 _ A%Caa +2ABCas + B*(sB
" (Af4(0) + Bf5(0))?

(A.8)

where

3 2(.0 oo OO -
CJ\/M:L:2 /0 /0sinc2(6W/2)F(a,ﬂ)gN(Oé)gM(Oé)dadﬂ (A.9)

and N, M = A and/or B. Dividing the numerator and denominator of (A.8) by AB yields an expression in

terms of the ratio A/B

(A/B)Can +2CaB + (B/A)(BB

Fin = (A/B)fa(0)* +2fa(0)f5(0) + (B/A) f5(0)*

(A.10)

The impedance is stationary such that a small change in the current about its correct value will cause a zero
first order change in the impedance. The stationary nature of the impedance is utilized to find the ratio A/B

by requiring 07;,/0(A/B) = 0. Performing the differentiation and solving gives

A fa0)¢sB — fB(0)CaB
B~ Fu(0)an—Fa(0)an (A.11)

_ Caalep — (4
Z. = 5 B (A.12)
where
A = fp(0)°Can — 2f4(0)f3(0)Can + f4(0)*CnB. (A.13)
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APPENDIX B

POWER FLOW IN A STRATIFIED

MEDIUM

The expression for the power flow, or real power passing through a plane in the i-th layer of a stratified

medium is given from (4.59) using the transformed fields in (4.24) where

By = [—AiBwp; (€727 + Tqi) + jsBiary; (€727 — Ty )| €707 (B.1)
ﬁ%_l = [jSAiﬁ’}/i (6_28%2 — Fm‘) — Biweia (6_25%2 + sz)] e’vi® (BZ)
= [-jsA:m; (6—2873 _ r;z.) — Blwela (e—%ﬁ sy r;;i)} ez, (B.3)

Multiplying (B.1) by (B.3)
Ea:z-ﬁ;l = {j3|Ai|2ﬁ2wﬂi'ﬁ (727" +Ty) (6_287’?2 - FZ;)
FABw i€ af (720 4+ Typ) (7277 4 T )
+A;‘Biaﬂ|%—|2 (6725%2 - an') (6725%& - I‘ZZ)

— js| Bil*wefvia® (727 — Ty) (67287& + Fizﬂ e?eReliilz, (B.4)

159



Again using the transformed fields in (4.24)

E, = [Asowp; (€727 4 Ty;) + jsBify (725777 —Ty;) ] €7 (B.5)
ﬁxi = []SAZOK}/Z (6725%% — PM‘) + Bl-wqﬂ (6728%’2 + sz)] evi® (BG)
Hyy = [=jsAian; (72772 = Tiy) + Biwel B (e7277 4 Ty, ) | e, (B.7)

Multiplying (B.5) by (B.7)

Eylﬁ;l = [—js|Ai|20¢2w,uiﬁ (6725’“2 + Tai) (eiZSﬁz — FZZ)
+A;Bi W i aff (e77F 4 Tyy) (e_Qsﬁz + FZi)
AT Bioil? (77 = Tyy) (7207 — Ty,

+ j3|Bi|2W€f’}’i62 (e—2$'yiz _ Fbi) (G_QS’Y:Z + le)} e2sRe{'yi}z. (BS)

The expression for the power flow, or real power passing through a plane in the i-th layer of a stratified

medium is found by subtracting (B.8) from (B.4) and combining with (4.59) yields

P(2) = — 27%Im {/_Z /_O;(aQ + 82

% |:|A1|2,LL1"Y:< (6725Re{"/i}z 7 in672jslm{'\/i}z + Fm_ersIm{'yi}z o |Fai|2€23Re{'yi}z)

_ |Bi|2€:7i (6725Re{“ﬁ}z + in672jslm{“ﬁ}z _ Fbie2jslm{“ﬁ}z _ |Fbi|2625Re{%}z>} dadﬂ} ] (BQ)
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APPENDIX C

UNITS

Table C.1: Table of units for various quantities used in this document.

Quantity Symbol Unit

Spectral Brightness By W-m~2-sr~1-Hz ™!
Current density (surface) Js A/m

Spatial domain current density (surface) J, A-m

TE amplitude coefficient A; A-m?

TM amplitude coefficient B; A-s m3/F

x spatial transform variable « m~!

y spatial transform variable 8 m~!
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APPENDIX D

PyTHoN CODE FOR PROBE

ANALYSIS

Listing D.1: TE Reflection Coefficient TI'y;

## Functions for solving spectral domain fields
def gamma_a(zs, ks):
"""Calculates the TE reflection coefficient.

5 Parameters
zs : array
Locations of layer interface between i and i+l layer
ks : array of complex
10 Array of complex propagation coefficients

Returns
gamma : function
15 Function of the transform variables a and b for the TE reflection
coefficient
vals = zs.shape[0]
if vals ==
20 return lambda a, b: 0
else:
z = zs[0]
s = sign(z)
gam@ = lambda a, b: mpmath.sqrt(((a + 0j) *x 2 + (b + 0j)**2) - ks[0] \
25 *k 2)
gaml = lambda a, b: mpmath.sqrt((( a+ 0j) *x 2 + (b + 0j)*x2) - ks[1] \
*k 2)
Gamp = gamma_a(zs[1l:], ks[1l:])
return lambda a,b: e *x (-2 x s * gamO@(a, b) * z) * \
30 (e *xx (-2 *x s *x gaml(a,b) * z) + Gamp(a, b) - \
(gaml(a, b) / gam@(a, b)) x (e *x (-2 *x s x gaml(a, b) x z) - \
Gamp(a, b))) / \
(exx(-2 *x s x gaml(a, b) * z) + Gamp(a, b) + \
(gaml(a, b) / gam@(a, b)) * (e *x (-2 * s *x gaml(a,b) * z) - \
35 Gamp(a, b)))
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Listing D.2: TM Reflection Coefficient I';

def gamma_b(zs, eps, ks):
"""Calculates the TM reflection coefficient.

Parameters
zs : array
Locations of layer interface between i and i+1 layer
eps : array of complex
Array of complex permittivity for each layer
ks : array of complex
Array of complex propagation coefficient

Returns

gamma : function
Function of the transform variables a and b for the TM reflection
coefficient

vals = zs.shape[0]

if vals ==
return lambda a, b: 0

else:
z = zs[0]
s = sign(z)
gam@ = lambda a, b: mpmath.sqrt(((a + 0j) ** 2 + (b + 0j) *x 2) - \
ks[0] *x 2)
gaml = lambda a, b: mpmath.sqrt(((a + 0j) *x 2 + (b + 0j) *x 2) - \
ks[1] =*x 2)
Gamp = gamma_b(zs[1:], eps[1:], ks[1:])
return lambda a, b: e #x (- 2 * s x gam@(a, b) * z) * \
(e *x (-2 * s % gaml(a, b) * z) + Gamp(a, b) - \
(eps[0] * gaml(a, b)) / (eps[l] * gam@(a, b)) * (e *x (-2 x s x \
gaml(a, b) * z) - Gamp(a, b))) / (e *x (-2 *x s x gaml(a, b) *x z) + \
Gamp(a, b) + (eps[0] * gaml(a, b)) / (eps[l] * gam@(a, b)) = \

Listing D.3: TE Amplitude Coefficient A;

def amplitude_a(zs, ks, zfull, kfull, k1, G1l, s):
"""Calculates the ith TE amplitude coefficient.

Parameters
zs : array
Locations of layer interface between i and i+l layer
ks : array of complex
Array of propagation constants for each layer
zfull : array
Locations of all the layers which is neccessary for calulcating the
reflection coefficients
kfull : array of complex
Array of all the complex propagation constants for each layer which
is necessary for calculating the reflection coefficients
k1l : complex
Other half-space propagation constant
Gl : function
Other half-space TE reflection coefficient
s : int
Sign defining whether to calculate upper or lower half-space
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Returns

amplitude : function
Function of the transform variables a and b for the TE amplitude
coefficient

vals = zs.shape[0]

if vals == 0:
gamm = lambda a, b: mpmath.sqrt(((a + 0j) *x 2 + (b + 0j) **x 2) - \
ks[0] *x 2)
gaml = lambda a, b: mpmath.sqrt(((a + 0j) *x 2 + (b + 0j) *x 2) - \
kl *x 2)
Gam = gamma_a(zfull, kfull)
if s == -

return lambda a, b: 1j * (1 + Gl(a, b)) / (1 + Gam(a, b)) * \
(gaml(a, b) * (1 - Gl(a, b)) / (1 + Gl(a, b)) + \
gamm(a, b) * (1 - Gam(a, b)) / (1 + Gam(a, b))) **x (-1) * \
b/ ((a*xx 2+ b *xx2) x (1 + Gl(a, b)))
else:
return lambda a, b: 1j * (gamm(a, b) * (1 - Gam(a, b)) / \
(1 + Gam(a, b)) + gaml(a, b) * (1 - Gl(a, b)) / (1 + Gl(a, b))) \
% (-1) *x b / ((a ** 2 + b *x 2) * (1 + Gam(a, b)))
else:
z = zs[-1]
Gamp = gamma_a(zfull[vals:], kfull[vals:])
Gam = gamma_a(zfull[vals-1:], kfull[vals-1:])
gam@ = lambda a, b: mpmath.sqrt(((a + 0j) *x 2 + (b + 0j) *x 2) - \
ks[-2] *x 2)
gaml = lambda a, b: mpmath.sqrt(((a + 0j) *x 2 + (b + 0j) *x 2) - \
ks[-1]1 *x 2)
Ai = amplitude_a(zs[:-1], ks[:-1], zfull, kfull, k1, Gl, s)
return lambda a, b: Ai(a, b) * e *x (s * gam@(a, b) * z) / e *x \
(s * gaml(a, b) * z) * (e *x (-2 * s x gam@(a, b) * z) + Gam(a, b)) \

Listing D.4: TM Amplitude Coefficient B;

def amplitude_b(zs, ks, eps, zfull, kfull, epsfull, k1, epsl, Gl, w, s):
"""Calculates the TM amplitude coefficient.

Parameters
zs : array
Locations of layer interface between i and i+l layer
ks : array of complex
Array of propagation constants for each layer
eps : array of complex
Array of complex permittivities
zfull : array
Locations of all the layers which is neccessary for calulcating the
reflection coefficients
kfull : array of complex
Array of all the complex propagation constants for each layer which
is necessary for calculating the reflection coefficients
epsfull : array of complex
Array of all the complex permittivities for each layer which is
necessary for calculating the reflection coefficients
k1l : complex
Other half-space propagation constant
epsl : complex
Other half-space permittivity
Gl : function
Other half-space TM reflection coefficient

w : float
Radian frequency
s : int

Sign defining whether to calculate upper or lower half-space
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Returns

amplitude : function
Function of the transform variables a and b for the TM amplitude
coefficient

vals = zs.shape[0]

if vals == 0:
gamm = lambda a, b: mpmath.sqrt(((a + 0j) *x 2 + (b + 0j) **x 2) - \
ks[0] *x 2)
gaml = lambda a, b: mpmath.sqrt(((a + 0j) *x 2 + (b + 0j) **x 2) - \
k1l *x 2)
Gam = gamma_b(zfull, epsfull, kfull)
if s == -1:

return lambda a, b: -(1 - Gl(a, b)) / (1 - Gam(a, b)) * (epsl / \
gaml(a, b) x (1 + Gl(a, b)) / (1 - Gl(a, b)) + eps[O] / \
gamm(a, b) * (1 + Gam(a, b)) / (1 - Gam(a, b))) **x (-1) * \
a/ (wx (a*xx2+bx*xx2)* (1L - Gl(a, b)) * gamm(a, b))
else:
return lambda a, b: (eps[0] / gamm(a, b) * (1 + Gam(a, b)) / \
(1 - Gam(a, b)) + epsl / gaml(a, b) * (1 + Gl(a, b)) / \
(1 - Gl(a, b))) *x (- 1) xa / (wx*x (a 2+ b xx 2) x\
(1 - Gam(a, b)) * gamm(a, b))
else:
z = zs[-1]
s = sign(z)
Gamp = gamma_b(zfull[vals:], epsfull[vals:], kfull[vals:])
Gam = gamma_b(zfull[vals-1:], epsfull[vals-1:], kfull[vals-1:])
gam@ = lambda a ,b: mpmath.sqrt(((a + 0j) *x 2 + (b + 0j) *x 2) - \
ks[-2] *x 2)
gaml = lambda a, b: mpmath.sqrt(((a + 0j) *x 2 + (b + 0j) **x 2) - \
ks[-1] *x* 2)
Bi = amplitude_b(zs[:-1], ks[:-1]1, eps[:-1], zfull, kfull, epsfull,
k1, epsl, Gl, w, s)
return lambda a, b: eps[-2] / eps[-1] * Bi(a, b) = \
e xx (s x gamO(a, b) * z) / e *x (s * gaml(a, b) * z) * \
(e *x (-2 * s * gamO@(a, b) *x z) + Gam(a, b)) / \
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