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ABSTRACT

The class-E amplifier has a maximum theoretical efficiency of 100 %, compared
to, for example, ideal class-A (50 %) and class-B (78 %) amplifiers. Invented in 1975 by
Alan Sokal [1], the class-E amplifier has been used at MHz frequencies using lumped el-
ements to enforce class-E operation, achieving efficiencies approaching 100 % [1]. Mean-
while, at microwave and mm-wave frequencies (0.3-300 GHz), traditional power am-
plifiers provide moderate output power levels at relatively low operating efficiencies
(20-50 %), generating heat and lowering battery life in mobile equipment. Class-C and
Class-F amplifiers achieve higher efficiencies than class A or class B, but the class-E am-
plifier promises mazimum efficiency performance. In this thesis, the class-E switched-
mode circuit conditions are satisfied using distributed transmission lines, and high ef-
ficiency operation is experimentally achieved at microwave frequencies. For example,
using the Siemens CLY5 MESFET at 0.5 GHz, 83 % drain efficiency (74), 80 % power-
added efficiency (PAE), and 0.55W output power (P.y) are measured, and using the
Fujitsu FLK052WG MESFET at 5 GHz, ng = 81 %, PAE=72%, and Py, = 0.61 W are
measured.

Free-space quasi-optical power-combining techniques offer a practical method
for combining the output power of a large number of devices. In this thesis the quasi-
optical power-combining concept is successfully applied to the transmission-line class-E
amplifier. Measurements show 2.4 W of total output power at 5.05 GHz, with a DC-to-
RF conversion efficiency of 74 % and a power-added efficiency of 64 % for a four-element
power-combined class-E amplifier using Fujitsu FLK052WG MESFETSs. It is believed
that this is the highest reported frequency of switched-mode class-E operation, the first
class-E amplifier using transmission lines instead of lumped elements, and the highest

efficiency free-space power amplifier structure to date.
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CHAPTER 1
INTRODUCTION AND BACKGROUND

1.1 Introduction

The millimeter-wave region corresponds to frequencies between 30 GHz and
300 GHz. This frequency range has a wide variety of applications in communication,
radar, radiometry, remote sensing, radio astronomy, plasma diagnostics, and spec-
troscopy [2]-[5]. Due to the shorter wavelengths, millimeter-wave systems are gen-
erally more compact than their microwave counterparts. They also provide broader
bandwidths for communication systems and higher resolution for radar and imaging
systems. In addition, the atmospheric attenuation at these frequencies is significantly
lower than that of infrared and optical wavelengths, which is important for many of
the applications listed above [2]. Millimeter waves travel through clouds, fog, dust, and
smoke, which allows for radar systems that work well even under these adverse condi-
tions. In contrast, microwave systems lack the required resolution and optical systems
suffer from severe attenuation and scattering.

Presently, tube sources such as klystrons or travelling-wave tubes are necessary
to generate high power levels at millimeter-wave frequencies [6]-[8]. However, these
sources are expensive, have limited lifetimes, and require large, high-voltage DC power
supplies. On the other hand, solid-state devices are relatively inexpensive, have longer
lifetimes, and only require smaller, low-voltage power supplies [9],[10]. Furthermore,
as will be explored in this thesis, solid-state devices are capable of generating moder-
ate power levels with high efficiency, which both maximizes output power for a given
power supply, and also minimizes heat sinking requirements in a system. It would be
advantageous to use solid-state devices to attain medium and high power levels at both

microwave and millimeter-wave frequencies, while maintaining high-efficiency operation.



Since the output power of a single solid-state device is significantly lower than
that of a tube source, and falls off approximately as the square of frequency [11], the
output generated by a large number of such devices must be combined to generate
high power at millimeter-wave frequencies. A review of microwave and millimeter-
wave power-combining techniques may be found in [12],[13]. Both the complexity of
coherently combining the power of hundreds of devices and the associated losses prohibit
the use of conventional passive circuit combiners. Waveguide power combiners have
also been studied [14], but at higher frequencies, the machining tolerances and the
losses due to the waveguide walls become prohibitive as well. These obstacles have
motivated most of the recent research work in free-space power-combining techniques.
The basic idea behind this area of research is to coherently combine the output power
of a large number, perhaps hundreds or even thousands, of solid-state devices in free
space. Since the medium in which the power is combined is free space, which is lossless
and dispersion-free, these methods are similar to optical techniques. However, since the
wavelength is comparable to the size of the structures at microwave and millimeter-wave
frequencies, diffraction plays an important role. Therefore, the approaches used in free-
space power-combining are referred to as “quasi-optical” techniques. Several excellent
review articles discuss the variety of quasi-optical power-combining techniques studied
to date [15],[16]. A special issue of the IEEE Transactions on Microwave Theory and
Techniques has been dedicated to this subject [17]. A significant amount of information
on the background of quasi optics was also presented by Bundy [18], some of which is

repeated here for completeness.

1.2 Background

Quasi-optical power-combining techniques can essentially be categorized into
three distinct areas: (1) wave-beam resonators, (2) active antenna arrays, and (3) active
grids. Fig. 1.1 illustrates the basic differences between these three classes. In wave-
beam resonators, Fig. 1.1(a), the output power of several independently-biased and

tuned oscillators is combined in a free-space Fabry-Perot resonant cavity. This type
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Figure 1.1. The classification of quasi-optical power-combining techniques. (a) In wave-
beam resonators, the power from a number of individual oscillator elements is combined
in a confocal resonator cavity, where the fields have a Gaussian distribution. (b) In
active antenna arrays, a conventional array of antenna elements, each driven by an
active device, radiates power into free space. (c) In active grids, a printed grating
with a period much smaller than a free-space wavelength is loaded with active devices,
and therefore the grid acts more as a distributed impedance surface than an array of
individual elements.



of resonator was first demonstrated by Wandinger and Nalbandian in [19]. A slightly
different configuration was studied by Mink [20]. This 1986 paper is credited with
generating the significant amount of research interest in quasi-optical power combining
seen today. Additional work in oscillators utilizing open-cavity resonators may be found
in [21]-[25]. An active antenna array consists of a standard antenna array in which
the individual elements are driven by active devices, Fig. 1.1 (b). A number of both
amplifier [26]-[37] and oscillator [38]-[50] arrays have been demonstrated, using a variety
of different antennas and devices. In these active antennas, the inter-element spacing
is on the order of a half-wavelength. An active grid, on the other hand, consists of a
periodic metal pattern loaded with active devices, where the spacing between individual
elements is a smaller fraction of a free-space wavelength, Fig. 1.1(¢). A number of
both grid oscillators [51]-[57] and grid amplifiers [58]-[60] have been demonstrated.
In all three of these power-combining techniques, a wide variety of solid-state devices
can be used, including two-terminal devices such as Gunn, IMPATT, or tunnelling
diodes, and three-terminal devices, such as metal semiconductor field effect transistors
(MESFETs), high electron mobility transistors (HEMTs), or heterojunction bipolar
transistors (HBTSs).

The first grid oscillator was demonstrated at Caltech by Popovié, Kim, and
Rutledge in 1988 [61]. This structure consists of a 5 x 5 array of GaAs MESFETs
loading a periodic metal pattern printed on a grounded dielectric substrate, as shown
in Fig. 1.2. The gate and drain terminals of the device are connected to radiating leads,
and the sources are connected through the substrate to the back-side metallization using
vias. A coherent oscillation frequency of 9.7 GHz with a few hundred mW of power was
observed when this grid was biased.

A second scheme was developed in which all of the device terminals are coplanar,
eliminating the need for vias [62]. In this structure, a series of parallel, horizontal metal
bars are periodically loaded with MESFETS, as shown in Fig. 1.3. The gate and drain
leads of the devices are connected to the vertical radiating elements between the bars,

and the source leads are soldered directly onto the bars. These parallel plates reinforce
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Figure 1.2. The first grid oscillator, in which a 5 x 5 array of MESFETs load a periodic
structure [61]. The gate and drain terminals are connected to the vertical leads and the
source is connected to the ground plane on the back side of the substrate through vias.
The horizontal line provides the drain bias and the gates are self-biased.



.

Figure 1.3. The (a) front view and (b) side view of the bar-grid oscillator presented
in [62]. The MESFETSs are soldered directly onto horizontal metal bars, which provide
both bias and heat-sinking for the devices.

the desired TEM boundary conditions, and simultaneously provide the bias and the
heat sink for the devices. This bar-grid oscillator operated at 3.0 GHz.

Since the primary goal is to develop a high-power source at millimeter-wave
frequencies using solid-state devices, a design compatible with monolithic fabrication
techniques is desired. This led to the planar grid oscillator shown in Fig. 1.4, where
the metal bars of the bar-grid oscillator are replaced by printed strips on a dielectric
substrate, and all of the device terminals are on the same planar surface [51]. In this
case, the drains and gates are connected to the vertical radiating leads and the sources
are connected directly to the horizontal bias lines. A 10 x 10 array was fabricated and
an oscillation frequency of 5.0 GHz was observed. A number of other grid oscillators
similar in nature have been studied as well [52]-[57], achieving up to 10 W of output
power [57].

The key element in a typical planar grid oscillator is a periodic metal pattern
loaded with an array of solid-state devices, such as the one shown in Fig. 1.4. When the
devices are biased, the electrical noise generates a small signal, which builds up into an

oscillation. Under the proper bias conditions and with the feedback provided through



S
(a) (b)

Figure 1.4. The (a) front view and (b) side view of a typical planar grid oscillator,
consisting of a printed periodic metal pattern loaded with solid-state devices. Under
the proper conditions, the devices lock together and oscillate in phase, radiating power
in the broadside direction. The mirror provides unidirectional output power and may
also be used to mechanically tune the frequency of oscillation.



the dielectric and the mirror, the devices lock together and oscillate in phase, radiating
power in the broadside direction.

Numerous approaches have been taken to analyze periodic quasi-optical struc-
tures such as grid oscillators, many of which are outlined in Scott Bundy’s Ph.D.
thesis [18]. In his thesis, Bundy uses the Moment Method to numerically determine
the impedances seen by an active device embedded within a grid oscillator. These
impedances are then used to find the oscillation frequency of a grid oscillator design.
Bundy and Shiroma also developed a method of analyzing a complete quasi-optical sys-
tem [63]. Both of these methods have demonstrated their usefulness experimentally,
and are currently in use and under further development at the University of Colorado
at Boulder.

A significant amount of work has also been done on more conventional oscilla-
tor arrays [38]-[47]. These structures consist of an array of oscillator elements, each
connected to their own antenna. Different coupling and feedback mechanisms are used,
ranging from situations in which tight coupling is provided through transmission-line
circuitry [64],[65], to cases where the weaker free-space coupling is the predominant
mechanism [66],[67]. This work has been studied at several universities, and many in-
teresting aspects of these arrays have been researched, such as injection locking [68]-[70]
and beamsteering [71]-[74].

Numerous methods have been applied to quasi-optical amplifiers, both for low-
noise receiving and for high power generation. The more classical approach involves a
conventional array of active amplifiers, each with their own separate receiving and trans-
mitting elements, forming a free-space amplifier [26]-[37] . In this case, lens focussing
techniques can be employed to increase the efficiency of the amplifier and overcome the
losses due to diffraction, as demonstrated in [75]-[76]. A second approach utilizing the
active grid philosophy has also shown success [58]-[60]. The grid amplifier in [59] has
a planar structure somewhat similar to the grid oscillator geometry shown in Fig. 1.4,
but with the single MESFET transistors replaced by HBT differential amplifier pairs.

In this thesis, the classical array approach is taken to demonstrate high efficiency



quasi-optical power amplification. Efficiency is important in quasi-optical amplifiers and
oscillators because heat must flow laterally across these two-dimensional structures, and
must be extracted at their perimeter, since a quasi-optical beam must flow through the
surface. The difficulties posed by excess heat production in a quasi-optical power ampli-
fier are seen in Hubert et al [34], and problems arising from excess heat generation in a
power oscillator are seen in [57]. Hubert’s experiences demonstrate that minimizing the
generation of excess heat is clearly desirable. Since each amplifier cell is on the order
of a substrate wavelength in transverse dimension, enough real estate is available for
harmonic waveshaping circuitry necessary for high-efficiency power amplification. Sta-
bilization is difficult in quasi-optical power amplifiers, both because radiating structures
have highly reactive impedances off of their design frequencies, and also because input
and output antennas often couple to one another parasitically. For these reasons, stable
amplification is difficult to achieve without degrading the gain and power conversion
efficiency of the amplifier. Grid amplifiers, where each unit cell is a small fraction of a
wavelength in transverse dimension, offer the possibility of very high power densities,
but matching and stabilization circuitry must be kept physically small, and therefore
tradeoffs must be made to fit each amplifying element into a unit cell. Also, in the
array approach used in this work, a single unit cell can be prototyped to demonstrate
the feasibility of a particular topology; in the grid approach, an entire array must be
populated and powered up to test a new topology. Furthermore, each separate piece of
a quasi-optical array amplifier can be designed and tested separately; in Chapter 6, for
example, a 5 GHz class-E microstrip amplifier is designed and tested in a 50-§) coaxial
environment. Then a 50-£) antenna and a bias network are also separately designed
and tested. When these pieces are put together to form the quasi-optical class-E power
amplifier, it works without any further adjustment. A lower-frequency oscillation oc-
curs (at 1.5GHz), but this is suppressed using resistors and capacitors. The electrical
location and values for these lumped elements is determined from known impedances in
the circuit, and does not degrade the efficiency or gain of the amplifier at 5 GHz.

Besides oscillators and amplifiers, other quasi-optical components have been
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demonstrated as well. Several grid mixers have been fabricated [77]-[81]. The grid mixer
presented in [80] consists of a planar array of Schottky diodes. When two different plane
waves are incident on the grid (an RF and an LO signal), the mixer diodes generate
a signal at the difference frequency, and this low-frequency IF signal is seen across the
entire mixer grid. Phase-shifter grids have been studied in [82]-[84]. In [83], an array
of Schottky diodes is used to change the phase of the surface’s reflection coefficient by
varying the DC bias on the devices. Two of these phase-shifter grids were also used for
beamsteering [82],[84]. Multiplier grids have been demonstrated as well [85]-[88]. In
this case, the diode array generates a plane wave at a harmonic frequency of the incident
plane wave. Grid switches have also been presented [89]-[91]. In [91], the forward bias on
an array of pin diodes is used to vary the reflectance and transmittance of this variable
impedance surface. With such a wide variety of quasi-optical components present in the
literature, the demonstration of a full system based on a number of quasi-optical arrays
should be possible in the near future.

Since quasi-optical power amplification is in an early stage of development, and
since quasi optics is a method of combining already existing devices and circuits, a review
of recent results in single-device amplification is appropriate. Recent developments in
device technology have resulted in the following single-transistor performances: 72 %
power-added efficiency (PAE) with 1 W of output power at 12 GHz [92], 47 % PAE with
0.5 W of output power at 20 GHz [93], 29 % PAE with 1 W of output power at 40 GHz
[94], 24 % PAE with 0.27 W of output power at 60 GHz [95], and 33 % PAE with 0.06 W
of output power at 94 GHz [96]. Furthermore, device technology is improving at a rapid
pace, and it is expected to continue to do so. It is not the intent of this thesis to
compete with single-transistor amplifier results; the point is to build upon these results.
The promise of quasi-optical power combining is to preserve the gain and efficiency of
single transistor amplifiers, but to achieve power levels many times as large.

Numerous classes of amplification have evolved during the past several decades
for both low-frequency and radio-frequency operation, including class A, B, C, D, E,

F, G, H, and S, among others. In [97], Raab gives an excellent review of the classes of
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amplification, and compares the relative strengths and weaknesses of each class. Useful
analysis and design methods for microwave class-A and class-B power amplifiers are
derived in [98]. Each class of operation presents a set of tradeoffs between efficiency,
bandwidth, output power, and gain to the circuit designer. For example, an experimen-
tal study of class-C vs. class-B operation is presented in [99].

Load lines for the most common classes of amplification are superimposed on a
MESFET’s I45-Vgs curves in Fig. 1.5. Class A and class B operate mostly in the active
region of a transistor, which results in maximum gain and linearity at the expense of
efficiency. Classes D, E, and F operate in the switched-mode region of the transistor’s
I45-Vys curves, close to the Vi, = 0 and Iz = 0 axes (where the device dissipation
Vislgs is minimized). This results in maximum efficiency operation, at the expense of
gain and linearity. Class C operates somewhere in between the two extremes, resulting
in a tradeoff between efficiency, linearity, and output power. All of the classes shown
in Fig. 1.5 are suitable for microwave operation, except for class D because of the
phenomenon of switching loss, where the stored capacitive energy in the transistor
is dissipated during each switching cycle. Microwave class-E and class-F amplifiers
minimize switching loss by using reactive tuning at harmonic frequencies to recover the
energy stored in the device’s parasitic reactances during each switching cycle.

The idea of harmonic tuning of RF power amplifiers has been around since at
least 1958 [100], and some work was done in 1967 as well [101]. In both of these works,
a short circuit is presented to the output of the transistor (or vacuum tube) at even
harmonics, and an open circuit is presented at z;ll of the odd harmonic frequencies. This
results in a square-wave voltage waveform, and a raised half-rectified sinusoidal current
waveform. In the ideal case, the product of the voltage and current waveforms is zero at
all times, which results in 100 % efficiency operation because no power is dissipated in the
active device. In [97], Raab coins the term “class F” to denote this type of harmonically-
tuned amplifier operation. During the 1980s this class of amplifier was rediscovered, and
numerous researchers have successfully applied the class F concept to microwave solid-

state power amplifiers [102]-[115]. Of particular interest are [113] and [114], in which
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Figure 1.5. Load lines for the most common classes of power amplification, superimposed
on the I35-Vgs curves for a MESFET. The more linear classes of operation (A,B) operate
largely in the active region of the transistor, while the more efficient classes of operation
(D,E,F) operate in the switched-mode region. Class C falls somewhere in between the
two extremes.

second-harmonic source (input) matching is shown to result in higher efficiency class-F
operation. Also, in [115], a two-transistor amplifier is presented in which each transistor
injects the other with additional second harmonic current, resulting in an increase of
efficiency over the conventional class-F amplifier. Recently a class-F oscillator was
presented [116], in which feedback was added to a class-F amplifier.

The class-E amplifier, invented in 1975 by the Sokals [1], is particularly interest-
ing for high frequency, high-efficiency power generation, and this class of operation is
investigated in this thesis. Class-E amplifier operation is well known at MHz frequencies
using lumped elements (capacitors, inductors), but no examples of microwave class-E
operation have been found in the literature to date. In particular, the transmission-
line class-E amplifier is believed to be newly presented in this thesis. Some interesting
related work is the class-E multiplier [117],[118], and the class-E rectifier [119]. The
high frequency active-antenna rectifier is of interest because it makes microwave power
transmission possible. An example of a so-called “rectenna” is presented in [120]. The

class-E amplifier exhibits similarities in operation to the class-F amplifier, and often
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these two classes of operation overlap (an amplifier can exhibit aspects of both class-E
and F operation). The dual of the original class-E circuit is presented in [121]; how-
ever, this circuit is more applicable to low-frequency, high-current applications than to
microwave ones.

Numerous authors have analyzed various aspects of low-frequency (MHz) class-
E operation. Of particular use is an early paper by Raab [122], in which he first makes
the assumption of sinusoidal current flow in the output of the class-E circuit. This
approximation is used in the derivations of this thesis (in Chapter 4) as well. However,
the design equations derived in Chapter 4 are more concise than those presented by
Raab and others. Also, the series-L/shunt-C' and the series/shunt transmission-line
topologies have not been found in the literature to date, and design equations are
presented for those topologies (which are of particular interest for microwave operation).
The simple expression for DC-RF conversion efficiency derived in Chapter 4 has not
been seen elsewhere. Also, closed-form analytical solution of the class-E circuit with
nonlinear output capacitance has not been seen in the literature. Finally, although the
original class-E amplifier topology has been solved exactly, it has never before been
solved directly and analytically in the time domain, as it is in Appendix A. In [123],
Laplace transform techniques are used to solve the class-E circuit exactly, while in [124],
numerical techniques are used.

Envelope restoration is a method by which heavily saturated amplifiers (such
as the class-E amplifer) can be amplitude-modulated with a high degree of linearity.
Envelope restoration applied to the class-E circuit is found in [125]. It is believed
that this principle can be applied to microwave class-E amplifiers as well. Another
concept of importance is the Doherty amplifier, which has been in use for decades in
vacuum-tube transmitters. Using the Doherty amplifier technique, high efficiency can be
maintained over a large dynamic range, and therefore it is also useful for linear amplitude
modulation. The Doherty amplifier technique has recently been applied to MESFETSs
[126]. Also of interest is the Cascode amplifier configuration, which is presented in [127],

for example.
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1.3 Organization of the Thesis

This thesis discusses quasi-optical VCOs and power amplifiers, and in partic-
ular introduces the microwave class-E amplifier concept, and integrates the class-E
concept into a quasi-optical structure. Some of the motivation for using free-space
power-combining techniques, as well as previous work in quasi optics and high efficiency
power amplification were given earlier in this chapter.

Chapter 2 describes a quasi-optical voltage-controlled oscillator (VCO), where
a surface loaded with varactor diodes was used to tune the frequency of a grid oscil-
lator loaded with MESFETSs. The quasi-optical VCO was the first demonstration of a
quasi-optical component consisting of more than one planar surface. This early work
motivated the search for high power, high efficiency quasi-optical methods for generat-
ing power at millimeter wavelengths. Since a power amplifier is a fundamental building
block for oscillator design, as well as a necessary system component, high-efficiency
power amplification is pursued next.

In Chapter 3, a quasi-optical class-A power amplifier is presented. The amplifier
is saturated in a free-space environment, and 24 elements are power-combined in free
space. The structure is shown to be electrically robust and flexible. For example, the
input wave can be linearly polarized, with a circularly-polarized output wave. However,
the power-added efficiency of this amplifier is only 20 %, so a method for higher-efficiency
power amplification is investigated.

In Chapter 4, the class-E high-efficiency amplifier concept is introduced, applied
to microwave and millimeter wave frequencies. Analysis is performed on the class-E
circuit, with an eye to high-frequency effects such as transistor capacitive nonlinearities
and transmission-line effects.

Experimental verification of the transmission-line class-E amplifier is given in
Chapter 5. The Siemens CLY5 MESFET is used in a microstrip circuit environment to
demonstrate the class-E concept at microwave frequencies, and to show that the analysis

presented in Chapter 4 is valid.
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In Chapter 6, the concepts of quasi-optical power combining and the transmission-
line class-E circuit are combined into a quasi-optical class-E power amplifier. High power
and high efficiency are demonstrated in a quasi-optical amplifier structure.

Finally, Chapter 7 gives a summary of the thesis with concluding remarks and
suggestions for future work. Since quasi-optical power-combining and transmission-line
class-E amplifiers are new areas of research, there is a wide variety of possible topics for

further study.



CHAPTER 2
THE QUASI-OPTICAL VCO

2.1 Introduction

In this chapter, quasi-optical grid voltage controlled oscillators (VCOs) are pre-
sented. These VCOs are the first demonstration of a quasi-optical system consisting of
several periodic arrays loaded with solid-state devices. A quasi-optical VCO consists of
an array of oscillators, a variable capacitance array, and a mirror. The mirror provides
feedback for locked power combining of a large number of MESFET oscillators that load
a two-dimensional metal grid on a dielectric substrate. The frequency can be electrically
tuned either with gate bias or with another array loaded with varactor diodes. When
the varactor bias voltage is changed, the capacitance of the diodes changes, which in
turn modulates the frequency of the output power-combined wave. Two types of arrays
are presented, one consisting of short dipoles, and the other of bow-tie elements. As
expected, the bow-tie VCO has better performance than the dipole VCO, due to its
broadband impedance. A 10 % tuning bandwidth with less than 2 dB power change was
measured in the case of a bow-tie VCO. The results in this chapter were first presented

in [128].

2.2 Dipole and Bow-tie MESFET VCOs

The quasi-optical voltage-controlled oscillator shown in Fig. 2.1 consists of a
transistor oscillator grid and a varactor diode tuning grid. The oscillator grid is an array
of transistors (Fujitsu FSC11 GaAs MESFETSs) arranged on a metallic grid structure,
such as the one shown in Fig. 2.2(a), etched on a 0.5 mm thick Roger’s Duroid substrate
with ¢, = 2.2. Each MESFET is connected to a radiating element on the grid, and
the spacing between the transistors is a fraction of a free-space wavelength. For the

oscillators presented in this paper, the period is 15 mm and they consist of 7 by 7 arrays
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Figure 2.1. A quasi-optical voltage controlled oscillator system. A grid loaded with
oscillating transistors is backed with a grid loaded with varactor diodes. When the
capacitance of the diodes is bias tuned, the frequency of the locked oscillation changes.
The mirror helps the self-injection locking of the individual oscillators.
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of devices. All of the MESFETSs in the grid are biased in parallel.

Previous work has shown that the frequency of such an oscillator may be changed
mechanically by adjusting the position of the mirror [51], [62], [53]. However, mechan-
ical tuning is impractical. It is more advantageous to be able to adjust the frequency
electrically, particularly for modulation purposes. Electrical frequency tuning can be
done by modulating the DC bias of the MESFETSs. Another way to tune the oscillation
frequency is shown in Fig. 2.1. A metallic grid structure similar to the transistor grid
is loaded with reverse-biased varactor diodes. We used Metelics MSV34 varactors that
have a specified ratio of Cpaz/Cmin = 4. Low frequency measurements of the diode
capacitance gave capacitances between 1.7 pF (at 0V) and 0.7 pF (at 30V). This diode
grid is placed between the oscillator grid and the mirror. The diode reactance changes
as the DC bias is adjusted and hence the transistors see a different equivalent imped-
ance. This does not directly affect the bias point of the MESFETSs. Electrical frequency

tuning using both gate bias and varactor bias will be discussed in this paper.
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Figure 2.2. The dipole (a) MESFET and (b) diode grid structures. The vertical leads
radiate, and the horizontal leads are the bias lines.

The oscillation frequency and output power depend on transistor and diode
characteristics, grid structure, thickness and permittivity of the dielectric spacers, and

mirror position. To a large extent, the metal grid geometry determines the frequency of
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Figure 2.3. The bow-tie (a) MESFET and (b) diode grid structures. The horizontal
leads on the MESFET grid are source bias lines.

oscillation. One type of grid structure is an array of short dipoles connected to the gate
and drain leads of the transistors, as shown in Fig. 2.2(a). The driving point impedance
of a dipole has a strong frequency dependence. A broadband radiating structure may
prove to increase the tuning range. The bow-tie grid in Fig. 2.3(a) has broadband
properties [129],[130], and was built for comparison with the dipole grid. The structure
is self-complementary if the array is infinite. This can be seen by first looking at a
single feed point assuming there are no generators connected to the other feed points.
For this case, the structure is clearly self-complementary and the bandwidth is infinite
for an infinite structure [131],[132]. By applying superposition, this conclusion extends
to the impedances seen by all generators connected to the array feed points. In the
transistor grid in Fig. 2.3(a), the source bias lines and the dielectric substrate perturb
the self-complementarity.

The transistor dipole grid was designed using the theory outlined in [51] for the
available MESFETs and dielectric substrate. In an infinite grid with all the devices
locked in phase, symmetry allows us to represent the grid as an equivalent waveguide
unit cell with magnetic walls on the sides and electric walls on the top and bottom. The

propagating mode is TEM, and the evanescent modes present reactances at the device
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terminals. Those reactances are found by the EMF method [133]. The embedding circuit
for a device in the grid consists of lead inductances in the gate and the drain, a complex
impedance in the source, a 377€) transmission line representing free space, and a short
representing the mirror. The entire grid is in this way reduced to a two-port equivalent.
The measured small-signal transistor s-parameters were used, and the saturation taken
into account by reducing |s2;| by 2dB [134]. The reflection coefficient looking into the
oscillator from the 3772 load is then examined as a function of frequency. When the
amplitude of this reflection coefficient is greater than unity and the phase crosses zero,
the oscillation frequency is found. For the dipole grid presented in this work, on a
0.5-mm thick dielectric with €, = 2.2, an oscillation frequency around 3 GHz was found
for a grid period of 15mm and grid leads 1 mm wide. The exact frequency depends on
the mirror position and bias. The varactor grid was designed to have the same metal
geometry, so that when the two grids are aligned, the unit cell boundary conditions are
preserved. The bow-tie grids were made to have the same period as the dipole grids.
Experiments were carried out for mirror tuning, bias tuning, and varactor diode
tuning. The varactor diode grid shown in Fig. 2.1 was only present during the diode
tuning measurements and was absent in the case of mirror tuning and bias tuning. In
all of the results presented below, the frequency tuning range was limited by either
the transistors unlocking, the oscillation ceasing altogether, or the limited capacitance

range of the varactors.

2.2.1 Mirror and Bias Tuning

For comparison purposes, mechanical tuning using the mirror was performed for
each of the oscillator grids. In both cases, less than Af =10 MHz of frequency tuning
was observed, while the received power varied by AP =30dB (at broadside) with mirror
position. The model described in the previous section shows that the mirror tuning
range is smaller when the dielectric is electrically thinner, as in our case. Simulations
show a tuning range of less than 100 MHz (3%), which is more than in the experiment,

possibly due to diffraction loss that is not taken into account in the model. However,
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when the dielectric constant of the substrate is increased to e, = 10 in the model, the
frequency of oscillation jumps to 4 GHz, and the tuning bandwidth increases to 12%.
Since the transistors are three terminal devices, the bias point is set by both the
gate-to-source and the drain-to-source voltages. The drain bias affects both the output
power and frequency, but the change in power is much less than in the case of mirror
tuning. Drain bias tuning data for the dipole grid oscillating at 2.95 GHz and the bow-
tie grid oscillating at 3.18 GHz are shown in Table 2.1. In both cases the output power
increased as Vpg increased, as expected. The frequency of the dipole grid decreased
with increasing drain bias while the opposite was observed for the bow-tie grid. For both
grids, the output power is less dependent on gate bias than it is on drain bias. Gate bias
tuning data for the dipole grid oscillating at 2.10 GHz and the bow-tie grid oscillating at
3.50 GHz are shown in Table 2.2. These oscillation frequencies are different in the cases
of maximum drain and gate bias tuning, because the two biases do not tune the grids
optimally at the same operating points. As shown in Fig. 2.4, the oscillation frequency
increases approximately linearly with gate bias. The corresponding change in output

power is small.

Table 2.1: Drain bias tuning data for the dipole and bow-tie grid oscillators.

[ Grid | AVps | AFreq | 535 | A Power |
Dipole | 1.5 Volts | 42 MHz [ 1.4 % | 5.5 dB
Bowtie | 1.5 Volts | 10 MHz | 0.3 % | 5.7dB

Table 2.2: Gate bias tuning data for the dipole and bow-tie grid oscillators.

| Grid | AVgs | AFreq | 5= | A Power |
Dipole | 1.2 Volts | 87 MHz | 4.1 % | 4.7 dB
Bowtie | 1.7 Volts | 55 MHz | 1.6 % | 2.5 dB

2.2.2 Varactor Tuning
In the oscillator system of Fig. 2.1, by varying the reverse bias on the varactors,
the capacitance of the diodes, and therefore the frequency of oscillation, is changed. If

varactor diodes are placed on the same side of the substrate as the FETSs, the biasing
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Figure 2.4. Gate bias tuning measured for the dipole and bow-tie grids. The grids
locked respectively at 2.1 and 3.2 GHz. The solid line shows the dipole, and the dashed
line the bow-tie behavior.

becomes complicated. If only a few varactors are placed on the back side of the transistor
grid substrate, no measurable effect is observed on the frequency tuning. To keep
biasing and fabrication simple, in the VCOs presented here, the varactor diodes form a
separate grid placed back-to-back with the FET grid. In order to preserve the unit cell
waveguide boundary conditions, the varactor grids are made to have the same period as
the MESFET grids and the diodes are aligned with the transistors. Since the varactor
structure is in the near field of the transistors, the original transmission-line circuit
model is no longer applicable.

The behavior of the VCO is sensitive to the electrical thickness of the dielectric
between the two loaded grids. The maximum amount of frequency tuning for both
the dipole and bow-tie arrays was observed when the transistor and diode grids were
placed directly back-to-back, with a 1-mm thick dielectric of ¢, = 2.2 between them.
In this case, each transistor is primarily affected by its own diode, and it is difficult

to get all of the MESFETSs to remain locked. The dipole grid locked at 2.8 GHz, and
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the bow-tie grid at 6.0 GHz in this case. Tuning data are shown in Table 2.3, and the
measured frequency tuning curves for these oscillators are shown in Fig. 2.5. A 9.9%
tuning bandwidth around 4.9 GHz with less than 2dB change in power was measured
on an earlier 4 by 6 bow-tie array with a smaller period. In all cases, the polarization
on the radiated wave was vertical and not affected by adding the varactor grids. These
results indicate the feasibility of a planar broadband voltage controlled oscillator using
a separate grid of varactor diodes as the tuning element.

In the previous measurements, the bow-tie and dipole oscillator frequencies and

powers were different. Using a dielectric spacer 3.5 mm thick and with ¢, = 2.2 between

the grids, comparable output power levels were obtained at Vps = 2V. For Vg
—1.6V, the dipole grid locked at 2.6 GHz, and the bow-tie grid locked at 3.7 GHz for
Ves = —2V. 1t is seen in Table 2.4 that the bow-tie grid exhibits a wider frequency
tuning range.

Table 2.3. Varactor diode tuning data for the oscillators with the transistor and diode
grids back-to-back. Results for three different grids are shown.

| Grid | AVpisze | AFreq | 55 [ A Power |
7 x 7 Dipole | 23.0 Volts | 200 MHz | 7.1 % | 24.6 dB
7 x 7 Bowtie | 30.0 Volts | 616 MHz | 10.3 % | 12.0 dB
4 x 6 Bowtie | 30.0 Volts | 486 MHz | 9.9 % | 2.0dB

Table 2.4. Varactor diode tuning data for the oscillators with two dielectric spacers
between the transistor and diode grids.

[ Grid | AVpioze | AFreq | 5F [ A Power |
7 x 7 Dipole | 17.0 Volts | 43 MHz | 1.7 % 5.1 dB
7 x 7 Bowtie | 30.0 Volts | 154 MHz | 4.2 % | 14.1 dB

2.3 Conclusion
A quasi-optical voltage-controlled oscillator combining a large number of devices
has been presented. A planar grid of frequency-locked MESFETSs connected to radi-

ating elements constitutes the heart of the system. Another planar grid of varactor
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Figure 2.5. Varactor diode frequency tuning of three different oscillator grids with the
transistor and diode grids back-to-back. The top curve represents the 7 x 7 bow-tie grid,
the bottom curve represents the 7 x 7 dipole grid, and the middle curve represents the
4 x 6 bow-tie grid.



25

diodes is used to frequency tune the oscillator and the power radiated from the oscil-
lating transistors is combined in free space producing the desired electromagnetic wave.
Factors such as the radiating structure and coupling between the transistors and diodes
play an important role in the frequency tuning range. A broadband structure such as
the bow-tie array and near-field coupling through dielectric spacers are necessary to at-
tain optimum performance from the system. The demonstrated 10% 2-dB tuning range
shows the possibility of a constant power, broadband, frequency tunable oscillator using
the basic system configuration presented here.

An oscillator alone may not be able to simultaneously provide enough output
power and bandwidth for a particular application. A broadband or low phase-noise
quasi-optical grid oscillator could be cascaded with a high power quasi-optical amplifier.

Such a device is presented in the next chapter.



CHAPTER 3
THE PATCH/PATCH FREE-SPACE MESFET AMPLIFIER

3.1 Introduction

In this chapter, a quasioptical power combining transmission amplifier for in-
creasing the power level available from solid-state circuits is presented, as shown in
Fig. 3.1. Receiving and transmitting arrays of patch antennas, input/output isolation,
MESFET’s, bias and matching circuitry are contained on a single substrate, making
monolithic millimeter-wave integration possible. The flexibility of selecting input po-
larization with respect to the output while maintaining amplifier stability is demon-
strated. A 24-MESFET patch antenna amplifier array with 0.7 W of total output power
at 10 GHz, with 10.3dB of gain and 21 % power-added efficiency, is presented. The
amplifier shown in Fig. 3.1 has an array of patch antennas on input and output sides
of the substrate. Each common-source MESFET amplifier is coupled and matched to
its input and output patch elements with microstrip lines. A substrate via connects
the output of each amplifier to its radiating patch printed on the opposite side of the
substrate. Alternating ground planes effectively isolate input and output sections of the
amplifying structure. The ground planes are connected by vias periodically spaced at
quarter-wavelength intervals. High impedance gate and drain bias lines run through the

voltage nulls of the patches on input and output surfaces, respectively.

3.2 Single-MESFET, dual-patch amplifier element

A 10GHz prototype amplifier element using Avantek ATF13484 GaAs MES-
FET’s was built on a 0.508-mm-thick substrate with ¢, = 2.2. To save space, minimize
parasitics, and maximize circuit bandwidth, a single transmission-line matching section
was used. The patch antennas were designed using an analysis and synthesis program

[135], and are fed at their radiating edges. The use of a frequency-dependent one-port
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Figure 3.1: Free-space MESFET transmission wave amplifier.
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equivalent circuit for the patch is essential to ensure stability of the amplifier over the
frequency range in which the MESFET has gain. A bilateral design at 10 GHz was per-
formed with a 100-$2 stabilizing resistor between the gate and source of the MESFET.
The DC and RF voltages across the gate-to-source terminals are smallest in magnitude,
so that efficiency is maximized and heat dissipation minimized. This design is stable
and the maximum simulated gain is 8.4dB at a low-current bias point. The final de-
sign of a single-MESFET dual-patch amplifier is shown in Fig. 3.2. The chip resistor is

soldered directly between the transistor gate and source leads.

E
o Ground Plane
BiasLine ich on-Botiom
Stabilizing Resistor
Radiating Edges -\ Via Hole
MESFE

Ground Plane

BiasLine Transmit on Top

%

Figure 3.2. Single-MESFET dual-patch free-space amplifier with resistive loading for
stability.

A free-space measurement technique similar to that in [58] determines the gain
contributed by the MESFET’s, as well as the frequency response of the array. Our
technique uses a known frequency-dependent gain value of the patch element and the
theoretical directivity of a uniform amplitude, equiphase array. Fig. 3.3 shows the
experimental setup in which an absorbing screen at the array plane prevents diffrac-
tion path measurement error. Standard gain horns G; and G are connected to an
HP83640A synthesized sweeper and HP71500A /HP70820A microwave transition ana-

lyzer, respectively. First the path loss between the horn antennas is measured. The
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free-space transmission amplifier is then placed between the horns, and the path loss is

again measured. The ratio between these two measured powers is then given by

P (ri+r2)?, A
P=—=@; By
X GinGoutGFET = (5" (3.1)
/ Amplifier
Arra,
/ 8
Gl G2\
I : Cin Gout /
il » £ r2 >
|| HP83640A HP7I500A ||
Synthesized Absorbing ¥P79$2'0A
Sweeper Screen ransition
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Figure 3.3. Experimental setup for measuring transistor-added gain for the free-space
patch antenna amplifier.

where Gy, and Ggy: are the effective input and output antenna gains of the amplifier
array, respectively, Grgr is the gain added by the MESFET’s, and r; and ry are the
distances from the horn antennas to the array. Distances r; and rs are selected to be
equal and in the far field of both the amplifier array and the horns.

Once P’ is measured, the only unknown parameter in the above equation is
GrEr, which is expected to be the same regardless of array size. The transistor-added
gain of the single-MESFET dual-patch amplifier was measured from 9 to 11 GHz using
the method outlined above, and the results are plotted in Fig. 3.4. When the FET’s
are not biased, there should be little power transmitted through the amplifier, as the
alternating ground planes provide good input-to-output isolation. When the FET’s are
biased (Vgs = 2.5V, I4s = 20mA), a maximum gain of 7.1dB is measured at 10 GHz at
the low-current bias point. The crosspolarization ratio for the output of the amplifier

is 23.4dB. In Fig. 3.4, the patch antenna’s frequency-dependent gain is taken into
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account. The frequency dependence of the patch antenna was calculated using a pec-

baced program [135].
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Figure 3.4. Measured gain versus frequency for the single-MESFET linearly polarized
wave amplifier. The frequency dependence of the patch antennas are taken into account

in the graph.

The structure of the patch antenna amplifier array allows for flexibility in the
polarities of both the input and output waves. A single patch antenna amplifier element
was designed to receive a linearly polarized wave, and transmit a circularly polarized
wave, as shown in Fig. 3.5. The transmitting square patch is fed on two adjacent sides
with 300-Q2 edge impedance and a 90° separation in phase between the two feeds. The
drain of the MESFET is biased through a via to the back of the square patch at a
voltage null. A maximum transistor-added gain of 6.8dB and an output axial ratio

within 0.3dB were measured at 10 GHz, at the low-current bias point (Vg = 2.5V,

Ias = 20mA).

3.3 Patch antenna amplifier array
The single patch antenna amplifier element was placed into a 4x6 array, so that

the power of 24 MESFET’s could be combined in free space as shown in Fig. 3.1. The
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Figure 3.5. Single-MESFET dual-patch free-space amplifier with resistive loading for
stability and with linearly polarized input and circularly polarized output wave.
horizontal spacing between elements is % and the vertical spacing is 4;‘ It is assumed
that this spacing is large enough so that the individual amplifiers do not significantly
couple to each other.

The polarization-preserving 24-MESFET patch array was designed for maximum
gain and stability at a lower bias point (20mA, 2.5V per device). The s-parameters
at a higher bias point (40mA, 4V) are practically identical, except for an increase in
|S21]. Since, to a first approximation, only this parameter changes (decreases) when
a MESFET is saturated, the design for a saturated class-A amplifier at the high bias
point should be the same as the low-bias point linear design. The array is built on a
€r = 2.17, 0.5-mm Duroid substrate with Avantek low-cost general-purpose ATF13484
MESFETs.

First a single cell was measured between two polarization-aligned 16-dB gain
horn antennas, placed in the far field of the active antenna. The horns were connected
to a HP71500A Transistion Analyzer, used to measure the power saturation curves for
several bias points, shown in Fig. 3.6. Then the array was placed in the setup. A TWT

amplifier provides a total input power to the array of 64mW (2.7mW /device). The
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on/off ratio was 10dB. With a constant input power and total array drain current of
1 A, the output power was measured for several drain-bias voltage points, and the results
are given in Table 3.1. For obtaining the values in Table 3.1, a patch gain of 5.5 dB was
used, which was measured using the Friis transmission formula on a microstrip-fed patch
antenna in the lab with dimensions identical to the patch antennas in the array. The
small-signal gain was measured to be 7.1dB for the single cell in the previous section
at the low-power bias point (20mA, 2.5V). At the high-power bias point (40mA, 4V),
the single cell now demonstrated a small-signal gain of almost 12 dB.

In Fig. 3.6, saturation curves are plotted for a unit cell. The entire array results
are superimposed on the curves. The average power per element in the array is slightly
lower than that of a single element tested alone, which means that the array combining
is lower than in an ideal uniform array. For this low-cost class-A amplifier, an output
power of 0.7W with 21 % power-added efficiency was measured at 10 GHz for a DC

power of 3 Watts.

23 I I I I I I
o 4V, 14.7 dBm

20 | X 3V, 14.6 dBm -
+ 2.5V, 14.0 dBm

17 x 2V,11.3dBm .

—
Y

—r
-

(2 0]

Output Power Per Element, dBm

5 ] 1 1 1 I 1
-6 -3 0 3 6 9 12 15

Incident Power Per Element, dBm

Figure 3.6: Saturation curves for the 4x6 free-space amplifier.
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Table 3.1: Summary of results for the saturated 4x6 free-space amplifier.

Icy - Slfgl;np Gain (dE Pgwggu(tW) E?ézgncy P%??igi‘::?g; ‘
2.0 8.6 0.3 16% 13%
25 9.7 0.6 24% 22%
30 10.3 0.7 23% 21%
4.0 10.4 0.7 18% 16%

3.4 Conclusions

Free space provides for nearly ideal power combining; superposition in space
allows large numbers of active devices to be power-combined without the losses inherent
in a guided transmission-line medium. A free-space class-A amplifier which combines
the power of 24 Avantek 13484 MESFETs has been presented. Each transistor provides
approximately 40 mW individually; in the free-space array, 24 elements provide a total
power of about 0.7 Watts at 10 GHz. In this chapter it has been shown that the quasi-
optical power-combining structure preserves not only the gain of the individual elements,
but also the power output and efficiency of each individual element. Also, this structure
provides flexibility in the polarization of the input and output waves, because they are
isolated using a meandering ground plane, not using orthogonality as all other power-
combining amplifiers have used to date. In chapter 6, the principles demonstrated in this
chapter will be used at a higher efficiency and output power level, using the nonlinear

class-E amplifier approach, rather than the more traditional class-A approach used here.



CHAPTER 4
ANALYSIS OF THE CLASS-E CIRCUIT

4.1 Introduction

A 75% efficient amplifier can deliver three times the power that a 50% efficient
amplifier can deliver, using the same devices, if the output power is limited by the
heat dissipated by the transistors. The class-E switched-mode amplifier topology is
investigated in this chapter with high efficiency in mind (a brief overview of the different
classes of amplification is given in Chapter 1). Figure 4.1 shows the topology first
proposed by Sokal and Sokal in 1975 [1]. The class-E amplifier is a resonant switched-
mode circuit in which the switch turns on at zero voltage and zero derivative of voltage,
and in which the product of the switch voltage and current is zero. The active device,
in this case a MESFET, acts as a switch, and the surrounding circuitry needs to be
properly designed to give class-E operation. At low RF frequencies, such circuits have
shown to exhibit efficiencies as high as 96% [1]. Ideally, the efficiency is limited only
by the drain-to-source saturation resistance of the transistor and the lossy properties
of its parasitic elements. Device parasitic reactances are included in the tuned circuit
design and do not degrade the circuit performance. The capacitance C; in the circuit
in Figure 4.1 may be the intrinsic output capacitance of the transistor, while part of
the inductance L may be the lead inductance of a packaged MESFET transistor, for
example. Earlier work has hinted at the possibility of including the device output
capacitance in the class-E circuit, but using the device’s output capacitance solely for

the switch capacitance in the class-E circuit has not been found in the literature.

4.2 Simplified analysis of the original class-E circuit
There are several assumptions made in the simplified analysis of the class-E

circuit presented here (see Figure 4.1). A 50% duty cycle is used in this analysis; the
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Figure 4.1: The original class-E high-efficiency circuit.

transistor switch is ON half of the period, and OFF the other half. This is shown in
[122] to be the optimal case. It is assumed that the switching element has zero on-
resistance and infinite off-resistance. For a properly designed gate-drive circuit, the off
resistance will be very large, but care must be taken to ensure that the on-resistance
of a practical GaAs FET is much smaller than the impedance that it drives when it is
turned on. The shunt capacitor C, for a maximum-frequency design consists solely of
the output capacitance of the transistor and is assumed to be linear in this analysis.
In practice, the capacitance Cj is often nonlinear; its capacitance changes as a function
of the voltage applied across it. The effects of this nonlinearity are addressed; it has
been found that an equivalent linear capacitance can approximate the nonlinear real
capacitance in the circuit for a first-order design. L; acts as an ideal bias choke (open
circuit at RF). For DC biasing, the voltage Vg, appears across the MESFET drain-source
terminals, but not across the output port R. There are no losses in the idealized circuit
except into the load R. Therefore, all of the input power VysI4s ends up dissipated in
R (100% efficiency operation). The external load network L-C-R has a high Q-factor
and resonates slightly below the switching frequency fs, so that the voltage across
the output port R is constrained to be a sinusoid. Another effect of the high-Q filter

section L-C is to constrain the current into L to also be approximately a sinusoid at the
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Figure 4.2: Class-E circuit assuming sinusoidal load current.

switching frequency. These assumptions simplify the basic explanation of the class-E
circuit significantly and allow tractable equations to describe its operation [122]. The
exact solution of this circuit in the time domain, still assuming ideal (lossless) elements
and linear Cj, requires the solution of a time-varying third-order system of ordinary
differential equations. This exact solution is given in Appendix A.

The assumptions used in the analysis in this chapter are illustrated in Fig. 4.2.
The current flowing into the choke inductor L; is assumed to be constant (Iy), and the
current flowing into the filter load network is assumed to be sinusoidal at the switching
frequency. An equivalent current is placed across the switched capacitor, which consists
of constant (DC) and sinusoidal (RF) components. The class-E amplifier is thus reduced
to a time-varying first-order system.

It is seen in Fig. 4.2 that the switch can be either ON or OFF. When the switch
is turned ON, there is no voltage across the switch, but a piece of sinusoidal current
(with a DC component) flows through it. At the instant of switch turn-on, the current
through the switch is zero, but at the instant of switch turn-off, a discontinuous jump

in current appears across the switch as the flow of current is transferred from the switch
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to the capacitor (see Fig. 4.3). This jump in current will cause losses to appear across
any parasitic inductance between the switch and the capacitor. In the case presented
here, where C is the internal parasitic capacitance of a transistor, this inductance is
minimized. If an external shunt capacitance is used (the usual case), then any parasitic
inductance between the transistor and the shunt capacitor causes an energy of %Lz"" to
be lost every switching period due to the current jump in the parasitic inductance. It
has been shown [136] [137] that at least one discontinuity in switch voltage or switch
current is necessary for nonzero output power of such a circuit. So the minimum possible
number of discontinuities (as found in the definition of the class-E circuit) is 1, and since
capacitive switching losses dominate at microwave frequencies, it is best to constrain
this discontinuity to appear across the switch current.

When the switch turns OFF, the sinusoidal current continues to flow, but now
it flows through the shunt capacitive part of the switch, as shown in Figure 4.2. During

the OFF interval,

Cs% = I34(1 — asin(wst + ¢)). (4.1)
Integrate:
I4s ' . ! !
u(t) = 2 /0 (1 — asin(wst’ + ¢)) dt'. (4.2)
8

The integral implicitly assumes that v, (0) = 0, which is one of the three bound-

ary conditions which will be imposed upon v¢, (). Thus

Igs
wgCls

vs(t) = (wst + a(cos(wst + @) — cos P)). (4.3)

The other two conditions for class-E operation are

Vs (%) =0, (4.4)

dvs (T5\
o (?) =0, (4.5)
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The first condition avoids shorting the capacitor Cs when there is voltage across
it during switching, and the second condition ensures a “soft” turn-on condition for the

switching device. These two additional constraints determine a and ¢ uniquely:

ﬂ2
a=14/1+ - = 1.862, (4.6)

2
¢ = —arctan — ~ —32.48°, (4.7)

=1

Note that these are constants for any high-Q class-E circuit with a capacitor in
shunt with the switch (any microwave class-E circuit, for example). Now the voltage

and current across the switch are known:

I ds
wsCls

(0< (wst) <m): ws(t) = ((wst) + a(cos((wst) + @) — cos @), (4.8)

(r < (wst) £2m) . ws(t) =0. (4.9)
(0<(wst)<m): is(t) =0, (4.10)
(mr < (wst) <2m) @ is(t) = las(1 — asin(wst + ¢)). (4.11)

The switch voltage and current time waveforms are plotted in Fig. 4.3.

It is of interest to find the relationship between V;, and I, or in other words,
how much current is drawn for a given supply voltage or vice-versa. Vs is the DC
component of v4(t), the voltage across the switch, capacitor and load network. Take the

time average of the switch voltage:

1 % ]. Ids
Vd3 - ‘ﬁ£ ’U.g(t) dt = Em, (4.12)

Ids — stc‘g%s. (4.13)
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Figure 4.3. Theoretical class-E switch voltage and current time waveforms, assuming

sinusoidal load network current.
This rather simple result has important implications for a practical microwave

class-E circuit, assuming that the minimum value of Cs must necessarily be the parasitic
capacitance of a microwave device, for example Cg, of a MESFET. For example, at a
specified frequency, a device with an output capacitance C; must operate at some supply
voltage Vys, which must be well above the transistor’s knee voltage. Since ws, Cs, and
Vs are now specified, the device must be able handle the required maximum current,
which is (1 + a)lgs ~ 2.86I3! If the device cannot handle this current, then it is
impossible to make an ideal class-E circuit with the particular device at that frequency.

In fact, an approximate maximum frequency of class-E operation can be found for a

given device:
(4.14)

fma.:r - 2Tr203v(13 - CsVds 27"2(1 +a) = 56.503Vd3.

For higher drain bias voltage, the maximum frequency of operation decreases.

Consider, for example, the Siemens CLY5 MESFET. For this transistor, Inee ~ 1200 mA

and C, ~ 2.6 pF. For this transistor at a DC drain voltage of Vgs =6V, fmas =~ 1.4 GHz.
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At Vgs = 3V, fmaer =~ 2.4GHz. Above these frequencies, this device can not be used
for an ideal class-E circuit, although an approximation to class-E operation may be
obtained at higher frequencies with some degradation in maximum achievable efficiency
[138]. Experimental verification of the concept of maximum frequency of class-E oper-
ation is given in the next chapter, using the CLY5 at 0.5, 1, and 2 GHz.

The above discussion also implies that a given technology (MESFET, HEMT,
HBT) using a given fabrication process will yield some maximum class-E output power
as a function of frequency.

Finding the DC component of v,(t) yields an expression relating the DC param-
eters of the class-E circuit (Vg and Ig,). Finding the fundamental-frequency compo-
nent of v,(t) will yield information about the RF complex impedances in the circuit.
These will then be used to find design equations for the load network element values.
The higher harmonic frequency components present in the switch voltage will not be
considered for this first-order analysis, however the load network is assumed to be a
near-infinite impedance at the higher harmonics, and therefore the currents flowing into
the load network at the higher harmonics should be near zero. The fundamental com-
ponent of load current, inet,, is known, but the fundamental component of load voltage,

vs, , must be found using Fourier series, since v4(t) is a periodic function. Thus, we have

’U_g(t) - Z Knejﬂwat) (4.15)
n=-—c0
£ _
Ky, = Ti,/(; 'Us(t)‘g_'mm}t dt, (4.16)
I, [*% '
Ky=—% / (wst + a(cos(wst + @) — cos §))e~ 7" dt. (417)
wscsTg 0

The integral is taken over only the first half of the period because vs(t) is zero
over the second half of the period. The calculations are somewhat tedious, so only the

results are given here.
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Figure 4.4: External load network seen by the switched capacitor at RF frequencies.

Us; = Golgs sin(wgt + ¢o) (4.18)
net; = algs sin(wst + @), (4.19)

where the constants a and ¢ were found earlier, and where

LKy 1 [n2 4 3
T I wiCi 6B tTeE 71 420)

T

T
¢50—§+1K1—2

2T
—). 4:21.
+ arctan( - 71-2) (4.21)

The phasor impedance of the external load network can now be found:

o (4.22)

A0 _j(dg—
Znet; = EeJ'(«Jﬁo %) ~

Notice that the required load angle for class-E operation with a capacitor in
shunt with the switch is a constant, regardless of the rest of the topology. The magni-
tude is directly proportional to the impedance of the capacitor shunting the switch at
the switching frequency. To ensure class-E operation, all that is needed is a specific fun-
damental impedance of Z,.:,, and open-circuit conditions at all of the higher harmonic
frequencies (a filter can do this).

Now the specific external load network topology comes into the picture (Fig-
ure 4.4). All that is important for this step is the impedance of this particular topology
at the switching frequency fs (this network satisfies the condition of large input imped-

ance at the higher harmonic frequencies):

Zﬂetl = jwsL +

1
ot R (4.23)
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Equating the two expressions for Zy,.,, one complex equation in the two un-
knowns Cs; and C is obtained. Equating real and imaginary parts of the equation,

expressions for Cs and C are found:

1 1
 onf R(% +1)(5)  2mfsR5.447’

_ (%2+1)(%))( T )N 5.447 1.153
C_Cs( QL A Py ‘CS(QL)(1+Q—L-1.153()= |
4.25

(4.24)

8

where Qr, is defined as

wsL

QL= R

(4.26)

These equations for Cs and C were introduced in the above form for comparison
with the original equations presented in [1]. The expression for C; found here is identical

to the expression given there. However, the expression given there for C is

C~C, (%} (1 o %1_—4208) . (4.27)

The quantities 1.42 and 2.08 were determined from experimental measurements
in [1]. The assumption used in the analysis given here is that @ is large; the exper-
imental measurements were most likely made with a small value of @ (one example
circuit given in [1] has Qz = 6). Therefore, the results presented here are more accurate
than those presented in [1] for high-Q;, operation.

To design a class-E amplifier using this topology, first ws, L, and R are chosen.
These parameters determine Q. Then Cs and C are evaluated using the above ex-
pressions. However, this topology has limited usefulness for microwave circuits, because
frequency, load impedance, and switch capacitance cannot be independently chosen. For
a saturated microwave amplifier, the load impedance is often set at 50¢2, and usually
one starts out with a particular transistor in mind, which has a certain output capaci-

tance C,. Then the frequency of operation ws is chosen. For the above topology, these
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three quantities cannot be independently chosen. Therefore another topology, which is
much more convenient to use for a microwave class-E amplifier, is presented in the next

section.

4.3 The series-L/shunt-C lumped-element class-E circuit

The series-L/shunt-C lumped-element class-E circuit is shown in figure 4.5. Ly
and C, act as a bias tee, but are assumed not to affect the RF operation of the cir-
cuit appreciably. At the switching frequency, only L, C, and R contribute to the RF

impedance seen by the switched capacitor (Figure 4.6). This impedance is

R

Zm = j sL oy AT
B = JW +1+3wsCR

(4.28)

As before, the desired load network impedance at the switching frequency is

_ ko _jeo
Znetl — wscse y (4-29)
_ Qg
ko = wsC'SE ~ (.28015, (4.30)
Op = o — ¢ =~ 49.0524°. (4.31)

Equating the two expressions for Z,.;,, one complex equation in two unknowns
(L and C) is obtained. Equating real and imaginary parts of the equation, expressions

for L and C are found:

ko
w2C,

1 [wsCsR
i Gp e koSS g 4.33
¢ wsR \ kocos @y 1 ( )

For this topology, the load resistor, operating frequency, and switch capacitance

L= (4.32)

(sin 8o + cos bo @R 1) ,

ko cos 6y

can be independently chosen, unlike the original class-E circuit analyzed above. There-

fore, a transistor such as the Siemens CLY5 could, for example, be chosen for a class-E
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Figure 4.5: The series-L/shunt-C' lumped-element class-E circuit.
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Figure 4.6. External load network of the series-L/shunt-C class-E circuit seen by the
switched capacitor at the switching frequency.

circuit at 1 GHz with a load impedance of 50€2. For the original topology analyzed
previously, an additional impedance transformer would have to be included to get the

load impedance to 5052.

4.4 The series/shunt transmission-line class-E circuit

At microwave and millimeter-wave frequencies, transmission lines are often pre-
ferred over lumped elements because lumped elements are much lossier and more diffi-
cult to fabricate. Figure 4.7 shows the series/shunt transmission-line class-E circuit. As
above, Ly and Cj, act as a bias tee, but are assumed not to affect the RF operation of
the circuit appreciably. The transmission lines may be microstrip, coplanar waveguide,
or any other guiding medium. This circuit is similar in operation to the series L/shunt
C lumped-element class-E circuit presented above. Both transmission lines are assumed
to be between 0° and 90° long. Therefore, the shunt open-circuited transmission line

looks like a capacitor at the switching frequency, and the series section of line looks
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Figure 4.7: The series/shunt transmission-line class-E circuit.
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Figure 4.8. Equivalent circuit of the load network for the series/shunt transmission-
line class-E circuit at the switching frequency. The open-circuited shunt stub has been
replaced by an equivalent capacitor C.

It is assumed that |Zne:| < R, or % < R. To first order, the series/shunt
transmission lines step the large-signal transistor output impedance up to R. However,
for maximum efficiency, the class-E conditions are applied (admittance is used here for
simplicity):

wsCs —3jf
) 4.34
T (4.34)

Ymtl =

where ko and 6y were derived earlier.
Once again, at RF frequencies, the bias tee does not contribute to the load
network impedance. The shunt section of transmission line looks capacitive at the

switching frequency, and can be replaced by an equivalent capacitor C (its length is less
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than 90°). The modified circuit is shown in figure 4.8. At the switching frequency,

Yiet1 = Y G + jwsC + jY7 tan(B1lh)
e Y1 — wsCtan(Bily) + jG tan(Bil1)

(4.35)

Equating real and imaginary parts of the two expressions for Y1, two equations

are found for the two unknowns C' and tan(f;l):

wsCs cos B ((Y1 — wsC tan(Bil1))? + (Gtan(Bil1))?)— (4.36)

koY1 (G (Y1 — wsC tan(Bylh)) + G tan(Bily) (wsC + Y; tan(B1lh))) =0,

w,Cs sin Gp (Y1 — wsC tan(B111))? + (G tan(B1l1))?)+ (4.37)

koY1 ((wsC + Y1 tan(B1l1)) (Y1 — wsC tan(Bil1)) — G2 tan(Bily)) = 0.

These two equations may be solved numerically. A good initial guess is C = C
and tan(fil;) = 1. C and C, are of the same order of magnitude, and the series
transmission line is between 0° and 90°; picking a starting length of 45° corresponds to
tan(Bl;) = 1.

After C and tan((,l;) are found using numerical solution, the electrical length

of the transmission lines can be determined.

(0° < B1l1 < 90°) Byl = arctan(tan(B1l1)), (4.38)
o o wsC
(0° < Bals <90°)  foly = arctan(Tz). (4.39)

Transmission-line lengths /; and I are usually determined using experimental
load-pull techniques or harmonic-balance circuit simulations, without insight into the
operation of the circuit. The design formulas presented here give a first-order high-
efficiency output match for a microwave transistor, and give insight into the operation
of high-efficiency microwave amplification. Experiments and harmonic-balance circuit

simulations presented in Chapter 5 and Chapter 6 validate this approach. For most
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practical cases, when the lengths I; and 5 are reasonably close to 45°, the load network
presents a high impedance to the switched capacitor at the second harmonic. It is even
possible to adjust the characteristic impedances of the two lines such that their lengths
turn out to be exactly 45° at the fundamental frequency of operation. Later in this
chapter, it will be shown that two harmonics are sufficient to generate an approximate

class-E switch voltage waveform (see Figure 4.11, for example).

4.5 Explicit enforcement of harmonic open-circuit conditions using trans-
mission lines

In the previous section, a single-stub class-E transmission line topology was pre-
sented. At the switching frequency, the correct impedance is presented to the transistor.
At the higher harmonic frequencies, no explicit constraints are placed on the load imped-
ance; it is assumed that the load impedance is large for the higher harmonics. It has
been found that the above circuit works in class-E mode for practical cases, but there
is some harmonic content in the output signal, and therefore a small loss in efficiency
due to imperfect harmonic termination. In this section, some methods for overcoming
these limitations are presented.

First, it is known that the second harmonic of switch voltage is of primary
importance in the operation of a class-E amplifier (this will be discussed later). The
design method for the single section series/shunt transmission-line class-E circuit pre-
sented in the previous section assumed that some known impedance of transmission
line (like 50€2) would be used for the series and shunt sections of the class-E circuit.
Then the only design parameters were the lengths of the lines, and it is hoped that the
second-harmonic impedance of the load network is large. However, there are two more
degrees of freedom if the impedance of the lines is left as a variable. For example, if the
lengths of the two lines is set to 45°, then the equations in the previous section can be
used to find the correct impedance transmission lines to enforce the class-E conditions
at the fundamental switching frequency. If this is done, then both transmission lines

are a quarter-wavelength (90°) long at the second harmonic, which explicitly enforces a
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perfect open circuit at the switched capacitor at the second harmonic. This method is
useful for many practical cases, although there may be some situations where another
method for explicit open-circuit harmonic termination may be required. For example,

in some situations, a limited range of transmission-line characteristic impedances are

available.
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Figure 4.9. Class-E transmission line circuit with a second-harmonic open-circuit ter-
mination at the output port.
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Figure 4.10. Class-E transmission-line circuit with second- and third-harmonic open-
circuit terminations at the transistor output port.

In figure 4.9, a new transmission-line topology is shown. The first set of lines,

I1 and ls, enforce an open-circuit condition at the second harmonic frequency. Line
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Io is 45° long at the fundamental frequency, which makes it 90° long at the second
harmonic frequency; since it is open-circuited at one end, a short circuit will appear
at the point where it intersects line {; and line I3 at the second harmonic. Line Ij is
also 90° long at the second harmonic frequency, and transforms this short circuit to
an open circuit. This open-circuit condition occurs regardless of the values of lines I3
and l4. At the first harmonic frequency, lines I3 and 4 act as a single stub match, such
that the output impedance (usually 50Q) is transformed to the correct impedance at

the transistor output port. This impedance is the one found previously:

ko
wsCle

Znet1 = ei%, (4.40)

In practice, the lengths of lines [3 and l4 can be found on a linear circuit simulator
package. Ideally, the signal produced at the output of this circuit will not have any
second harmonic component.

The concept of explicit open-circuit enforcement can be extended to three har-
monics, as shown in figure 4.10. In this modified circuit, lines /; and l; are both 30° long
at the fundamental frequency, which makes them both 90° long at the third harmonic
frequency. Once again, line I creates a short circuit where it intersects with lines /; and
I3, and line [, transforms this short circuit to an open circuit at the transistor. Line
is 45° long at the fundamental frequency, and creates a short circuit where it intersects
lines I3 and I5. Line I3, however, is shorter than 45° at the fundamental frequency. It is
shortened to compensate for the effects of lines /; and l2 at the second harmonic. Then,
lines l5 and lg are adjusted until the correct fundamental-frequency impedance is seen
at the output of the transistor. Ideally, this circuit will not produce any second or third
harmonic component at the output port.

It is not obvious that I3 can simply be made shorter to compensate for the effects
of lines I; and I at the second harmonic. In practice, it has been found that it can be
done. For example, for the case when all line impedances are 5052, the length of line I3

is approximately 8° (Lines l; and I are 30°, and line I4 is 45°).
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4.6 Harmonic content of switch voltage

The simplified analysis of the class-E circuit given above assumes a sinusoidal
output signal at the load resistor R. In practice, some residual higher harmonic compo-
nents will be present at the output of the circuit, depending upon the particular choice
of load network topology and specific design values for the elements. In this section, the
switch voltage vs(t) found above is analyzed using Fourier series, and expressions for the
magnitude and phase of the harmonics of switch voltage are given. These general results
can then be transformed through any specific load network to find explicit expressions
for the harmonic content at the output of the class-E amplifier. Furthermore, it will be
seen that a good approximation to class-E operation may be obtained with only two
harmonics of the switch voltage waveform.

An expression for switch voltage v,(t) was derived earlier, and is repeated here:

(0 < (wst) £m): vs(t) = wf';g ((wst) + a(cos((wst) + @) — cos P)), (4.41)
(r < (wst) <27):  ws(t) =0. (4.42)

As before, the Fourier series is defined as

'U's(t) == Z Knejﬂwnt’ (4‘43)
1 [T ;
= — —jnwst
Kn= 17 /0 vs(£)e=Imt i, (4.44)
Ida T it d vas
el fo ((wst) + a(cos((wst) + @) — cos @))e (wst). (4.45)

Once again, the integration is only performed over the first half of the period,

when v,(t) is nonzero, and (wst) is used as the integration variable. The results are:

Vsn(t) = anlgs sin(wst + dn), (4.46)
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2|K,,
= % (4.47)
w
On = g LK, (4.48)
1, 1

(nodd,n#1): K,= W‘:f'cs (_F) ) (4.49)

) g ( 2n+ jm )
(neven,n#0): Kp= 70 \an( —r9) ) (4.50)

The special cases (n = 1) and (n = 0) were separately dealt with earlier; the

results are repeated here:

L I [ jm
(n—l) Kl_?‘l'wscs (g—l"* 4), (451)
Ids
=0y V= —C (4.52)

These expressions may be used to find the magnitude and phase of any num-
ber of harmonics of the ideal class-E switch voltage waveform. In Figure 4.11, for
example, the first two harmonics of the switch voltage waveform are plotted along with
the ideal waveform. It can be seen that only two harmonics of switch voltage give a
reasonably close approximation to class-E operation. Therefore, the transmission-line
class-E topologies presented earlier in this chapter are validated; they satisfy the class-E

conditions at a finite number of harmonics.

4.7 Analysis of the effects of small switch ON-resistance

Although the class-E circuit has a maximum theoretical efficiency of 100 %,
in practice microwave amplifiers fall short of this ideal case. For microwave class-E
amplifiers using low-loss reactive elements (such as microstrip transmission lines), the
primary loss occurs within the transistor itself. During the transistor OFF-state it

looks primarily reactive (the intrinsic device looks like a capacitor at its output port, as
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|

switch voltage

o
]

time. radians ——— two harmonics
e ideal

Figure 4.11. Two harmonics of the ideal switch voltage (solid line), plotted along with
the ideal class-E switch voltage waveform (dashed line). It is seen that satisfying the
class-E impedances at only two harmonics can give a reasonably close approximation to
class-E operation.

shown in Figure 4.12). During the ON-state, the transistor looks like a small resistor,
usually on the order of a few ohms (Figure 4.13). It is this ON-state resistance, which
may be estimated from the MESFET’s I-V curves, which is primarily responsible for
its nonideal lossy behavior. In this section, the effects of this ON-state resistance R,

will be investigated. The transistor output port model used here is modified from the

model proposed by Sokal and Redl [139].

Ropp —» C,Z

Figure 4.12. The intrinsic transistor output port during the OFF-state. It is assumed
that the transistor output capacitance Cs dominates over its OFF-state resistance Rorr
during this half of the switching cycle (R()FF > ﬁ) The transistor is represented
by an OFF-state capacitance Cs.

As before, a sinusoidal load network current is assumed. During the switch

ON-state, Ohm’s law yields the switch voltage:
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CS - RON —_— B R

Figure 4.13. The intrinsic transistor output port during the ON-state. It is assumed that
the transistor ON-state resistance Ron dominates over its output capacitance Cs during
this half of the switching cycle (Ro N ﬁ:) The transistor is therefore represented
by an ON-state switching resistance R;.

(T? <t< Ts) vs(t) = Ralsy(L — 6 sin(wst + 6,)). (4.53)

The boundary conditions for class-E operation are modified; the switch voltage
may not be exactly zero at t =0 and ¢ = %, although the derivative of switch voltage

is still constrained to be zero at t = Zr:

v4(0) = v5(Ts) = RsIgs(1 — ar singy,), (4.54)
Us (%) = RsI45(1 + a, sin ¢,.), (4.55)
% (T?) ~ 0. (4.56)

During the switch OFF-state,

d;ts _ Lo (1 ar sin(wgt + ¢r)). (4.57)

Integrate:

vs(t) = Las / (1 — aysin(wst’ + ér))dt’ + RsI5(1 — ar sin ¢,), (4.58)

where v5(0) = RsI45(1 — a,sin¢,) to satisfy the ¢ = 0 boundary condition determined

by the switch ON-state previously. Evaluating the integral, it is found that

vg(t) = t + ar(cos(wst + @) — cos @) + Rslas(l — ar sindy.). (4.59)
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Applying the two remaining boundary conditions, modified expressions for a,

and ¢, are found:

aysin g, = —1, (4.60)
T
Gy COS Oy = 5 + wsCs Ry, (4.61)
T 2
Ay = 1 + (§ +UJ303R3) 3 (4-62)
¢ = —arctan | — (4.63)
b 5 +wsCsRs l .

When wsCsRs < 5, ar and ¢, reduce to the constants found previously. Ap-

plying these expressions to the boundary conditions for vy(t), we get
v5(0) = 2Rs14s, (4.64)

T

Vs (?) =1, (4.65)

So the switch voltage is equal to zero at t{ = 5—"21, although it is clearly nonzero

at t = 0. Now vs(t) is known over the entire period:

) 5 Mg(t) = wfdé (wst + ay(cos(wst + ¢r) — cos @p)) + 2Rslgqs, (4.66)

v | S

(F<t<T): ) = Rulll — orsin(ust +4,)). (4.67)

To find the relationship between V3, and I, the DC component of vg(t) is evaluated:

1 (T
Vio e [ vs(£)dt. (4.68)
Ts 0
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Inserting the expressions for vy(t) into the above and simplifying, it is found

that

Vds - ]_

Yas _ 2
T T + 2R; + mwsCsRy. (4.69)

To find the DC to RF conversion efficiency, a ratio of output (RF) power to

input (DC) power must be found:

— Poutr — Poutrps'
Pénr Pwtﬁ-&nr,

(4.70)

where Py and Py are the input and output power for the ideal class-E circuit (Pino =
Pouo), and Py, and P,y are the input and output powers for the class-E circuit
analyzed in this section. The input (DC) power is determined by Vg,I4s. The output
(RF) power is proportional to a2, the square of the magnitude of current flowing into

the load network at the switching frequency.

B ag’ (4.71)
Pino _ Vgolgo

—_— = . 4.72
Pinr VQIIQI ( )

Assuming a unit current is applied to both cases (Igo = Ig1), an expression is

found for DC to RF conversion efficiency (n4):

14 (5 +wsCsR,)?
(1 4+ Z)(1 + 7wsCsRy)?

This expression for drain efficiency is plotted in Fig. 4.14 as a function of the

(4.73)

Nd

product ws;CsRs. It can be seen in the plot that the product w,CsR; is indeed much
less than one for a practical high-efficiency class-E circuit, validating the approximation
made at the beginning of this section (see Figure 4.13). The efficiency analysis derived
here is meant to be used in class-E circuits with efficiencies greater than approximately

60 %.
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Figure 4.14. Drain efficiency as a function of the product wsCsRs for the class-E cir-
cuit, assuming sinusoidal load network current and assuming that the transistor looks
capacitive during its OFF-state, and resistive during its ON-state.

For example, for the Siemens CLY5 MESFET considered previously, assume
Cs = 2.6pF and R, = 49 under large-signal sinusoidal gate-source excitation. Using
the above formula, the drain efficiency is calculated for this device at 0.5, 1.0, and
2.0GHz. At 0.5 GHz, a drain efficiency of 85% is found. At 1.0 GHz, the efficiency
drops to 73%. At 2.0 GHz, the expected drain efficiency is only 56%. These numbers are
compared with experimental results in Chapter 5. Thus the analysis presented in this

chapter demonstrates that the ON-state device output resistance is a primary source of

power loss in the class-E circuit.

4.8 Analysis of the effects of nonlinear switch capacitance

Microwave devices, such as the Heterojunction Bipolar Transistor (HBT), ex-
hibit nonlinearities in their parasitic output capacitance. The capacitor in parallel with
the switch in a class-E circuit becomes nonlinear, which distorts the switch voltage

waveform and affects the operation of the amplifier. In this section it is shown how
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nonlinearities in the output capacitance of a transistor can be taken into account ana-
lytically, and closed-form expressions for the class-E circuit are found for some specific

capacitance nonlinearities.

Vs /8 ——Cg(v) Igs(1 - a sinfogt +9))

Figure 4.15. Class E circuit assuming sinusoidal load current with nonlinear switch
capacitance Cs(v).

To take nonlinearity of the switch capacitor C; into account, the basic assump-
tions used in the previous analysis must be revisited. For example, the assumption of
zero on-resistance and zero off-conductance will still be used for this first-order solution.
The waveshaping elements still act as before, filtering the switch voltage and causing
the output voltage and current across R to be sinusoidal. Also, as before, the total cur-
rent, flowing into the switched capacitor will be assumed to be sinusoidal, with arbitrary
magnitude and phase, but with a known frequency and a DC offset equal to the supply
current, I4,. This is shown in Fig. 4.15. The shape of the switch voltage will differ from
the linear case. The effects of this distortion are investigated here.

Modified design equations for load network elements will be found for a specific
case of nonlinear capacitance, as well as a modified relationship between DC parameters
I;, and Vy,. The capacitance of a linear capacitor is defined by C' = %;. Nonlinear
capacitance parameters typically given in data sheets or in nonlinear circuit models use
the definition C(v) = %g for nonlinear (voltage-dependent) capacitances present in a
semiconductor device. This nonlinear capacitance can be determined using a small-
signal (s-parameter) measurement, and this definition will be used here.

Rearrangement of the nonlinear capacitance definition yields

. dq

dv
=g = C(*u)ﬁ. (4.74)



58
Assume a capacitance-voltage characteristic

Cp(vs) = Crm(l + ;;—’)P. (4.75)

For example, for a Gallium Arsenide Heterojunction Bipolar Transistor (HBT),

P~ —:};. The analysis from here parallels the linear case:

Col00) Gt = a1 ~ asin(ut +9), (476)

Cn(1+ %;i)”g% = I35(1 — asin(wst + @)), (4.77)

/%(1 o !U_!)Pd'u’ _ Lo /t(l —asin(wst’ + @)) dt’. (4.78)
0 Vin Cm 0

The above integral, as before, implicitly assumes that v4(0) = 0. The three
boundary conditions for class-E operation are the same as for the linear case. Two

special cases result from solving for vs(t):

(p=-—1) vs(t) = Vm(e(;_;afﬁvn-;(wsHa(cm(waw@—cosw)) =, (4.79)
(p#-1) (0= Vi ((%;—")fs(wst +a(cos(wit +) —cosg)) +1) —1
(4.80)

Notice that (p = 0) gives the linear capacitance result, with C,, = Cs. The

remaining two boundary conditions for class-E operation are

(%) -
d;s (%) =0. (4.82)

Adding the two above constraints, as before, a and ¢ are uniquely determined.
Interestingly, it is found that a and ¢ for this nonlinear switched capacitor are the same

as for the linear case, and they are still constants regardless of p.
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a=1/1+— ~1.862, (4.83)

¢ = —arctan — ~ —32.48°. (4.84)

3o "’“ltlw

Now the voltage and current flowing into the load network are known for arbi-

trary capacitor exponent p, and are summarized below:

Ids

(=1 us(t) = e (wst + a(cos(wst + @) — cos @)), (4.85)

(p=—1) vs(t) = Vm(e(;E"fn‘m(wat+a(cos(wat+¢)_cos¢)}) —1), (4.86)
(p#-1) vs(t) =Vm ((gsz—-:;)é?(wst + a(cos(wst + @) — cos @)) + l)m - 1) ;

(4.87)

(Pany) inet(t) = Igs(asin(wst + @) — 1). (4.88)

Notice that the (p # —1) equation reduces to the linear case, with Cs = Cp,
when p is set to zero. Also, for any p, the nonlinear equations reduce to the linear
case (p = 0) for a sufficiently low supply current Iy,. For example, when [p| < 1, and

(Wéfﬁ') < 1, the equation for v, approaches the linear equation (p = 0).

4.9 Relation between Vy; and Ijs for nonlinear C;

The relationship between Vg, and Iy, involves the integral of the switch voltage
over half of a period. This integral is not straightforward, but can be solved for the
cases (p = —3) and (p = —2). Here the case (p = —3) is considered, which corresponds
to

_Cm

Cy(v) = (4.89)
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The DC component of the switch voltage v,(t) is the supply voltage Vy:

Ts

( __l)v _ Vo 7 ( Yn__tobidufoonlg +id ))+12 1) dt
F=g ) Y=g TN, Tl e ey ) .
(4.90)

Solving the above integral, and rearranging the result, a relationship between

Iz, and Vy, is found:

Ias 512 3nr ~
((wsCme) (192 B 16) T 1) Igs = mwsCrmVas. (4.91)

For low operating current, when (w—é.fnfv—m) < (% - ?—g), the linear result
I3 = TwsCmVys is obtained, and the supply voltage Vg, is in proportion to I4. For large
operating currents, when (ﬁjﬁ) > (% — 31—’6’), the supply voltage Vys increases as

the square of the supply current I4,.

4.10 Equivalent linear capacitance for nonlinear Cs

To define an “equivalent linear capacitance” for a given nonlinear capacitor at a
given power level for class-E operation, charge flow equations are used. By the definition
of nonlinear capacitance used here, dg = Cp(v) dv. Integrating both sides from the start

of the switch OFF period to the time of maximum switch voltage yields

Qraz= [ Colv) do. (4.92)

Notice that Qmax does not depend upon the capacitance Cp(v); it is determined
by the current Izs(1—asin(wst+¢)) (a and ¢ do not depend upon Cp(v)). The maximum

capacitor voltage, Upmae, will depend upon Cp(v). For the linear case,

Qmaz = CsVomaz- (4.93)

Since the total charge Qmas is equal in both the linear and nonlinear cases,
the two expressions can be equated, yielding an expression for an “equivalent linear

capacitance” for the nonlinear case, based upon charge equivalence arguments:
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1 Vemaz
C, / " Cplw) dv. (4.94)
0

- V[)nmz

For the special case Cp(v) = Cp (1 + ﬁ’;)p considered here, evaluation of the

above yields

CmVm Vomaz )p“
-1 C = —_— 1 —_— —-1]. .
(p#-1) = r(p+1)((+ V. (4.95)
The special case (p = —1) is not encountered in practice, and will not be con-

sidered here.

It is necessary to find expressions for Vomaz and Vpmae, the maximum capacitor
voltage during the switch “OFF” state. It is known that the capacitor voltage rises
monotonically from 0 to its maximum voltage when current flows into it, and then
decreases monotonically back to zero when current flows out of it. Therefore, the time
of maximum switch voltage is when the current is zero, which is independent of the

capacitor nonlinearity:

fmae Ly (2) =
T = —arctan | ~ 0.1805. (4.96)

Inserting the time of maximum switch voltage into the expression for v,(t), an

expression for Vpmae is found:

1
Vomas _ (2(1+P)las (2 ) ) P+
= = -0 :
. ( OV arctan g +1 (4.97)

Setting (p = 0) in the above expression gives an expression for Voma: as well.
Inserting Vomaz and Vpmaz into the above expression for equivalent linear capacitance

C, and simplifying, it is found that

|Z¢,| = :J'rE (4.98)
Ids
O, = s (4.99)
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Once an expression is found relating Vg, and I for a given nonlinear capacitor,

an equivalent capacitance C; can be defined. For example, in section 4.9, a relationship

between Vy, and I4s was found for the case (p = —%}. Inserting that result into the
above,
1 ) Cm
( =2 P . (4.100)
T 3
. 1+ oy (3 - &)

This “equivalent linear capacitor” is useful for DC arguments only; unfortu-
nately, it cannot be used in the equations derived earlier to find load network elements.
It only relates DC currents and voltages in the class-E circuit. Due to the capacitor
nonlinearity, the RF voltages and currents are not related to the DC parameters the
same way they are related in the linear case. However, using the equivalent linear capac-
itance expression above, the same supply voltage, supply current, and operating power
level will occur. For example, in Figure 4.16, the switch voltage waveform is plotted for
a linear output capacitance (p = 0), and for a nonlinear output capacitance (p = —%).
The supply voltage and supply current are the same in both cases, but the peak voltage
stress placed upon the switch is 28 % higher for the nonlinear case. Thus it can be seen
that nonlinear output capacitance places higher peak stresses upon a transistor for the

same output power level.

4.11 Modified load network design equations for nonlinear C;

To find modified load network design equations for the case of nonlinear output
capacitance, the same Fourier series approach as before can be applied to vs(t), to find
the fundamental frequency component of the switch voltage for the nonlinear capacitor
case of the class-E circuit. As before, the network is an open circuit for all higher
harmonic frequencies (no power will flow into R, except at the fundamental frequency),
and the phasor voltages for vs; and ines1 can be found, leading to modified design

equations. As before,
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Figure 4.16. Ideal class-E switch voltage waveform, for a nonlinear output capacitance
with (p=-1/2) (solid line), plotted along with the ideal class-E switch voltage wave-
form for a linear output capacitance (dashed line). The linear output capacitance was
replaced with an “equivalent” nonlinear output capacitance, so that the same supply
voltage and operating power level occurs in both cases. The supply voltage is 1V in both
cases. The peak voltage stress placed upon the switch is 28 % higher for the nonlinear
case.
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o0
) = Y K™, (4.101)
n=—co
1 (7 :
Kn=—/ vp(t)e= ™ot gt (4.102)
Ts 0

Ts I
(p=-1) K = _;E[) 2 (6(_6“‘7_“’ Ao (wst+a(cos(wst+¢) cosﬁﬂ]) _ 1)6_3:“,83 dt, (4.103)
8
(p#-1)
Vi (% [ (Q +p)]a 1 o
Klz?/o (W(wst-i—a(cos(wst%—qﬁ)*cos¢))+1) —1 | e %t gt
¥ s-“m¥m

(4.104)

Again, the integral is taken over only half of the period because the switch
voltage is zero over the second half. For the special case (p = 0), the rest of the analysis
has already been performed (the linear Cs case). The above integrals are difficult to

solve analytically, except for a few special cases, such as (p = —%) and (p = —%) The

analysis will proceed for the special case (p = —%), which corresponds to
G
Cs(vs) = ——=, (4.105)
L

=

Ts
_Vm (T Tas 3 5 ) b
K= Ts./o ((mscmvm (wst +a(cos(wst + ¢) cos¢))+1) 1) edwet gy,
(4.106)

The calculations are very tedious, and only the results are presented:

V51 = aolgs sin(wst + ¢2), (4.107)
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where

2Ky 1 \/( 2 Lus 1)2 (1 I 2 5m\)\2
2= e\t itoevnn) T\ 2t oo (3?‘@))’

(4.108)
1 14, 2 _ 5
m T2 + wWslim Vm 3~ 48
b = % + /K, = 3 + arctan ( 4 e (13“ fs) . (4.109)
—rt it ocvn
The phasor impedance of the external load network is
Dt = %ej(¢2_¢). (4.110)

This complex impedance is now equated to the load network impedance at the
fundamental switching frequency to solve for load network element values. The design
equations derived in the previous sections for the different topologies are identical,

except that ko and 6y are modified in those expressions; now ks and 6, are used instead.

ky = wsCm%, (4.111)

b5 = g3 — ¢. (4.112)



CHAPTER 5
EXPERIMENTAL VERIFICATION OF THE CLASS-E APPROACH

5.1 Introduction

In Chapter 4, the microwave class-E circuit was presented, and various aspects
of its operation and properties were analyzed. In this chapter, experimental verification
of the class-E approach is provided, using the Siemens CLY5 MESFET in a microstrip
transmission-line environment, at 0.5, 1, and 2 GHz. The series/shunt transmission-line
class-E circuit is implemented, and the equations derived in Chapter 4 are used for the
designs in this chapter. Experimental results are compared to analysis and harmonic-
balance computer circuit simulations. Table 5.1 summarizes the experimental results
from this chapter, and compares the measured drain efficiencies and output powers to
the analytical equations presented in Chapter 4. Further explanation for the individual

cases are given below.

Table 5.1. Summary of results for the 0.5, 1, and 2 GHz microstrip class-E amplifiers
using the Siemens CLY5 MESFET.

Frequency] 0.5 GHz | 1.0 GHz | 2.0 GHz
Gaingeqs 15.3 dB 14.7 dB 9.1dB

PAE 005 80 % 73 % 54 %
Td pred 85 % 73 % 56 %
Td meas 83 % 75 % 62 %

Poutored | 077W | 135W | 207 W

5.2 Experimental class-E circuit at 0.5 GHz

A 0.5 GHz class-E circuit using the above series/shunt transmission-line topol-

ogy was designed, fabricated and tested. The Siemens CLY5 MESFET was used in a

microstrip transmission-line circuit. The layout of the circuit is shown in Fig. 5.1, and
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its equivalent transmission-line circuit is shown in Fig. 5.2. The equations derived in
Chapter 4 were used for the first-pass design of the single-stub high-efficiency output
circuit, using an approximate switch capacitance of 2.4 pF (from Cys of a Materka non-
linear transistor model of this device provided by Compact Software). The first-pass
design of the input matching circuit was done using s-parameters for the CLY5 with the
above output circuit attached to the drain of the device on a linear circuit simulator.
The bias to the device was provided through quarter-wavelength capacitively shorted
stubs, attached to points in the circuit where only fundamental-frequency sinusoidal
voltages would be expected. The microstrip lines were all 5002 (about 2.3 mm wide),
and the substrate was 2.54 mm thick Duroid, with e, = 10.5. The final microstrip line

lengths are labeled in Fig. 5.1.

50 Ohm
RF Output

56
mm

Figure 5.1. Microstrip layout of the 0.5 GHz class-E circuit, using the CLY5. Bias was
brought in through quarter-wave shorted stubs. A Duroid substrate was used, with a
thickness of 2.54 mm and ¢, = 10.5.

In the lab, the device was heavily saturated, and the input and output circuits
were adjusted experimentally until the maximum power-added-efficiency was obtained.
A maximum power-added efficiency of 80 % was measured at 0.5GHz at an output
power of 550mW and a gain of 15.3dB. The drain efficiency was 83%. After this
performance was experimentally obtained (similar to a load-pull measurement), a series

inductance was included in the transistor switch model; this inductance appears between
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50 Ohm 4T7" /_‘ 50 Ohm
o RF Qutput

Figure 5.2: Equivalent circuit of the 0.5 GHz class-E circuit, using the CLY5.

the switched capacitor and the series transmission line in Fig. 4.7, and can be compen-
sated for by shortening the series section of line. From the same Materka model used
above, this inductance was estimated to be 1.7nH. On a linear circuit simulator, the
load network impedance seen by the switched capacitor at the fundamental frequency
was determined, using the experimentally determined transmission-line lengths of the
class-E circuit, and the lead inductance estimated from the Materka model. The load
network impedance of the experimentally-adjusted circuit, assuming a lead inductance

of 1.7nH, is
Znet1 = 34.367°7°Q).

It was found earlier that the impedance of the load network at the fundamental frequency

of operation for the ideal class-E circuit is

Q.
wsCs

Znet] —r

The experimentally determined load angle is close to that expected for the ideal
class-E circuit. Equating the magnitude of the measured load network impedance to
that expected for an ideal class-E circuit yields Cy = 2.6 pF, which is close to the value
found in the Materka model. Therefore, it was discovered that a lead inductance of
1.7nH must be included into the class-E circuit switch model to obtain an optimum
class-E design using the Siemens CLY5 MESFET. This modified transistor output port

model was used in the later designs.
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The magnitudes of s1; and sg; were measured under small-signal and large-signal
conditions, shown in Fig. 5.3. The input match shifted in frequency under large-signal
gate drive; the circuit’s input match was adjusted under large-signal conditions for
this reason. Also, the magnitude of sp; was saturated by 4.7dB at 0.5 GHz under
large-signal gate drive. At this power level the amplifier operated at the maximum
power-added efficiency of 80 %. The output power, drain efficiency and power-added-
efficiency are plotted as a function of frequency in Fig. 5.4. The efficiency is high over
a relatively broad frequency range. For example, the power-added-efficiency remains
above 75% over a 10% bandwidth, and it remains above 50 % over a 26 % bandwidth.
The output power, drain efficiency, and power-added-efficiency are plotted as a function
of input power level in Fig. 5.5. The efliciency is high over a broad input power range;
however, the output power is mostly constant over this range. Therefore, this class-E
circuit is unsuitable for amplitude modulation of the input signal at maximum efficiency
operation, although it is well-suited for frequency modulation because the amplitude is

relatively constant when the frequency is varied.
30 1 1 1 I
20

—_
o o

Is111, Is21l, dB

53 1 1 1 1
4%50 350 450 550 650 750
Frequency, MHz

Figure 5.3. Magnitude of s11 and s21 for the 0.5 GHz CLY5 class-E amplifier under
small-signal (dashed lines) and large-signal (solid lines) conditions.

In chapter 4, an expression was found relating the DC supply voltage and supply
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Figure 5.4. Output power (dotted line), power-added efficiency (solid line) and drain
efficiency (dashed line) of the 0.5 GHz CLY5 class-E amplifier as a function of frequency
under large-signal gate drive conditions.
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Figure 5.5. Output power (dotted line), power-added-efficiency (solid line), and drain
efficiency (dashed line) as a function of gate input drive level for the 0.5 GHz CLY5

class-E amplifier.



71

current for the class-E circuit:

Iy = mwsCs V.

Multiplying the above expression by V;, an expression for operating power level is found:
Ppo = nw,CsV2.

For the circuit presented above, V, = 6V, C; = 2.6 pF, and the frequency is 0.5 GHz.
According to the above expression, therefore, Ppc = 924 mW. The measured DC power
is 666 mW. The discrepancy between the expected and the measured DC power levels
may be due to the equivalent ON-state resistance of the MESFET, which is primarily
responsible for the non-ideal efficiency of 80% for the amplifier. Some of the supply
voltage V; is dropped through this resistance, which also causes the supply current to
drop in proportion to the supply voltage. Thus the real circuit operates at a lower power

level than is expected from an ideal class-E circuit.

5.3 Measurement of the CLY5 MESFET drain-source voltage

The Hewlett-Packard HP71500A/HP70820A Transition Analyzer is capable of
reconstructing a time waveform of a periodic microwave signal. To verify that the
0.5 GHz amplifier (Fig. 5.1) operates in class-E mode, the Transition Analyzer was used
to measure the drain-source voltage of the MESFET. The measured voltage is shown
in Fig. 5.6.

To probe the MESFET’s drain-source voltage, a 400-C2 chip resistor was sol-
dered from the MESFET drain lead to a 50-) microstrip transmission line, which was
then coupled to the 50-2 coaxial input port of the Transition Analyzer. Electrically,
a 450-Q resistance was presented to the MESFET across its drain and source termi-
nals. Harmonic-balance circuit simulations showed that this resistance would not affect
the amplifier’s operation appreciably. The MESFET’s drain-source voltage was then
divided between the 400-$2 chip resistor and the 50-§2 Transition Analyzer input port,
a frequency-independent ratio of 9:1. The measured waveform is only approximate;

the chip resistors and the MESFET both have parasitic inductances which affect the
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Figure 5.6. Measured drain-source voltage of the CLY5 MESFET operating in class-E
mode in the 0.5 GHz amplifier presented in section 5.2.

measurement. However, the waveform shown in Fig. 5.6 shows the general class-E prop-
erties described in Chapter 4; the slope of the switch voltage is steeper when it rises

than when it falls back to zero (see Fig. 5.15 for comparison).

5.4 Experimental class-E circuit at 1 GHz

The microstrip layout of the 1 GHz class-E circuit using the Siemens CLY5 is
shown in Fig. 5.7, and its equivalent circuit is shown in Fig. 5.8. From the above
experiment, the simple switched-capacitor MESFET output port model was extended
to include a series inductance. For the 1 GHz circuit design, a switch capacitance of
2.6 pF and a series inductance of 1.7 nH were used to design the output circuit, such that
the correct class-E load network impedance would be seen by the switched capacitor
inside the MESFET. No adjustment was done on the output circuit this time; only the
input circuit was adjusted for minimum return loss. Bias tees were used to provide DC
power to the MESFET. A Duroid substrate was used, with a thickness of 0.787 mm and
€& = 2.2. The dimensions of the microstrip lines are labeled in Fig. 5.7.

A maximum power-added efficiency of 73 % was measured at 1 GHz with 935 mW
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Figure 5.7. Microstrip layout of the 1 GHz class-E circuit, using the CLY5. External
bias tees were used to power the circuit. A Duroid substrate was used, with a thickness
of 0.787 mm and ¢, = 2.2.

Figure 5.8: Equivalent circuit of the 1 GHz class-E circuit, using the CLY5.
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of output power and 14.7 dB of gain. The drain efficiency was 75 %. Output power, drain
efficiency and power-added-efficiency are plotted as a function of frequency in Fig. 5.9.
The power-added efficiency is greater than 65 % over a 12 % bandwidth. Output power,
drain efficiency and power-added-efficiency are also plotted as a function of input power
level in Fig. 5.10. Again, this circuit is suitable for frequency modulation but not for

amplitude modulation.
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Figure 5.9. Output power (dotted line), power-added-efficiency (solid line), and drain
efficiency (dashed line) of the 1 GHz CLY5 class-E amplifier as a function of frequency
under large-signal gate drive conditions.

The DC power level of the ideal class-E circuit is proportional to the switching frequency

if the supply voltage and switch capacitance are held constant:
Ppc = wwsCngz.

For the 0.5 GHz CLY5 class-E circuit, the DC power level was 666 mW. For this 1 GHz
CLY5 class-E circuit, the DC power level is 1244 mW. The ratio between the two power

levels is 1.87; in the ideal case, the ratio should be 2.
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Figure 5.10. Output power (dotted line), power-added-efficiency (solid line), and drain
efficiency (dashed line) as a function of gate input drive level for the 1 GHz CLY5 class-E
amplifier.
5.5 Experimental class-E circuit at 2 GHz

The microstrip layout of the 2 GHz class-E circuit using the Siemens CLY5 is
shown in Fig. 5.11, and its equivalent circuit is shown in Fig. 5.12. A switch capacitance
of 2.6 pF and a series inductance of 1.7 nH were used to design the output circuit, such
that the correct class-E load network impedance would be seen by the switched capacitor
inside the MESFET. At this frequency, no additional series transmission-line was needed
between the series inductance and the shunt transmission-line stub. Also, no adjustment
was done on the output circuit; only the input circuit was adjusted for minimum return
loss. Bias tees were used to provide DC power to the MESFET. A Duroid substrate
was used, with a thickness of 0.787 mm and ¢, = 2.2. The dimensions of the microstrip
lines are labeled in Fig. 5.11.

A maximum power-added efficiency of 54 % was measured at 2 GHz with 530 mW
of output power and 9.1dB of gain. The drain efficiency was 62%. The broadband
sweeper available for this measurement only provided enough power to moderately sat-

urate the transistor (to about 30% efficiency). A high-power narrowband amplifier
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Figure 5.11. Microstrip layout of the 2 GHz class-E circuit, using the CLY5. External
bias tees were used to power the circuit. A Duroid substrate was used, with a thickness
of 0.787 mm and ¢, = 2.2.
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Figure 5.12: Equivalent circuit of the 2 GHz class-E circuit, using the CLY5.
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was used to saturate the class-E circuit to find output power and efficiency as a func-
tion of input power. Efficiency as a function of frequency was not measured due to
the narrowband nature of the preamplifier. Qutput power, drain efficiency and power-

added-efficiency are plotted as a function of input power level in Fig. 5.13.
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Figure 5.13. Output power (dotted line), power-added-efficiency (solid line), and drain
efficiency (dashed line) as a function of gate input drive level for the 2 GHz CLY5 class-E

amplifier.

In chapter 4, a maximum frequency of class-E operation was found for a given
transistor’s output capacitance and maximum current-carrying capability, Imgz. The
expression is repeated here:

f o Ig st Inm:c i Imaw
AT T om2C,V,  2m2(1+a)CsVy,  56.5C,V,’

where a ~ 1.8621. For the class-E circuits considered here, the supply voltage is 6 V, and
the output capacitance was found to be about 2.6 pF. From the transistor I45-Vgs curves
given in the manufacturer’s data sheets, the maximum drain current for the Siemens
CLY5 is approximately 1.2 A (when the gate voltage is slightly positive). This yields a
maximum frequency of “ideal” class-E operation of approximately 1.4 GHz. Therefore,
the 2 GHz class-E circuit presented here operates in a “suboptimum” class-E mode. The

class-E circuit demands a higher peak drain current than the MESFET can provide.



78

This may explain why the output power level is much lower than expected at this
frequency, and why the efficiency drops so suddenly between the switching frequencies
of 1GHz and 2 GHz. Despite this problem, it is advantageous to operate the 2 GHz
class-E circuit at 6 V rather than a lower supply voltage. This is because the gain of
the MESFET decreases rapidly at lower drain voltages, and the gain is already low
enough that the input power is a significant fraction of the output power (which affects

power-added-efficiency directly).

5.6 Harmonic balance circuit simulations using an ideal switch model

The output circuits of the transmission-line class-E amplifiers presented in this
chapter are represented by the general circuit shown in Fig. 5.14. The CLY5 MESFET’s
output port is represented by an ideal switch, with parasitics Rs, Cs, and Ls shown in
the figure. Ideally, only the lengths of lines I3 and l4 should change to reflect the class-E
impedance conditions at 0.5, 1, and 2 GHz. Of course, the switch model is simplified,
since in practice the transistor has more complicated mechanisms governing its exact
operation. To verify the validity of using this approximate MESFET output port model,
harmonic-balance circuit simulations were performed on the three class-E circuits (five
harmonics were used in the analysis).

Unfortunately, an ideal switch model was not available on the harmonic balance
circuit simulation software. Therefore, an approximate switch was created by modifying
the Materka nonlinear MESFET transistor model on Compact Software’s Harmonica
program [140]. All parameters in the model were set to 0 (all parasitic capacitances and
inductances, for example), except for the following: Iss = 100 Amps, Vpo = —5 Volts,
Vemn = —10Volts, E = 0.01, and SL = g-, where R, is the parasitic switch ON-
state resistance. A sinusoidal voltage was then fed to the gate of the modified Materka
MESFET model at the switching frequency, such that the sinusoid’s DC component
was -5 Volts, and its amplitude was 10 Volts peak-to-peak. The Materka model then
behaved like the ideal switch in Fig. 5.14, with a duty cycle of 50 %. The parasitics Cs

and L, were added externally to the switch.
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Figure 5.14. General class-E transmission-line amplifier with the MESFET output port
represented by an ideal switch model, including switch parasitics.
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Figure 5.15. Harmonic balance circuit simulation of the 0.5 GHz class-E amplifier, show-
ing the switch voltage and current time waveforms.
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Figure 5.16. Harmonic balance circuit simulation of the 1 GHz class-E amplifier, showing
the switch voltage and current time waveforms.
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Figure 5.17. Harmonic balance circuit simulation of the 2 GHz class-E amplifier, showing
the switch voltage and current time waveforms.
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The exact dimensions of the three experimental circuits were used for lines I3
and ly, including the microstrip TEE-junction between /3 and l4, and the microstrip
open-end capacitance for the shunt stub /4. Then the switch parameters Rs, Cs, and
L, were adjusted until the expected class-E waveforms were observed, and the simu-
lated drain efficiencies matched the measured results. The simulated switch voltages
and currents are shown in Fig. 5.15, Fig. 5.16, and Fig. 5.17, for the 0.5, 1, and 2 GHz
cases, respectively. The corresponding values of Rs, Cs, and L are tabulated in Ta-
ble 5.2. The “expected” switch resistance R, is found from the slope of the “knee” of
the transistor’s I-V curve. This switch resistance corresponds to an infinite transistor
gain. Since the gain of the transistor decreases as the operating frequency increases,
the simulated switch resistance increases for the higher-frequency class-E designs. The
simulated switch capacitance changes slowly as a function of frequency, but it remains
reasonably close to the expected value. The switch inductance L, is larger than that
expected from the Materka model, but this could be due to an extra inductance in
the source of the CLY5. It is seen that the switch voltages and currents demonstrate
the characteristics of class-E operation (compare with Fig. 4.3), thus verifying that the
transmission-line class-E amplifier concept is valid, although the class-E conditions are
only approximately satisfied. The output power levels predicted from these harmonic-
balance circuit simulations using the ideal switch model are compared with measurement

in Table 5.3.

Table 5.2. Comparison of analytically expected and numerically determined class-E
switch resistance, capacitance, and inductance for the CLY5 MESFET.

[ Switch | Expected | Simulated 0.5 GHz | Simulated 1 GHz | Simulated 2 GHz |

C; 2.6 pF 3.3pF 2.6 pF 2 pF
s 1.7nH 3nH 3nH 3nl
R, 1.80 2.60 3.30 6.10

5.7 Conclusion
A transmission-line microwave class-E circuit has been introduced, along with

design equations for the transmission-line lengths and impedances. Three circuits were
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Table 5.3. Comparison between power levels predicted using harmonic balance simula-
tions of the ideal circuit in Fig.5.14 and measured output power levels.

| Frequency | Harmonic Balance P,y; | Measured Py |

0.5 GHz 28.8dBm 27.4dBm
1GHz 30.0dBm 29.7dBm
2GHz 28.1dBm 27.3dBm

designed, fabricated, and measured using the Siemens CLY5 MESFET in a microstrip
environment, at 0.5, 1, and 2 GHz. Experiments and harmonic-balance circuit simula-
tions verified the simplified analysis presented previously, demonstrating a simple design
method for matching the output of a MESFET for power and efficiency in class-E mode
in a microwave transmission-line circuit for the first time. It was found that the MES-
FET’s internal output capacitance and lead inductance are of primary importance for
the design of a microwave class-E circuit. This work was done to verify the class-E
theory from Chapter 4, and as a precursor to the quasi-optical class-E power amplifier

which is presented in Chapter 6.



CHAPTER 6
THE QUASI-OPTICAL CLASS-E POWER AMPLIFIER

6.1 Introduction

In chapter 3, the free-space class-A power amplifier was introduced. In chapters
4 and 5, theory and experiments demonstrated the microwave class-E amplifier concept.
In this chapter, the transmission-line class-E amplifier is integrated into a quasi-optical
power-combining structure, demonstrating the first quasi-optical class-E power amplifier
to date. Although the amplifier operates at microwave frequencies (5 GHz), it is believed
that the class-E amplifier concept is applicable at millimeter-wave frequencies as well.

A modular approach was taken in designing the structure. The antennas, bias
network, and class-E amplifier were all designed, built and measured separately. Then
the pieces were put together to form the final amplifier, shown in Fig. 6.1. The final
amplifier was not experimentally adjusted between fabrication and measurement, and
the best performance was observed at 5.05 GHz, where an output power of 2.4 W was
measured, with a corresponding drain efficiency of 74 %, a power-added efficiency of
64 %, and a compressed gain of 8.8dB. These numbers represent the total power de-
livered to the output antennas in the amplifier, and do not take antenna losses into
account. The measured powers and efficiencies also do not take into account potential
lens nonidealities in a practical quasi-optical system. However, the intent of this work is
to demonstrate the feasibility of a quasi-optical class-E power amplifier element; system

integration is beyond the scope of this thesis.

6.2 Two microstrip 5 GHz class-E power amplifiers
In chapter 5, three experimental class-E circuits were presented, using the Siemens

CLY5 MESFET at 0.5, 1, and 2GHz. The CLY5 is designed for use up to 2.5 GHz,
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Figure 6.1. The quasi-optical class-E power amplifier. This 4-element power-combining
structure demonstrated 2.4 W of output power at 5.05 GHz, with 8.8dB compressed
gain, 74 % drain efficiency, and 64 % power-added efficiency. Antiresonant 509 orthogo-
nal slot antennas couple the power between the amplifier and free-space, and half-wave
microstrip lines provide bias to the Fujitsu FLK052WGs’ gate and drain terminals.
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and it works best for high-efficiency class-E operation at 1 GHz and below. For a quasi-
optical class-E amplifier, a higher frequency of operation is desired. Therefore, higher
frequency power MESFETs were sought. Two packaged MESFETSs were considered for
the quasi-optical class-E power amplifier, the Fujitsu FLK052WG and the FLK202MH-
14. Both of these devices are designed for Ku-Band (12-15 GHz) power amplification.
At these frequencies, these MESFETSs operate at approximately 30 % power-added effi-
ciency. Using these devices at a lower frequency, such as 5 GHz, allows for the harmonic
waveshaping required for class-E operation, analogous to using the 2.5 GHz CLY5 down
at 0.5 and 1 GHz.

For an initial design of the two class-E amplifiers, the output capacitance and
inductance Cy and L of the devices were estimated using s-parameters given in the
data sheets and knowledge of the expected approximate output power of the amplifiers
at 5 GHz. The output power of the class-E amplifier is proportional to the capacitance
across the switch in the circuit (Cs). s-parameters were also used to design a single-stub
input matching circuit for the two devices. These dimensions were used as a starting
point for the experimental circuits, then the dimensions were experimentally adjusted
until maximum power-added efficiency was obtained. The bias point and input power
levels were also experimentally adjusted. The topology of these two class-E amplifiers
was the same as the topology used for the amplifiers in chapter 5. The final amplifiers
are shown in Fig. 6.2 and Fig. 6.3.

The FLK052WG class-E amplifier demonstrated an output power of 0.61 W, a
compressed gain of 9.8dB, a drain efficiency of 81 %, and a power-added efficiency of
72% at 5GHz. The input power was +18dBm (63mW). The FLK202MH-14 class-
E amplifier demonstrated an output power of 1.8 W, a compressed gain of 7.6dB, a
drain efficiency of 73 %, and a power-added efficiency of 60 % at 5.1 GHz. The input
power was +25dBm (316 mW). Although the FLK202MH-14 amplifier delivers a higher
output power into 5082, it operates at a lower efficiency, and it requires five times as
much input power to operate in class-E mode. The high input power requirement is

a concern, especially since the quasi-optical amplifier is fed in a free space setup from
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Figure 6.2. The FLK052WG class-E power amplifier in microstrip. This amplifier
delivered 0.61 W into 50€2, with a compressed gain of 9.8dB, a drain efficiency of 81 %,
and a power-added efficiency of 72% at 5.0 GHz. The substrate was Duroid with ¢, =
2.2, h=0.508 mm, and all lines were 50<2 (1.6 mm wide).
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Figure 6.3. The FLK202MH-14 class-E power amplifier in microstrip. This amplifier
delivered 1.8 W into 5052, with a compressed gain of 7.6 dB, a drain efficiency of 73 %, and
a power-added efficiency of 60 % at 5.1 GHz. The substrate was Duroid with ¢, = 2.2,
h=0.508 mm, and all lines were 5002 (1.6 mm wide), except as noted.
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a point in the far field of the array. Therefore, it was decided to used the Fujitsu
FLK052WG MESFET for a 5 GHz quasi-optical class-E power amplifier.

The output power, drain efficiency, and power-added efficiency were measured
as a function of input power level and frequency for the FLK052WG class-E amplifier.
The power sweep is plotted in Fig. 6.4, and the frequency sweep is plotted in Fig. 6.5.
The power-added efficiency is greater than 70 % over a 5% bandwidth, and it is greater
than 60 % over a 10 % bandwidth.
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Figure 6.4. Power sweep for the FLK052WG class-E amplifier. Output power, drain
efficiency, and power-added efficiency are plotted as a function of input power level.

It was desired to verify that the FLK052WG amplifier operates in class-E mode.
Class-E operation is defined by the characteristics of the voltage waveform across the
switch (as described in Chapter 4), in this case the voltage across the intrinsic MES-
FET’s drain-source terminals. Unfortunately, measuring the voltage inside the MES-
FET package was not possible with the standard microwave equipment available for
this project. Harmonic balance circuit simulations, however, can provide insight into
the circuit’s operation, as was shown in Chapter 5.

The circuit shown in Fig. 6.6 represents the output circuit for the FLK052WG

class-E amplifier. The exact transmission-line dimensions from the actual circuit were
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Figure 6.5. Frequency sweep for the FLK052WG class-E amplifier. Output power,
drain efficiency, and power-added efficiency are plotted as a function of frequency of
operation.
used in Compact Software’s Harmonica (harmonic balance) circuit simulator. Ly and Cp
were assumed to act as an ideal bias tee (a real bias tee was used in the measurement).
The output port impedance is 50§2. As in Chapters 4 and 5, the transistor’s output
port was assumed to look like an ideal switch with an ON-state resistance Rs, output
capacitance Cs, and output inductance L,. C, and L, were adjusted in the harmonic
balance simulations until the voltage and current waveforms across the switch looked
like the ideal class-E waveforms. R, was adjusted until the simulated DC-RF conversion
efficiency matched the measured efficiency. According to the simulations, Cs = 0.4 pF,
Ls = 0.5nH, and R, = 3.3(2 for the 5 GHz Fujitsu FLK052WG class-E amplifier. The
simulated class-E switch voltage and current waveforms are shown in Fig. 6.7. The
simulated output power level was 29.7 dBm, while the measured output power level was
27.9dBm.

After the two 5 GHz class-E circuits were fabricated and measured, a nonlinear
Materka MESFET model became available for the FLK052WG (from Compact Soft-

ware). This model was used on a harmonic-balance circuit simulator to compare with
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Figure 6.6. Output circuit for the FLK052WG class-E amplifier. Both transmission
lines are 5012, and their lengths are the same as shown in Fig.6.2. Cs, Ls, and R, were
determined using harmonic balance circuit simulation, and the voltage and current
across the switch (vs(t) and i,(t)) are shown in Fig.6.7.
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Figure 6.7. Simulated voltage and current time waveforms (vy(t) and is(t)) for the
FLK052WG class-E output circuit shown in Fig. 6.6. The waveforms have the charac-
teristic class-E shape.
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the experimental results. Initially, the dimensions of the experimental circuit were used
in the simulation. The simulated results were not close to measurement, however; in the
simulation, the input was mismatched, and the gain, output power, and efficiency were
very low. Since the measured circuit was experimentally optimized for power-added effi-
ciency, it was decided to optimize the circuit on the simulator for power-added efficiency
as well, and to compare the two cases. The results of the experimental and numerical
optimizations are shown in Table 6.1. The simulation and experiment differ signifi-
cantly, which leads to the conclusion that the nonlinear Materka MESFET model does
not adequately predict heavily compressed (switched-mode) class-E amplifier operation.
It is believed that the harmonic-balance circuit simulator is not at fault, since the ideal
switch model used above (see Fig. 6.6) predicts the class-E amplifier’s output section
adequately, including characteristic class-E switch voltage and current waveforms for
the FLK052WG circuit, as shown in Fig. 6.7. Unfortunately, the ideal switch model
cannot be used to design the input match of a class-E amplifier, and does not allow
prediction of gain, power-added efficiency, or final amplifier power and efficiency band-
widths. Therefore, it is concluded that better nonlinear MESFET models are needed
to allow accurate simulation of heavily compressed (switched-mode) microwave class-E
amplifiers.

Table 6.1. Comparison of experimentally optimized 5 GHz FLK052WG class-E amplifier
with optimization using a harmonic balance circuit simulator (with the Materka MES-

FET model). The simulation and experiment differ significantly. Lengths /; through I,
are labelled in Fig.6.2.

[ Optimization | 74 |PAE| Pout [ Gain | &4 | L [ I3 [ U

Experiment | 81% | 72% | 27.8dBm | 9.8dB | 9.0mm | 1.8mm | 5.3mm | 6.2mm

Simulation | 44% [ 35% | 23.8dBm | 5.8dB | 6.5mm | Omm | 4.8mm | 6.4mm

6.3 The antiresonant slot antenna and bias network
The microstrip-fed antiresonant slot antenna, shown in Fig. 6.8, was chosen to
couple the 5 GHz FLK052WG class-E amplifier to free space because of its broadband

nature and its 50 input impedance. The slot antenna was designed using the CAD
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tool WireZeus (described in [141]), then it was fabricated, measured and adjusted for
optimum input return loss at 5 GHz. An open-circuited 502 microstrip line runs a
quarter wavelength beyond the slot antenna, which causes the 509 microstrip feed line to
be coupled to the antiresonant slot antenna in the ground plane of the structure. A coax-
to-microstrip connector was attached to the structure, and a 2:1 voltage standing-wave
ratio (VSWR) bandwidth of greater than 20 % was measured. The cross-polarization
ratio was approximately 23dB at 5 GHz. A half wavelength open-circuited microstrip
line was used to provide bias to the amplifier, by attaching a thin wire to the voltage
null at the center of the line. The dimensions of the final radiating structure, including

the bias network, are shown in Fig. 6.8.

Quarter-wave
open circuited
microstrip line
(11mm long)

Antiresonant
slot antenna

(49%2.3mm)

_Half-wave

4 open circuited
microstrip line
(22mm long)

Bias
Point

50 Ohm port impedance

Figure 6.8. 509 antiresonant microstrip-fed slot antenna used for the 5 GHz quasi-
optical class-E amplifier. This antenna demonstrated a 2:1 VSWR bandwidth greater
than 20% . A half-wave bias line is used to provide bias to the MESFET’s gate and
drain terminals. All microstrip lines are 502 (1.6 mm wide), and the substrate is Duroid
with a thickness of 0.508 mm and ¢, = 2.2.

The measured radiation patterns for the microstrip-fed 50-Q antiresonant slot
antenna are shown in Fig. 6.9. The antenna radiates approximately 1.5dB more power

into the dielectric/air side of the structure, as can be seen in the H- and E-plane pattern

measurements.
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(a) H-Plane Pattern (b) E-Plane Pattern

Figure 6.9. Radiation patterns for the 50-{2 antiresonant microstrip-fed slot antenna at
5GHz. The H-plane pattern is shown in (a), and the E-plane pattern is shown in (b).
6.4 The quasi-optical class-E power amplifier

The 4-element quasi-optical class-E power amplifier is shown in Fig. 6.1. The
FLK052WG 5 GHz class-E amplifier, the antiresonant 502 slot antenna, and the bias
network were all integrated into the quasi-optical structure. The class-E amplifier sees
50€2 at the fundamental frequency of operation at both its input and output ports. At
the second harmonic frequency, the input impedance of the antiresonant slot antenna is
unimportant, since the open-circuit condition at the output port of the FLK052WG is
preserved independent of the load impedance at the second harmonic (as discussed in
Chapter 4). The input and output antennas are orthogonally polarized to one another
to minimize coupling between them, and the fields contained in the microstrip lines are
primarily in a direction orthogonal to both input and output radiated fields. Although
the slot antennas radiate and receive in both directions from the array surface, external
polarizers can be used in a quasi-optical system to make the amplifier receive and radiate
in a preferred direction.

To calibrate the free-space amplifier measurement, a “through” structure was

fabricated, which was identical to the amplifier array, except that the class-E amplifiers
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in the structure were replaced with 502 lines. First the through structure was placed
between two horn antennas, and the power received in the second horn relative to
the power delivered to the first horn was measured (see Fig. 6.10). Since the through
structure was in the middle between the two horn antennas, approximately half of the
power loss was assumed to be due to the input side of the structure, and other half of
the power loss was assumed to be due to the output side of the structure. A correction
was made to compensate for the difference in power radiated from the two sides of the
slot antennas. Then the quasi-optical class-E power amplifier was placed in the system,
and enough power was delivered to the first horn to drive the input of the amplifier into
compression. 10 W of power was delivered to the first horn, and 316 mW of power was
received by the amplifier. 2.24 W of output power was generated by the quasi-optical
class-E power amplifier. This method of calibration resulted in measurements of output
power and efficiency which were repeatable to within a few percent, which is believed to
be more accurate than the method used to calibrate the amplifier presented in Chapter

3 (where the Friis transmission formula was used to calibrate power levels in the system)

Amplifier
Array or
50Q thru
i/
Gl G2
: Gin Gout :
- rl B V4 ) L
|  HP83640A HP71500A
Synthesized Absorbing ?PTOE_?OA
S Tansition
WEePeT Screen Analyzer

i

Figure 6.10. Measurement setup for the 5 GHz quasi-optical class-E power amplifier.
First a passive structure is placed into the system (with 50-C lines connecting the input
and output antennas), and a calibration power level is measured. Then the amplifier
array is placed in the system, and the gain and power levels are determined.
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A single cell of the quasi-optical class-E amplifier was measured in free space,
and it demonstrated 0.67 W of output power at 5 GHz, with a drain efficiency of 80 %,
a power-added efficiency of 71 %, and a compressed gain of 9.3dB. Then the 2x2 quasi-
optical array was measured in free space, and it demonstrated 2.24 W of output power
at 5 GHz, with a drain efficiency of 67 %, a power-added efficiency of 58 %, and a com-
pressed gain of 8.5 dB. Dividing the output power per element in the 2x2 array by the
output power of the single cell, a power-combining efficiency of 84 % is found. A power
sweep was performed on the single cell quasi-optical class-E amplifier, and it is shown in
Fig. 6.11. The results of the 2x2 quasi-optical class-E power amplifier are superimposed
on the graph; the output power in this case is plotted per element for direct comparison
with the single cell results.

The 2x2 quasi-optical class-E amplifier was then calibrated over a 10 % frequency
range, and the output power, drain efficiency, and power-added efficiency were plotted
as a function of frequency, shown in Fig. 6.12. The efficiency is above 50% over a
3.5 % bandwidth, and it is above 30% over a 6% bandwidth. The best performance
was observed at 5.05 GHz, where an output power of 2.4 W was measured, with a corre-
sponding drain efficiency of 74 % and a power-added efficiency of 64 %. The compressed
gain at 5.05 GHz was 8.8dB.

Earlier in this chapter, two 50€2 microstrip class-E amplifiers were presented, one
using the Fujitsu FLK052WG MESFET, and the other using the Fujitsu FLK202MH-14
MESFET. The intrinsic semiconductor chips inside of these two MESFETS are identical,
except that the FLK202MH-14 is four times as large as the FLK052WG. It is known
that the output power of a MESFET does not grow as quickly as its physical size,
and this is clearly the case here: the FLK052WG class-E amplifier delivers 0.61 W of
output power into 5082, while the FLK202MH-14 delivers 1.8 W. Considering that the
FLK202MH-14 is physically four times as large as the FLK052WG, the output power
might be expected to be four times as large as well, or 2.44 W. If the FLK202MH-14 is
considered as four FLK052WGs in parallel, then a power-combining efficiency can be

defined. In this case, the power-combining efficiency is 74 %. Using the quasi-optical
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Figure 6.11. Power sweep curve for the single cell quasi-optical class-E power amplifier
element. Qutput power, drain efficiency, and power-added efficiency are plotted as a
function of input power level. The results of the 2x2 quasi-optical class-E power amplifier
are superimposed on the graph; the output power in this case is plotted per element.
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Figure 6.12. Frequency sweep curve for the 2x2 quasi-optical class-E power amplifier
array. Output power, drain efficiency, and power-added efficiency are plotted as a
function of operating frequency. The input power level is +25dBm at 5 GHz.
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techniques demonstrated in this chapter, a higher power-combining efficiency of 84 %
has been demonstrated, which validates the use of quasi-optical combining techniques.
This advantage is expected to become more significant when larger numbers of elements
are power combined.

When the quasi-optical class-E power amplifier was first tested, an oscillation
at 1.6 GHz was observed. Numerous attempts were made at stabilization, until finally
a 509 resistor and a 56 pF DC blocking capacitor in series were soldered directly be-
tween the gate and drain terminal of each FLK052WG MESFET. An analysis of the
input match to the FLK052WG class-E amplifiers showed that the FLK052WG’s input
impedance was only 3.5 — j5.32 under heavily compressed class-E operation at 5 GHz.
Since the input impedance of the MESFET was so low at the frequency of operation,
the 5092 impedance placed across its gate and source terminals caused an insignificant
degradation in the class-E amplifier’s input match and gain at 5 GHz. However, the
1.6 GHz oscillation ceased, and the amplifier became stable. The 56 pF blocking capaci-
tor kept the DC gate-source bias from dissipating any power into the 50 resistor. It is
possible that coupling between the input and output slot antennas caused the 1.6 GHz

oscillation to occur.

6.5 Conclusions

In this chapter, a class-E power amplifier active antenna element has been
demonstrated for the first time. Quasi-optical power combining can add the power
of a large number of transistors while maintaining high efficiency operation. Since heat
sinking is an important issue for high power quasi-optical power amplifiers (due to
their two-dimensional nature), high efficiency power generation is crucial in a successful

quasi-optical system.



CHAPTER 7
SUMMARY OF RESULTS AND SUGGESTIONS FOR FUTURE WORK

7.1 Summary of Results

This thesis has for the first time presented a high efficiency quasi-optical power
amplifier, integrating a class-E transmission-line amplifier into a free-space structure.
High efficiency is of interest to the quasi optical community, because of the two-dimensional
nature of quasi-optical active surfaces and the difficulties which arise in heat sinking
these structures without interfering with wave propagation through them. In Chap-
ter 1 of this thesis, some of the preliminary work in quasi-optics and in quasi-optical
amplification was reviewed.

In Chapter 2, some preliminary work done on a quasi-optical voltage-controlled
oscillator (VCO) was described, which revealed the need for an accurate way to elec-
trically characterize these structures, and also the need to find ways of predicting and
designing for high power and efficiency in a quasi-optical system. This preliminary study
motivated the rest of the work in this thesis, since high efficiency power amplification is
a prerequisite for high-efficiency oscillator design, and is a necessary component placed
after oscillator sources in most systems.

In Chapter 3 the quasi-optical class-A power amplifier was introduced. Al-
though the efficiency of this structure was relatively low (on the order of 20%), it
demonstrated the feasibility of stable quasi-optical power amplification. The meander-
ing ground planes in the structure electrically isolate the two sides of the amplifier, and
allow arbitrary polarization of input and output waves. This was demonstrated with a
single cell amplifier which had a linearly polarized input wave and a circularly polar-
ized output wave. Although broadband matching was used to couple the transistor to

the patch antenna, the narrowband nature of the patches limited the bandwidth of the
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amplifier. Also, via holes were an integral part of the structure, and were used to electri-
cally connect the meandering ground planes on either side of the structure, as well as to
connect the drain leads of the MESFETSs to the back side of the amplifier. Via holes are
problematic at millimeter-wave frequencies, due to their unknown parasitic reactances
and the mechanical problems which occur when substrates are made electrically thin at
very small wavelengths.

In Chapter 4 the microwave class-E amplifier was presented. The original class-E
topology was analyzed exactly in Appendix A, and although the results were numeri-
cally very accurate, the resulting equations were so long and complicated that design and
insight using the exact results was not feasible. Therefore in Chapter 4, several simplify-
ing assumptions were made about high frequency class-E amplification, which resulted
in insightful results and allowed first-order designs of microwave and millimeter-wave
class-E amplifiers to be derived. Closed-form design equations were found for several
different class-E topologies, including (for the first time) a transmission-line version suit-
able for very high frequency class-E circuits, since transmission lines have much lower
loss than lumped elements at microwave and millimeter-wave frequencies. The method
used in Chapter 4 may be applied to other class-E topologies, and may even be used
to design radiating structures (antennas) which satisfy the class-E conditions at a finite
number of harmonics (two harmonics are sufficient for approximate class-E operation).
An approximate expression for DC-RF conversion efficiency was developed under the
assumption that the transistor’s ON-state resistance was the primary source of loss in
the class-E circuit. The voltage across the device output port (the switch voltage) was
analyzed using Fourier series, and closed-form expressions for switch voltage harmonic
magnitude and phase were found. It was found that the class-E switch voltage consists
primarily of first and second harmonic frequency components. Finally, the effects of
nonlinear switch (device output port) capacitance was analyzed. The distorted switch
voltage was plotted, and modified class-E design equations were found.

In Chapter 5 the concept of the transmission-line class-E amplifier was experi-

mentally verified. The Siemens CLY5 MESFET was used in three experimental class-E
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amplifiers at 0.5, 1, and 2 GHz using microstrip transmission lines. The approximate
design equations developed in Chapter 4 were used for the initial design of the 0.5 GHz
amplifier, which was then experimentally adjusted in the lab for maximum power-added
efficiency. The transistor switch model was then adjusted to correspond to the exper-
imental transmission line lengths, and this modified model was used to design the 1
and 2GHz amplifiers. Thus the design equations presented in Chapter 4 were vali-
dated. Then the ideal switch model and the experimentally determined transmission
line lengths were used to simulate the amplifier output circuits on a harmonic balance
simulator, to verify that the three circuits operated in class-E mode. The characteristic
class-E switch waveforms were seen for all three circuits.

In Chapter 6, the quasi-optical class-E power amplifier was presented. First, two
5GHz class-E amplifiers were measured in a 500 coaxial system, to determine which
one would be more suitable for integration into a quasi-optical structure. Once one of
these amplifiers was chosen, an antiresonant 502 microstrip-fed antenna was designed,
fabricated, and measured, also in a 502 system. A bias network was included into
the microstrip-fed antenna structure. Then the separate pieces were combined into a
single quasi-optical amplifying element, and the quasi-optical class-E power amplifier
was measured in free space, after the amplifier was stabilized using lumped elements
without degrading gain and efficiency. A different calibration procedure was used for
this project than for the amplifier presented in Chapter 3. In the patch/patch amplifier,
the Friis transmission formula was used to calculate the gain added by the amplifier in
the free-space system. For the quasi-optical class-E power amplifer, a 50 “through”
line was integrated into a second quasi-optical structure, to compare to the amplifier
directly. This resulted in more accurate power and efficiency measurements. Also, this
structure required no vias through the substrate, since the slot antennas were placed in
the ground planes of the microstrip lines directly. The MESFET packaged devices were

soldered into the structure’s ground plane, which facilitated heat sinking.
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7.2 Suggestions for Future Work

Quasi-optical power combining is a relatively young and broad research topic,
and quasi-optical power amplification is in its early infancy. Several possibilities for
future work are given in this section, although this is in no way a comprehensive list of

the different aspects of quasi-optical power amplification which may be pursued.

7.2.1 New class-E circuit topologies

In Chapter 4, the original class-E circuit topology was analyzed, along with
several other circuit topologies which had never before been presented in the literature.
Of particular interest were the transmission-line class-E load networks which offer low
loss reactance at microwave frequencies. These new class-E circuit topologies are by no
means the only ones possible, and research into interesting new configurations may yield
performance enhancements over existing topologies. It would also be useful to design
radiating structures (antennas) which would satisfy the load impedances necessary for
class-E operation for a given transistor directly. This would be especially useful for
quasi-optical power generation, where space is at a premium, and matching network

complexity between transistor and antenna are best minimized.

7.2.2 Effects of finite harmonic content in the class-E circuit

In Chapter 4 the Fourier series of the switch voltage in the class-E amplifer was
derived. When only two harmonics of switch voltage were plotted, it was seen that
the waveform differed only slightly from the exact (infinite-harmonic) switch voltage
waveform. However, the switch voltage is no longer exactly zero when there is current
present across the switch, so that the maximum theoretical efficiency attainable in a two-
harmonic class-E circuit is no longer 100 %. It would be useful to derive the maximum
efficiency attainable in a class-E circuit with either two or three harmonics of switching
frequency present in the switch voltage. It is useful at microwave and millimeter-wave

frequencies to be able to design for a finite number of harmonics.
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7.2.3 Linearity and modulation of the class-E amplifier

For many applications, it is necessary to transmit information in addition to
being able to generate high power levels efficiently. Many of today’s communication
systems use modulation schemes which simultaneously require broad bandwidth, fre-
quency modulation, and amplitude modulation. The class-E amplifier is capable of
large bandwidth and excellent frequency modulation characteristics, but since the am-
plifier is so heavily compressed, amplitude modulation at the input to the amplifier is
almost entirely lost (the output power is not a function of the input power level under
heavy compression). However, if amplitude information is separated from frequency
information in an incoming signal, a technique known as envelope restoration may be
used effectively in a class-E amplifier. The frequency information is fed to the input
of the amplifier, and the amplitude information is put onto the supply voltage. Since
the output power of a high-efficiency power amplifier closely follows the DC power, the
amplitude information placed on the supply voltage is directly transferred to the output
signal. This technique can be used to modulate the quasi-optical class-E amplifier with

a high degree of linearity.

7.2.4 Effects of input drive on the class-E amplifier

In a standard microwave power amplifier, it is usually assumed that both the
input and the output of the circuit contain pure sinusoidal signals. At the output ports
of a transistor, nonlinearity occurs during saturation, and harmonic waveshaping is
utilized for high efficiency operation. The signal delivered to a 5092 port, however, is
sinusoidal.

The input waveform is assumed to be sinusoidal, and if the input port of the
transistor is not driven too hard, and if its impedance is not strongly nonlinear, then the
signal at the input to the transistor remains a sinusoid. The advantages of this standard
approach to power amplifier input drive is that only one harmonic needs to be taken into
account in the amplifier’s input port analysis, making the design relatively simple, and

allowing standard phasor analysis of the input matching circuit. In addition, restricting
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the input signal to the fundamental frequency allows for broadband circuit operation.

Under high levels of saturation, the sinusoid incident upon the input of a mi-
crowave power amplifier begins to distort, for example due to the parasitic diode and
nonlinear capacitance present at the input of a MESFET. The top of the sinusoid begins
to flatten, and the bottom of the sinusoid becomes sharper, causing the input signal
to look much like an inverted triangular waveform. This effect has been observed in
harmonic balance circuit simulations of the class-E amplifier circuit under heavy com-
pression.

Presently it is unknown whether this effect can be exploited for advantageous
effects, or whether the effect should simply be avoided. Possibly, second and third
harmonic resonators at the input of a power amplifier circuit could either enhance or
minimize this effect. Understanding this phenomenon could prove to be important in
the design of high-efficiency power amplifiers. Also, MESFET designers could work
towards using this effect to advantage in new transistor fabrication processes.

For heavily compressed high efficiency operation, the ideal input signal to the
gate of a transistor is a square wave. During the upper half of the square wave, the
transistor is turned “ON”, and during the lower half of the square wave, the transistor
is turned “OFF”. Because the transition between the transistor “ON” and “OFF”-
states is so abrupt, the efficiency of a switched-mode (heavily compressed) circuit is
maximized. Harmonic balance simulations have shown that 5-15% improvement in
DC-RF conversion efficiency can be realized by using a square wave at the gate of a
MESFET rather than a sinusoid. There are some drawbacks to using a square-wave
input signal in a practical microwave amplifier, however. Higher harmonics present at
the input of an amplifier make the system more complex, and stronger nonlinearity in
the circuit make it more difficult to analyze accurately. A square wave signal at the input
of an amplifier requires significant third and fifth harmonic components to be present
at the gate of the transistor, which inherently makes the circuit more narrowband than
with simpler sinusoidal drive. Also, other problems such as subharmonic oscillation may

be exacerbated by the stronger nonlinearity of the system. However, the improvement
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in efficiency possible using square-wave input drive may be worth the extra effort in

situations where high efficiency power generation is critical.

7.2.5 Losses in the class-E circuit — further efficiency analysis

In Chapter 4, the efficiency of the class-E circuit was found for the case of small
switch ON-state resistance. This is believed to be the dominant loss mechanism in the
class-E amplifier. An OFF-state resistance may provide more accurate efficiency calcu-
lations if taken into account. Also, in some cases the losses in the load network reactive
elements (such as transmission-line losses) may become of importance, expecially for the
analysis of power amplifiers approaching 100 % efficiency. Analysis of losses at the input

to the switching transistor would allow calculation of overall power-added efficiency.

7.2.6 Transistor capacitance nonlinearity in the class-E amplifier

A special case of transistor output capacitance nonlinearity was analyzed in
Chapter 4. For this special case, modified switch voltage and design equations were
derived. Analysis of more general cases of output capacitance nonlinearities would yield
more accurate design equations and more insight into the effects of device nonlinear-
ity. This would be particularly useful for devices such as the Heterojunction Bipolar

Transistor (HBT), in which the output capacitance is strongly nonlinear.

7.2.7 Broadband class-E amplifier operation

The experimental class-E amplifiers presented in Chapter 5 and Chapter 6
demonstrated high efficiency over relatively large bandwidths, using standard single-
stub input matching circuits and single-stub class-E load networks. Broadband input
and output circuit topologies (using quarter-wave matching sections, for example) would

maximize the operating bandwidth of a high-frequency class-E amplifier.

7.2.8 More accurate nonlinear transistor models for simulation
In Chapter 5 and Chapter 6, experimental class-E amplifiers were simulated
using a standard nonlinear MESFET model (the Materka model) on a harmonic balance

circuit simulator. The simulations differed from experiment significantly. However,
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using an ideal switch model on the harmonic balance simulator yielded the correct
class-E switch voltage and current waveforms, and correlated well with experiment.
Unfortunately, the ideal switch model does not take the gain or input match of the
device into account, and the switch parasitics (R, Cs, and Ls) were deduced from the
experimental class-E amplifier dimensions. More accurate nonlinear transistor models
are needed to accurately simulate heavily compressed (switched-mode) high-efficiency

quasi-optical power amplifiers.

7.2.9 The quasi-optical class-E multiplier

In a class-E multiplier, the input of the transistor is driven at a fundamental
frequency, and an output class-E circuit responds to a higher harmonic frequency. In a
quasi-optical class-E multiplier, the receiving side of the structure (the input antennas)
would be tuned to the fundamental frequency of operation, and the output radiating
antennas would be tuned to the desired harmonic frequency. Conceivably, a single
antenna could act as a receiver at the fundamental frequency, and re-transmit at the

desired harmonic.

7.2.10 The quasi-optical class-E oscillator

The maximum power available from a feedback oscillator is equal to the max-
imum power which can be added to the system by an active device. Therefore, the
maximum DC-RF conversion efficiency possible from an oscillator is equal to the maxi-
mum power-added efficiency possible in an amplifier using the same device. To make a
class-E oscillator, first a class-E amplifier is designed. At the point of maximum power-
added efficiency, the compressed large-signal gain of the amplifier is determined, and the
relative phase between the input and output signals is also found. A feedback network
is then added between the output and input of the class-E amplifier, with the proper
phase and amplitude relationship to operate the feedback class-E oscillator at the opti-
mum compression point, and to cause the system to oscillate at the desired operating
frequency. For a quasi-optical class-E oscillator, the necessary feedback path between

the output and input of the class-E amplifier is achieved using coupling between input
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and output antennas and quasi-optical interaction within the system.

7.2.11 The quasi-optical class-F amplifier

The class-F amplifier uses harmonic waveshaping in its output circuit in similar
fashion to the class-E circuit. Class-F operation demonstrates relatively high linearity
in its input-to-output power gain characteristic, while still providing high efficiency.
The class-E amplifier presented in this thesis requires envelope restoration to provide
the amplitude linearity required for modern digital modulation schemes. Although
the class-E circuit promises to provide broader bandwidth operation than the class-F
circuit, the added complexity of implementing an envelope restoration circuit adds cost
to a system and is in many cases undesirable. Therefore, it is believed that class-F
operation in a quasi-optical amplifier may prove advantageous over class-E operation in
some circumstances. Ideally, some compromise between class-E and class-F operation
(class E/F) may provide an optimum balance between bandwidth and linearity in a

high efficiency quasi-optical power amplifier.
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APPENDIX A
EXACT SOLUTION OF THE ORIGINAL CLASS-E CIRCUIT

The original class-E circuit is shown in Figure A.1. To solve this idealized circuit
exactly (without any high-Q assumption), a time-varying third-order set of differential
equations must be solved. When the switch is in its ON-state, a second-order differential
equation describes the circuit. When the switch is in its OFF-state, a third-order
differential equation describes the circuit. The boundary conditions on the voltages and
currents between the switch ON and OFF states combine the two equations into one
time-varying third-order system. The waveforms are most nonlinear at the switch, and
become mostly sinusoidal at the output resistor. It is easiest to begin with an equation
for the voltage across the switch during the switch OFF-state (since the boundary
conditions for class-E operation are defined for this voltage), but during the ON-state,
this voltage is zero, so the voltage across the network capacitor C is used. Later, to
combine the boundaries between the switch states, the switch voltage during the switch

OFF-state is used to find the voltage across C.
Vs Ids

L Bias
b Choke

— — — — pr— — — — —

|+|'§'_4‘|'AT—|

IVS S __CS R
| - r | | Load
L. T TE = sumal Bendor
Switched Waveshaping
Capacitor Elements
(MESFET)

Figure A.1: Class-E high-efficiency circuit.
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The boundary conditions imposed upon vs(t) which define class-E operation are:

vs(0) =0,
Us("Ti) = 0!
) =0.

The basic solution for this class-E circuit is given below. Again, the voltage
across the switch is given for the first half of the cycle, and the voltage across the
second capacitor C is given during the second half of the switch cycle. Differentiation

and integration of these expressions yields all of the currents and voltages in the circuit

at all times.
Ts It —tR C.+0C R
Egeziys =K g 3L si 2
0<t<F): w(t)=Ki+ 505+ Kae sm(t\/CCL ~G 1
_p C,+C R
2
KseL cos(t‘/CCL (QL) )

T £ 1
(?sths): vo(t) = Are L 3 sin(t ﬁ—(E)QHAzeTcos(t — — (=

Trancendental equations are derived which constrain the load network elements;
these can be solved numerically for Cs and C. The results of the simplified analysis
presented in Chapter 4 are used to find first-order element values, which can then be
used as a starting point in the numerical solution of these equations. The equations
derived here are exact, without the high-Q assumption used in Chapter 4.
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The constants K1, Ko, K3, Aj, and As are complicated functions of the circuit

parameters (the circuit element values and the switching period):
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