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Next-generation transmitters require large RF bandwidths, high effective isotropic radiated

power (EIRP), broadband signals with a time-varying amplitude, and high power amplifier (PA)

efficiency. Broadband architectures at the PA, antenna, and beamforming network achieve large

RF bandwidths. Implementing PAs with high output power and high-gain antennas can achieve

a high EIRP. However, signals with a time-varying envelope statistically operate most of the time

at power levels backed-off from the peak. This substantially reduces PA efficiency, particularly for

signals with a high peak-to-average power ratio (PAPR). By dynamically changing the drain supply

of the PA, the efficiency can be improved, an approach known as supply modulation.

This thesis addresses the efficiency and linearity enhancement of PAs through dynamic dis-

crete supply modulation. The hardware design and characterization of dynamic supply modulators

and PAs suitable for an array of many active elements are investigated. The PAs in this thesis are

designed to operate across a 6GHz to 12GHz bandwidth and amplify signals with an instantaneous

bandwidth ranging from 10MHz to 67.5MHz. First, an overview of broadband supply modula-

tion is presented. This thesis begins with the design of a 10 W GaN-on-SiC MMIC PA designed

for high efficiency with a dynamic drain supply. The trade-offs between continuous and discrete

supply modulation are discussed, and the modulated performance of this PA is examined through

simulation.

One challenge identified is the PA’s gain magnitude and phase dependence on supply voltage,

which can degrade the linearity of supply-modulated PAs. Through load/source pull simulation

and measurement of a fabricated 5 W GaN-on-SiC MMIC PA, it is shown that by deviating from

conventional PA match for efficiency or output power and instead matching for low gain variation,
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the PA’s supply-modulated performance can be improved.

Additionally, a high-power discrete supply modulator is designed to generate a drain wave-

form suitable for many PA elements with a shared drain supply. Through careful selection of

the switching transistors, this modulator achieves a peak output power of 800 W and a switching

frequency of 10MHz. Parasitics in the output trace interconnect and switching devices create sig-

nificant ringing upon voltage level transition. The ringing is reduced by pulsing the gates of the

transistors briefly before turning them on. This puts the transistors in a lossy state and dampens

the ringing with a small cost to efficiency (∼ 1% point).

Integrating a dynamic supply modulator with an active array is an additional challenge.

For instance, the drain bias interconnect must have low inductance and capacitance to avoid low-

pass filtering the dynamic drain signal. Additionally, broadband antennas are not always perfectly

matched to 50Ω and, therefore, can degrade the PA performance. These challenges are investigated

through the dynamic supply measurements of a 4× 1 antenna array with four commercially available

GaN MMIC PAs supplied by an MMIC GaN supply modulator with a switching speed of 100MHz.

This thesis concludes with a summary of contributions and an overview of future work.
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Chapter 1

Introduction

1.1 Background and Motivation

From electronic warfare [4–6], to 5G multiple input multiple output (MIMO) arrays [1, 7],

weather monitoring [8,9], automotive radar [10,11], satellite communication [12,13] and even gesture

recognition [14] high-performing RF front-ends have a large and varied demand. They often operate

in transmit and receive modes with a shared antenna element. A generalized block diagram of an

RF front-end is shown in Fig. 1.1. On the transmit side, the baseband signal is generated digitally

with a digital-to-analog converter (DAC) and up-converted through a mixer and local oscillator

(LO). In the receiver, the modulated RF carrier is down-converted and sampled with an analog-to-

digital converter (ADC). Filters are added to reject interference sources and image frequencies that

result from the mixing operation. The modulated RF signal is amplified through a power amplifier

(PA) in the transmitter and a low noise amplifier (LNA) on the receiver. Both the transmit and

Figure 1.1: Generalized Transmit/Receive RF front-end module with a circulator to isolate the
receive chain from the transmit chain.
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Figure 1.2: A 4x1 element active transmit array. The input signal is split four ways through
symmetric Wilkinson dividers. The phase of each path is controlled with multiple phase shifters.
Drivers are used to overcome losses in the beamforming network and saturate the PA elements.

Figure 1.3: An overview of semiconductor device power handling vs. frequency. Figure adapted
from [1, Figure 1, pg. 101]

.

receive signals are present at the antenna but are isolated from each other using a circulator [15,16],

switch, or combination of analog and digital isolation [17]. Additionally, the transmit and receive

chains can be isolated by allocating different frequency bands, and using a diplexer filter [18].

RF front-ends are often connected to an array of antennas. The primary advantage of arrays
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is increased gain and beam steering capabilities enabled by adding a progressive phase shift to the

RF signal applied to each antenna element [19, 20]. Phased arrays are an important aspect of 5G

communication systems. Digital beamforming enables multiple beams and spatial multiplexing,

which can increase data rates in dense urban environments [21]. Additionally, in MIMO arrays,

each element transmits and receives an independent stream of information [22]. This reduces the

impact of fading and multi-path and can increase throughput [23]. The high effective isotropic

radiated power (EIRP) also enables transmitters to overcome path losses, especially at mm-wave

frequencies [1]. A block diagram of a four-element transmit array is shown in Fig. 1.2. The RF

input signal is split through Wilkinson dividers and a phase shift is applied through phase shifters

at the input of the PAs. The output power (Pout) from each PA element is combined spatially over

the air through the antenna elements.

To meet the demands of high power, III-V semiconductors such as gallium-nitride (GaN)

transistors are used due to their high band-gap and power handling properties [24,25]. The advan-

tage of III-V semiconductors can be seen in Fig. 1.3 adapted from [1, Figure 1, pg. 101], which shows

the maximum power handling vs. frequency of different semiconductor technologies. For powers

exceeding 1W per element and frequencies between 2 and 100GHz, GaN and GaAs semiconductors

dominate. At higher powers and frequencies, thermal management becomes exceedingly challeng-

ing [1, 26]. In compact high-frequency arrays with many high-power PA elements for electronic

warfare and satellite communication applications, the problem is exacerbated by reduced surface

area, and temperatures can exceed 200◦C [27, 28]. GaN-on-SiC technology can survive these high

temperatures, however, insufficient thermal management can force transmitters to operate with

reduced duty cycles to avoid device failure. Additionally, memory effects such as trapping are

prevalent in GaN HEMTs and are affected by temperature. Trapping occurs when parasitic charge

attaches to imperfections in the semiconductor lattice and affects the channel conduction [29]. The

capture and release time of these traps is dependent on temperature [30]. Using DPD to linearize

trapping effects in PAs is challenging when the temperature is dynamically changing. Thermal

management techniques include forced airflow and liquid cooling pipes [27]. Additionally, analog
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temperature sensing and bias compensation can be used to cancel out the gain and phase distortion

due to changing temperatures [28].

In high-power transmitters, the dominant source of power dissipation is the final stage PA,

quantified by efficiency, and the thermal issue can be addressed at its source by improving the PA

efficiency. There are three commonly used definitions of PA efficiency: drain efficiency (ηd); total

efficiency (ηtotal); and power added efficiency (PAE); defined as follows:

ηd =
Pout

Pdc
(1.1)

ηtotal =
Pout

Pdc + Pin
(1.2)

PAE =
Pout − Pin

Pdc
(1.3)

where Pout = GPin is the output power, Pin is the input power, G is the gain, and Pdc is the

dc power applied to the PA. Each of these definitions includes the gain in different ways. The

definition of drain efficiency does not include gain and is, therefore, the least conservative. The

total efficiency includes the input power and gain; however, if the dc power is much larger than the

input power, the total efficiency is dominated by the dc power consumption. The gain has a strong

impact on the PAE which makes PAE a popular definition. For instance, if the gain is zero, the

PAE is zero, which is not the case for the other definitions. As the gain of the PA increases, each of

these definitions converges to the drain efficiency. Therefore, when analyzing the power dissipation

in a PA, the drain efficiency definition will be used, and the PA is assumed to have a high gain.

The power dissipation (heat generation) in a PA as a function of drain efficiency is shown below:

Pdiss = Pout

(
1

ηd
− 1

)
(1.4)

The relationship between Pdiss and drain efficiency is non-linear and plotted in Fig. 1.4a, in this

example, Pout = 1W. At efficiencies greater than 40%, the power dissipation is not strongly affected
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(a) (b)

Figure 1.4: (a) Power dissipation vs. drain efficiency (ηd) for 1W of output power. (b) Power
dissipation vs. number of PA elements in a transmit array with a drain efficiency of 20% and 30%.
The output power of each element is 1W.

by improvements in efficiency. However, at low efficiencies, the power dissipation is a strong function

of efficiency. For instance, improving the drain efficiency from 20% to 30% reduces Pdiss from 4W

to 2.3W, which is a 43% reduction. This improvement becomes even more apparent when scaling

to multiple PAs in an array. Fig. 1.4b shows the power dissipation of an array as a function of the

number of 1W transmit elements with a drain efficiency of 20% and 30%. The power dissipation

scales linearly with the number of elements, and as the number of elements exceeds 32, the difference

in power dissipation resulting from the efficiency improvement becomes dramatic. These efficiencies

and power levels are chosen to demonstrate how seemingly small efficiency improvements can have

a dramatic impact on power dissipation.

When PAs amplify signals with a time-varying envelope, the overall average efficiency is

lower than the peak efficiency. This is a fundamental issue in PAs and will be examined in more

detail in section 1.2. There are several efficiency enhancement approaches to overcome this problem

which will be discussed in section 1.3. The approach taken in this thesis is a technique known as

supply modulation, also referred to as envelope tracking. A block diagram of a supply-modulated

PA is shown in Fig. 1.5a. Here the dynamically changing drain voltage is generated with a supply

modulator and applied to the drain bias of the PA. The drain voltage must be aligned with the input

envelope signal so that when the input envelope drops, the drain voltage follows to continuously
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Figure 1.5: (a) Simplified block diagram of a supply modulated PA. (b) Time domain input and
output signal envelope of a GaN on SiC MMIC PA amplyfing a 64-QAM 67.5MHz signal with
dynamic drain voltage.

saturate the PA. An example of the input envelope signals and the drain voltage is shown in the

time domain in Fig. 1.5b with a 67.5MHz 64-QAM signal. The drain voltage is generated for the

10W GaN on SiC MMIC PA presented in chapter 2. The voltage range of the supply modulator

is limited to operate between 6V and 20V.

1.2 Power Amplifier Overview

The objective of every PA is to amplify a signal to a higher power level. For communication,

radar, and electronic warfare, high power is necessary to overcome free space losses [6]. However,

PAs have applications in industrial heating [31], wireless power transfer [32], and many more.

Some common challenges of PA design are high efficiency, high gain, high output power, and linear

amplification. It is impossible to design a PA with optimal performance in each of these categories,

so designers must make tradeoffs depending on the system requirements and the application [33].

The fundamental core of a microwave high-power PA is a transistor, which is typically in a common-

source configuration with the source terminal connected to ground. The work presented in this

thesis uses GaN high electron mobility transistors (HEMT) on a silicon carbide (SiC) substrate.

The primary benefit of GaN-on-SiC transistors is the increased power capabilities enabled by the

wide bandgap properties of GaN and the high thermal conductivity of SiC [24]. Some of the
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disadvantages of GaN are soft compression and trapping effects which degrade linearity [34, 35].

A block diagram of a generalized single-stage PA is shown in Fig. 1.6a. The gate-source voltage

modulates the conduction of the channel between the drain and source terminals. The gate and

drain terminals are biased by a dc voltage. The input RF signal is applied to the gate, and the

amplified signal is generated at the drain terminal. The transistor impedances at the gate and drain

terminals must be matched to optimize the gain, efficiency, and output power. The output matching

network (OMN) transforms the PA load impedance (typically 50Ω) to the desired impedance at

the virtual drain/current source of the transistor. This typically means resonating out the drain-

source capacitance and presenting a resistive load which maximizes efficiency or output power.

This resistive load ensures that at the peak output power, the voltage waveform swings between

the knee voltage (Vk) and twice the dc bias voltage (Vd) while the current swings from zero to

the maximum current (Imax) which maximizes output power. Each of these parameters is shown

in Fig. 1.6b along with the IV curves of a GaN HEMT and optimal load lines for different PA

classes. At the gate, the complex input impedance of the transistor is conjugate-matched through

the input matching network (IMN) to maximize the gain and minimize reflections. There are many

different classes of power amplifiers, which are defined by the biasing of the transistor and the

voltage/current waveforms at the drain terminal. Class-A is biased with a quiescent current (Iq)

equal to Imax/2. Class-B is biased with the gate voltage equal to the threshold voltage (Iq of zero).

Class-C is biased with the gate voltage below the threshold voltage, and class-AB is biased with a

quiescent current (Iq) in between class-A and class-B. Note that class-C and class-AB are defined

across a range of bias points, while class-A and class-B are only defined for a single bias point. An

in-depth discussion of all the classes of PAs is beyond the scope of this thesis, however, a class-B

PA will be examined to illustrate typical PA behavior.

1.2.1 Class-B PA

Class-B PAs are biased with a positive drain-source voltage and the gate-source voltage equal

to the threshold voltage of the transistor. The sinusoidal RF input voltage generates a half-wave
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(a) (b)

Figure 1.6: (a) basic PA schematic, (b) IV curves of a GaN transistor with load lines in class-A, B,
AB, and C operation with Vk = 5V.

rectified current waveform and sinusoidal voltage waveform at the drain of the transistor, as shown

in Fig. 1.7. For this analysis, a fixed dc drain bias (Vd) of 28V is used, and the transistor maximum

current (Imax) is set to 1.43 A. These values are chosen to produce 10W of maximum output power.

The maximum output power and optimal load resistance of a class-B PA are:

Pmax =
VdImax

4
, (1.5)

Ropt =
2Vd

Imax
, (1.6)

where Pmax is the maximum RF output power, Vd is the dc drain bias voltage, Imax is the maximum

current a device can supply, and Ropt is the optimal load resistance presented to the transistor [33].

The voltage is centered at Vd and swings from zero to 2Vd while the current peaks at Imax. The

power dissipated at the drain can be found by multiplying the voltage and current, power dissipated

at the drain is converted to heat and reduces the PA efficiency. These waveforms are only valid

when the input voltage and gain produce drain waveforms that are less than or equal to 2Vd and

Imax. Increasing the input voltage beyond that clips the waveforms and generates harmonics, which

can improve efficiency but will produce non-linearities. This analysis also assumes the transistor

knee voltage is equal to zero and the impedance at all harmonics a short.
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(a) (b)

Figure 1.7: Instantaneous (a) drain and (b) input/output voltage and current waveforms for an
ideal class-B PA at 1GHz with a dc drain bias of 28V and Imax of 1.43 A.

The RF output power is determined by multiplying the fundamental components of the drain

voltage and current waveform, shown in Fig. 1.7b along with the input voltage. The dc power

consumption is calculated by multiplying the average current and voltage on the drain. When

the drain voltage and current swing across their full range, the drain efficiency is equal to 78.5%,

which is the maximum efficiency from a class-B PA, assuming the waveforms are not clipping.

Reducing the input power lowers the efficiency since the drain waveforms are not swinging across

the full range. For this example, Vd = 28V, Imax = 1.43 A, RL = 39.2Ω, and Pmax = 10W. The

fundamental component of the output current is equal to the product of the input voltage and the

transconductance (Iout = gmVin). The output voltage is the product of the output current and load

resistance (Vout = IoutRL). Therefore, the voltage gain is Gv = gmRL. For this example, gm is set

to 0.255 S and produces a voltage gain of 20 dB.

1.2.2 Communication and Test Signals

Most wireless applications such as communication [36], radar [37], and electronic warfare [38]

require baseband modulation schemes. Although each application is important, this section will

focus on communication signal modulation. Baseband signals have an instantaneous bandwidth

(e.g., 67.5MHz) and modulate RF carriers. The RF carrier can be anywhere inside the operational

bandwidth of the PA (e.g., 6GHz to 12GHz). There are three fundamental methods of encoding
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information in a baseband signal: frequency, phase, and amplitude [39]. Frequency and phase mod-

ulation schemes have constant envelopes, which allow the PA to operate at its peak efficiency point

continuously. However, to increase the data transfer rate, these modulation schemes require more

spectrum. Since spectrum allocation is expensive, most modulation schemes focus on maximizing

information transfer while minimizing the signal bandwidth. The theory for maximum information

transfer and minimizing errors through a channel with additive white noise was developed in the

late 1940s by Claude E. Shannon [40,41] resulting in the famous equation:

C = B log2

[
S

N
+ 1

]
, (1.7)

where C is the channel capacity, S is the power of the signal, N is the power of the noise, and B is

the signal bandwidth. This equation shows that information transfer through a channel is dictated

by the bandwidth and signal-to-noise ratio. As the signal power drops, the information becomes

indistinguishable from white noise.

For digital baseband signals, each bit is encoded onto a complex signal at a fixed rate.

The instantaneous amplitude and phase of the signal which corresponds to a sequence of bits, is

referred to as a symbol. The number of bits per symbol increases with higher modulation orders.

The frequency at which symbols are transmitted/received is called the symbol rate (baud rate)

The bandwidth of the signal is proportional to the symbol rate. The instantaneous amplitude and

phase of the complex signal can be visualized on a polar plot referred to as a constellation. For

comparison, phase shift keying (PSK) and quadrature amplitude modulation (QAM) schemes are

shown in Fig. 1.8.

PSK encodes information by modulating the phase of an RF carrier. The example shown in

Fig. 1.8a has four constellation points, so it is called quadrature phase shift keying (QPSK) and

transmits 2 bits per symbol. QAM signals consist of two amplitude-modulated components that

are 90◦ out of phase and orthogonal when they are summed. These baseband signals are complex,

with the in-phase (I) component consisting of the real part of the signal and the quadrature (Q)



11

(a) (b)

Figure 1.8: Comparison of (a) QPSK and (b) 64-QAM constellations. The constellation points are
shown in blue. A small section of the baseband signal is shown in orange. Note that the magnitude
of the baseband signal is constant for the QPSK signal and changes dynamically with the 64-QAM
signal. The symbols in this segment of the signal are shown in yellow, and the time between each
symbol is 20 ns, corresponding to a symbol rate of 50MHz.

component being the imaginary part. The QAM signal shown in Fig. 1.8b has 64 constellation

points, so it is referred to as 64-QAM and transmits 6 bits per symbol.

The QPSK modulation has a constant envelope, however, to achieve the same bit rate as

the 64-QAM signal, the symbol rate of the QPSK signal would have to be three times greater

which expands the bandwidth by a factor of three. However, the envelope of the 64-QAM signal is

changing and has a peak-to-average power ratio (PAPR) greater than zero. Since the input power

of PAs is typically scaled such that the peak output power of the PA corresponds to the peak input

power of the signal, the PA must operate at reduced power levels and efficiency at all levels except

the peak.

This effect is shown in Fig. 1.9 where the drain efficiency of an ideal class-B PA is plotted

vs. output power with the PDF of a 64-QAM signal. Here the PA operates the majority of the

time at backed-off power levels. The average power level is 7 dB backed off from the peak power,

where drain efficiency is 35%, which is substantially lower than at the peak power level where drain
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Figure 1.9: (a) Ideal class-B PA drain efficiency plotted vs. output power with a 64-QAM signal
PDF. (b) normalized 64-QAM signal envelope.

(a) (b)

Figure 1.10: (a) 10MHz NPR signals spectrum (b) 67.5MHz 64-QAM signal with a baud rate of
50 Mega-symbols/s and roll-off factor of 0.35.

efficiency is 78.5%. The envelope of this signal is normalized and plotted in the time domain in

Fig. 1.9b. For this example, the symbol rate is 50 Mega-symbols per second with a roll-off of 0.35

and bandwidth of 67.5MHz. In some instances, the signal envelope drops to below 40 dB backed-off

from the peak, at these points the drain efficiency is nearly zero. Higher modulation orders could

be used with phase shift keying, however, the constellation points become so close together that

they become susceptible to bit errors created by white thermal noise [40].

Two signal types are used in this thesis. The normalized power spectral density (PSD) is

shown for both of these signals in Fig. 1.10. The first is a noise-like signal that consists of 30,001

random phase tones with equal amplitude placed inside a defined bandwidth, e.g., 10MHz. A notch

with 5% of the total bandwidth is placed in the center of the band, where the amplitudes of the
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tones are set to zero. The non-linearities in the PA generate intermodulation products and produce

spectral regrowth inside the notch. The ratio of the in-band power to the power in the notch is

a measurement called noise-power ratio (NPR). This type of signal is also referred to as a noise-

power-ratio (NPR) signal. The advantage of using an NPR signal is the amplitude statistics are

similar to an orthogonal frequency division multiplexing (OFDM) scheme used in communication

standards, but NPR signals are more general and do not require choosing a specific standard.

The second signal used is a 64-QAM signal. Each bit of a QAM signal must be encoded onto

the amplitude of an in-phase and quadrature component. The simplest method of encoding this

data is through multiple time domain pulses with different amplitudes. However, the frequency

spectrum of a pulse is large. To reduce spectral content, time domain pulse shaping is adopted.

An ideal time-domain sinc function would produce the minimum spectral content with zero inter-

symbol interference (ISI). However, practical implementations produce expanded bandwidths due

to the truncation of the sinc function, and in-accurate sampling timing will increase ISI due to the

sharp edges of the sinc ripples. Therefore, a raised cosine filter is adopted to manage the spectral

content while suppressing the time domain ripples [42]. It is often desirable to implement a matched

digital filter on the transmitter and receiver, so root-raised cosine filters are a popular choice that,

when cascaded together, give a raised cosine response [42, 43]. These digital filters are defined by

a roll-off factor also called α. High roll-off factors suppress ripples but expand the bandwidth.

Alternatively, low roll-off factors lower the bandwidth but can increase ISI due to the increased

ripples. The bandwidth of a QAM signal BQAM is defined by the Baud (symbol) rate and roll-off

factor (α) defined as:

BQAM = Baud(1 + α) (1.8)

the roll-off factor ranges from zero to one. A roll-off factor of one corresponds to twice the signal

bandwidth, and a roll-off factor of zero corresponds to a pulse shape of a sinc function in the time

domain with a bandwidth equal to the baud rate.

The linearity of a QAM signal is quantified through two metrics; adjacent channel power ratio
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(ACPR) and error vector magnitude (EVM). The ACPR metric is the ratio of the in-band power to

the neighboring channel power. This is calculated mathematically by integrating the in-band and

adjacent channel PSD. A guard band often separates the in-band channel and adjacent channel in

the frequency domain to reduce interference. The frequency bounds of integration for the channel’s

PSD and the guard bands can be determined from a specific communication standard or through

the roll-off factor of the QAM signal. In this thesis, the roll-off factor is used to determine the

bounds of integration. The spectrum and adjacent channels of a 67.5MHz QAM signal are shown

in Fig. 1.11. Here the channel bandwidths are defined by the baud rate. The signal in Fig. 1.11

has a baud rate of 50 Mega-symbols/s, so the in-band channel bandwidth is 50MHz. The roll-off

factor of 0.35 expands the bandwidth to 67.5MHz as expressed in (1.8). The guard band on the

upper and lower channels is defined by this expanded bandwidth and is equal to 8.75MHz.

The EVM quantifies how much error there is in de-modulated symbols of the baseband

signal. If the EVM is too high, bit errors will occur, and the information will be corrupted.

Mathematically, the EVM is the root-mean-square error of the in-phase and quadrature symbol

components, normalized to the average power:

EVM = 100 ∗

√∑N
i=1 (Itx(i)−Irx(i))

2+(Qtx(i)−Qrx(i))
2

N

Pave,tx
, (1.9)

where Itx and Qtx are the in-phase and quadrature components of the transmitted (ideal) signal

and Irx and Qrx are the components of the received signal, and Pave,tx is the average power of the

transmitted signal. In practice, the phase and amplitude of the transmitted and received signals

must be linearly scaled and aligned so that EVM calculation only accounts for non-linear distortion.

For the EVM calculations in this thesis, the phase and amplitude are linearly scaled in software

until the EVM is minimized. Additionally, the instruments used to generate the IQ signal, such

as an arbitrary waveform generator or vector signal generator, can introduce phase and amplitude

imbalance in the IQ signals. This imbalance is calibrated out by taking an initial measurement of

the generated IQ signal, point by point computing the difference between the ideal and measured
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Figure 1.11: 67.5MHz 64-QAM signal with a baud rate of 50 Mega-symbols/s and roll-off factor of
0.35. The channel bandwidths are 50MHz wide, and the guard bands are 8.75MHz wide.

signal, and subtracting this difference from the original signal and re-uploading the new signal.

This is essentially a point-by-point digital pre-distortion used to linearize the instruments.

1.3 PA Efficiency Enhancement Techniques

When the input signal to a PA has a time-varying instantaneous power, the PA efficiency

is reduced. This is observed in Fig. 1.9 and results from the drain voltage and current waveforms

not swinging across their maximum range. There are several techniques to improve PA efficiency

at reduced power levels, however, the most popular are load modulation and supply modulation

(envelope tracking). Load modulation presents a dynamically changing impedance to the transistor,

which ensures that the current and voltage waveforms swing across their maximum range at different

input powers. The dynamic load lines of a load-modulated PA are shown in Fig. 1.12a. Ideally, load-

modulated PAs have a fixed bias point but dynamically change the slope of the load line, increasing

the impedance at lower power levels [44]. Load modulation architectures include the Doherty power

amplifier (DPA), Chireix (Outphasing) amplifier, and load-modulated balanced amplifier (LMBA).

Supply modulation dynamically changes the bias point of the transistor to improve efficiency. The

dynamic load lines of a drain-modulated PA are shown in Fig. 1.12b. Ideally, drain-modulated PAs

have a fixed load impedance but dynamically change the position of the load lines moving to lower

drain voltages as the input power is reduced. The majority of published work on supply modulation

focuses on modulating the drain bias for efficiency enhancement [45], however, there are examples
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(a) (b)

Figure 1.12: Example IV curves and load lines of a class-B PA with (a) load modulation and (b)
drain supply modulation.

of gate bias modulation which primarily focus on linearity improvement [46,47].

1.3.1 Doherty PA

Figure 1.13: Block diagram of a Doherty PA

The block diagram of a Doherty amplifier is shown in Fig. 1.13, which consists of a main

amplifier typically biased in class-B or AB and an auxiliary amplifier biased in class-C. The input

RF signal is split between the main and auxiliary PAs. At low power levels, the main PA amplifies

the signal, and the auxiliary PA is off. As the input power is increased, the auxiliary PA begins

amplifying the signal, and load modulates the main PA, presenting a changing optimal resistance

with drive power. A delay line is added at the input of the auxiliary PA to ensure that the
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two amplifiers combine in phase at the output [48]. The drain efficiency of an ideal Doherty PA

peaks at 6 dB backoff power, however, through asymmetric sizing of the main and auxiliary PA

the peak backoff point can be moved to lower powers. For instance, sizing the auxiliary device

to be four times larger than the main (1:4 DPA) causes the amplifier efficiency to peak at 12 dB

backed off from the maximum power [49]. Furthermore, with multiple auxiliary PAs, the backoff

efficiency can be improved such that multiple peaks in the efficiency occur referred to as a multi-

stage DPA. The efficiency of a standard Doherty as well as a 3-stage and 4:1 Doherty PAs is

shown in Fig. 1.14 (figure adapted from [2, Figure 3, pg. 561]) along with the PDF of an LTE and

802.11b signal. The primary limitations of the Doherty PA are the bandwidth and linearity. The

bandwidth is limited due to the impedance inverter on the output, which is typically implemented as

a quarter wave transformer [50]. Practical implementations have significant AM-AM and AM-PM

distortion [51,52], which is often corrected through digital pre-distortion (DPD).

1:4 DPA

Figure 1.14: Efficiency of two-stage, three-stage, and 4-way Doherty PAs with the PDF of LTE
and 802.11b signals vs. output power. Figure adapted from [2, Figure 3, pg. 561]
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1.3.2 Outphasing PA

The block diagram of an outphasing PA is shown in Fig. 1.15 and consists of two saturated

PAs with a modulated input phase and combined through a power combiner. If the power combiner

is isolated, this PA has a linear amplification using non-linear components (LINC) architecture.

If the power combiner is non-isolated, allowing for load modulation, the architecture is Chireix.

In outphasing PAs, the output power is controlled by changing the relative phase between the

amplifiers. If a Chireix architecture is adopted, the two PAs load modulate each other through

the output combiner [53]. Outphasing PAs can achieve large RF bandwidths with a high backoff

efficiency [54]. One challenge with outphasing PAs is maintaining high efficiency deep in back off,

particularly when the signal amplitudes go to zero. In such cases, a mixed-mode operation can be

adopted where both the amplitude and phases are modulated. When the input signal power drops,

the RF amplitude applied to each outphasing PA is reduced to minimize the dc power dissipation.

An additional challenge of outphasing PAs is the bandwidth expansion resulting from the non-linear

operation of converting amplitude information into outphasing angles of the two branches [53]. This

obstacle can be overcome through an inphasing network that operates in the analog domain and

uses non-linear elements to convert amplitude information into an outphasing angle [55].

Figure 1.15: Block diagram of an outphasing PA. Here the power combiner can be isolated (LINC)
or non-isolated (Chireix).
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Figure 1.16: Block diagram of a LMBA

1.3.3 Load Modulated Balanced Amplifier

The block diagram of an LMBA is shown in Fig. 1.16 and consists of two PAs in a balanced

configuration with a third amplifier injecting a control signal into the isolated port of the output

coupler. The control amplifier load modulates the balanced amplifiers to maintain efficient op-

eration as the signal power changes. The LMBA has many advantages over the Doherty PA; it

supports larger bandwidths, eliminates the delay lines, and has a higher degree of reconfigurabil-

ity [56]. Broadband examples of LMBAs have been demonstrated [57,58], which split the input RF

signal to the control and balanced amplifiers, thus eliminating the need to independently operate

the control amplifier.

1.3.4 Supply Modulation

An alternative to load modulation techniques is supply modulation, where the drain or gate

bias of the PA is dynamically changed to follow the signal envelope and improve efficiency or

linearity. The work in this thesis focuses on drain modulation, so the terms drain modulation and

supply modulation will be used interchangeably. A block diagram of a supply-modulated PA is

shown in Fig. 1.17. The working principle of supply modulation can be seen in Fig. 1.18 which

shows the drain efficiency of a class-B PA at drain voltages from 14 to 28V along with the PDF
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of a 64-QAM signal with a PAPR of 7 dB. With a static supply of 28V, the efficiency drops to

35% at 7 dB of back off (OBO). However, by reducing the drain voltage to 14V, the efficiency

can be improved to 70%. By dynamically changing the drain voltage to follow the instantaneous

input power, the overall efficiency of PAs can be improved [46, 59–65]. The modulated input RF

signal is split between the input of the PA and an envelope detector. The signal envelope is applied

to a controller, which determines the instantaneous output voltage (Vd) of the supply modulator.

The drain voltage and RF input signal are aligned using a delay at the input of the PA. The

drain voltage to input power relationship is referred to as a shaping function and can be used to

maximize efficiency, linearity, or a compromise between them [59, 66]. The shaping function will

be explained in more detail in the following chapter. An advantage of supply modulation is that it

is carrier frequency agnostic, meaning the RF operating frequency and bandwidth of the PA have

no impact on the supply modulator. Additionally, if existing front-end transmitters need improved

efficiency, they can be retrofitted with supply modulation, assuming the drain bias lines have low

inductance and capacitance. Furthermore, if the modulator and PA are thermally de-coupled, even

a low-efficiency modulator can improve the heat dissipation of the PAs. The baseband bandwidth

is typically limited by the supply modulator. Many publications focus on improving the bandwidth

of supply modulators [67–70] or reducing the bandwidth of the envelope signal [59, 71, 72]. One

technique to track higher signal bandwidth is to discretize the continuous drain signal into a fixed

number of voltage levels [61–63, 73]. The discrete drain signal low-pass filters the envelope, so

relatively low bandwidth supply modulators can track high bandwidth signals.

Supply Modulation Diagram

Figure 1.17: Block diagram of a supply modulated PA
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Figure 1.18: Drain efficiency (ηd) of a class-B PA at multiple drain voltages with the PDF of the
envelope of a 64-QAM signal.

Additionally, combined supply modulation and load modulation have been demonstrated for

the Doherty PA [74–77], outphasing PA [78], and LMBA [79].

Ongoing research in supply modulation has many subjects, but three will be addressed in

this thesis. The first is system linearization through PA design methods in chapter 3 [80–82]. The

second is the design of supply modulators for improved bandwidth, output power, linearity, and

efficiency in chapters 4 and 5 [70,73,83–87]. The third subject is scaling a supply modulated system

to multiple PAs in an array demonstrated in chapter 6 [88–92].

1.4 Thesis Organization

Supply modulation has been the topic of research dating back to the 1950s [93], but there are

few studies on supply modulation in the context of a transmit array with multiple PA elements. This

thesis investigates the design and characterization of the PA and supply modulator in a broadband

supply modulated transmit array operating from 6GHz to 12GHz.

One challenge at the PA level is that GaN PAs exhibit an expansive gain magnitude and

phase with increasing drain voltage. This can degrade linearity when the drain bias is dynamically

changed [80–82, 94–96]. A study of the gain magnitude and phase dependence on drain voltage

is performed across different source/load impedances and applied to a GaN MMIC PA design in

chapter 3. By reducing the gain dependence on drain voltage, the distortion created by ringing and

bandwidth limitations in the high power supply modulator can be reduced.
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Supply modulating each PA in an array with an individual modulator adds substantial com-

plexity to a system, especially with a large number of PA elements. An alternative is to feed the

entire array or sub-array with a single high-power modulator [83, 88–90, 92]. The design of a dis-

crete four-level supply modulator with a peak output power of 800W is presented in chapter 5.

A major challenge of high-power supply modulators is the tradeoff between switching speed and

power handling. This is investigated through a survey of different commercially available transis-

tor technologies and manufacturers to find the optimal device selection for this application. The

fabricated high-power supply modulator has four discrete voltage levels and utilizes GaN transistor

switches. This discrete supply modulator exhibited significant ringing upon voltage level transition,

which can degrade PA linearity and efficiency [3]. The ringing is accurately predicted by modeling

the parasitics of the output trace interconnect using RLC elements in chapter 4. Additionally, an

active technique to reduce the ringing is introduced and investigated in chapter 5.

When the PA and supply modulator are integrated into an array, there are additional chal-

lenges. For instance, the drain bias interconnect feeding each PA must be as short as possible

to minimize inductance and capacitance, which filter the dynamic drain voltage. Furthermore,

antenna arrays can present a mismatch to the PAs that depends on the element location and scan-

ning. Element variation can be exacerbated by a non-uniform delay in the drain signal and beam

steering. Chapter 6 investigates these challenges through the efficiency and linearity measurements

of a 4× 1 ridge horn array fed by four GaN PAs with a dynamic drain voltage.

By investigating these topics and adding to the literature, this thesis aspires to illuminate

new paths forward to achieving an efficient and linear RF transmitter. This thesis is organized as

follows:

• Chapter 1 introduces the fundamental concepts of this thesis, including PA design, base-

band signals, and power amplifier efficiency enhancement techniques.

• Chapter 2 gives an overview of a broadband supply modulated system, presenting the

design of a 10W MMIC PA operating from 6GHz to 12GHz, discussing the trade-offs
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between continuous and discrete supply modulation, and giving an example of how the

instantaneous drain voltage and RF input power are related.

• Chapter 3 investigates how the gain magnitude and phase variation across the drain voltage

of PAs impact the efficiency and linearity with a dynamically changing supply. A technique

to minimize the gain variation is presented, which mismatches the source/load impedance

and is experimentally validated through the design and characterization of a 5W MMIC

PA operating from 6GHz to 12GHz.

• Chapter 4 presents the design and characterization of a high-power four-level supply mod-

ulator designed for a peak output power of 1 kw at 20V and a maximum switching speed

of 10MHz.

• Chapter 5 introduces a new technique to reduce transient ringing in discrete supply mod-

ulators by pulsing the gate of the transistor switches.

• Chapter 6 presents the design and measurements of a 4× 1 active array with a shared

dynamic drain voltage applied to the four 2W GaN PAs. The efficiency and linearity

of this transmitter are presented when the PAs are loaded with the antenna array and

with 50Ω terminations. These results are compared to measurements of a single supply

modulated PA.



Chapter 2

Broadband Supply Modulated PA System Aspects

2.1 Introduction

The previous chapter introduced a fundamental challenge consistent throughout this thesis:

the average efficiency is reduced when PAs amplify signals with a time-varying amplitude. The

proposed solution is a technique known as supply modulation, which was introduced in chapter 1.

Supply-modulated systems consist of a PA, which amplifies a modulated carrier in the RF domain,

and a supply modulator, which follows the signal envelope in the baseband domain. One advantage

of supply modulation is that the supply modulator does not impose limitations on the system’s RF

bandwidth. Thus, supply modulation can be applied to a broadband RF PA with the modulated

RF carrier operating anywhere inside the PA’s RF bandwidth. This makes supply modulation

an attractive solution for the efficiency enhancement of broadband frequency agile transmitters.

In the baseband domain, the upper limit on signal bandwidth is determined by the transient

speed/bandwidth of the supply modulator. Therefore, it is desirable for supply-modulated systems

to have a high RF and baseband bandwidth to support broadband signals and operate over a large

portion of the RF spectrum. Additionally, the efficiency of the PA and supply modulator drops as

the bandwidth increases, so this tradeoff must be considered in the design process. This chapter

examines a broadband supply modulation system. First, a broadband PA design is introduced.

Second, two supply modulator architectures are examined in terms of efficiency and bandwidth.

Third, it is demonstrated that the relationship between instantaneous input power and drain voltage

can be tailored to improve system efficiency, linearity, or a compromise of the two.
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2.2 Broadband PA Design and Non-linearities

This section investigates a broadband PA design specifically targeting high efficiency in a

supply-modulated system. The beginning of the section discusses an approach to high-efficiency

PA design in which the drain voltage and current are shaped to minimize power dissipation in the

PA. Next, the design and characterization of a high-efficiency GaN-on-SiC MMIC PA is presented.

2.2.1 Waveform Engineering

The efficiency of an RF transmitter is dominated by the final stage PA. Therefore, designing

high-efficiency PAs is critical. The ideal class-B PA presented in chapter 1 has a maximum drain

efficiency of 78.5%. This efficiency is achieved when the current and voltage waveforms peak at the

maximum current and twice the dc drain voltage. The efficiency can be improved by increasing

the drive power and overdriving the PA. In this mode of operation, the voltage/current waveforms

clip, and the PA begins to saturate. This generates harmonic content, which can improve efficiency

through proper impedance termination, known as waveform engineering [97]. A classic example of

this is the class-F PA. The drain current and voltage waveforms of an ideal class-F PA are shown in

Fig. 2.1a. For this example, the dc drain voltage is 28V, and the maximum drain current (Imax) is

1.43A. These values are chosen to be consistent with the class-B example in section 1.2.1. class-F

PAs are typically biased with a reduced conduction angle similar to that of class-B or AB. The

virtual drain of the device is terminated with a short circuit at the even harmonic frequencies, and

at the odd harmonic frequencies terminated with an open circuit [33]. This results in a square-

shaped voltage waveform and a half-wave rectified current waveform. With an infinite number of

harmonics, there is no overlap between the voltage and current waveforms at the drain of the PA,

and no power is delivered to the harmonics since the impedance is either a short or an open circuit.

Therefore, efficiencies up to 100% are possible in the ideal case [98].

In practice, transistors do not have gain up to infinite harmonics. The output capacitance

of the device presents a short circuit at higher frequencies, so only a limited number of harmonics
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can be used. For instance, if up to the 3rd harmonic is terminated for maximally flat waveforms

and the rest are a short circuit, the current and voltage waveforms overlap as shown in Fig. 2.1b.

The drain efficiency derived from these waveforms is 75% [98]. Note that this is lower than the

ideal class-B PA. However, the current waveform in an ideal class-B PA includes infinite harmonics

in the current waveform. This analysis ignores the knee voltage, which will reduce efficiency and

generate additional harmonics [33].

(a) (b)

Figure 2.1: Drain voltage and current waveforms of a class-F PA with (a) an infinite number of
harmonics optimally terminated and (b) up to the third harmonic terminated for maximally flat
waveforms. For this example the dc drain voltage is 28V and the transistor maximum current is
1.43A.

In broadband PAs, ideal class-F waveforms are impossible to achieve due to the overlap

between fundamental and harmonic terminations. For example, if a PA has an octave of bandwidth,

operating from 1GHz to 2GHz. At a fundamental frequency of 1GHz, the second harmonic is

2GHz. However, the PA is also designed to be operated at a fundamental of 2GHz. Here, the

fundamental frequency match must be prioritized over the harmonic termination. Therefore, the

PA will not operate with ideal class-F waveforms at 1GHz. An analysis of PA performance across

a range of harmonic impedances is shown in [99]. In practice, the operating class of broadband PAs

is somewhere between a class-F and an overdriven class-A PA. Therefore, an overdriven class-A PA

will be examined next.
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2.2.2 Overdriven class-A PA

class-A PAs are biased with a quiescent current equal to half the maximum current (Imax).

The drain current and voltage waveforms are shown in Fig. 2.2. The voltage waveform is centered

at the dc drain voltage (Vd), and the current waveform is centered at the quiescent current. When

the drain waveforms swing across their maximum values without clipping, the drain efficiency is

50%, and the waveforms are shown in Fig. 2.2a. If the input power is increased, the PA saturates,

and the waveforms clip. This increases the efficiency but reduces the gain, a phenomenon known as

(a) (b)

Figure 2.2: Overdriven ideal class-A PA drain waveforms operating at 1GHz. (a) Waveforms when
the PA is driven to its maximum without clipping. (b) Waveforms when the PA is driven 3 dB into
compression.

gain compression. The drain waveforms at the 3 dB gain compression point are shown in Fig. 2.2b.

By operating the PA 3dB into compression, the PAE is improved to 70% from 50%. The peak

drain efficiency of an overdriven class-A PAs is 81%, which is lower than a class-F PA with infinite

harmonics because power is being delivered to the harmonics [33]. This analysis is performed

similarly to the class-B analysis in section 1.2.1 with the drain waveforms decomposed into a

Fourier series to determine the dc power dissipated and RF power delivered to the load [33].

The difference occurs when the PA is overdriven. Here ideal clipping is applied to the voltage

waveform so it does not exceed 2Vd or drop below zero following the analysis in [33]. This analysis

omits transistor effects such as the knee-voltage, gate diode forward biasing in GaN HEMT’s,

and the non-linear transconductance. The current waveform is reconstructed from the voltage



28

38 39 40 41 42 43
Output Power (dBm)

0

20

40

60

80

PA
E

 (
%

),
 G

ai
n 

(d
B

)

PAE
Gain

PAE = 70%

PAE = 50%

No Compression

3dB Compression

Figure 2.3: PAE and gain of an overdriven class-A PA plotted vs. output power.

assuming the impedance is terminated with an RL of 39.2Ω at the fundamental frequency and all

harmonics. For this analysis, the drain voltage is 28V, and the quiescent current is 0.71A. The

PAE, gain, and output power are calculated from the waveforms and plotted in Fig. 2.3. The peak

efficiency point occurs when the PA gain is in compression. This is common to most PAs and

can produce high efficiencies; however, the output signal is no longer linearly related to the input

signal, generating non-linear distortion. When amplifying a communication signal, this distortion

degrades error vector magnitude (EVM) and generates intermodulation products which increase

ACPR [33]. Furthermore, this analysis neglects the phase distortion caused by the non-linear

input/output capacitance and non-linear transconductance, which are dependent on input power

and create additional distortion in the baseband signal. This could be included in the model by

adding a power-dependent complex component to the transconductance [100]. The distortion can

be compensated by pre-distorting the input signal to cancel out the non-linearities of the PA. This

can be done in the analog [101,102] or digital domains [103,104]. The tradeoff between PA linearity

and efficiency is a subject that will be discussed throughout this thesis but is addressed directly in

chapter 3.



29

2.2.3 Broadband MMIC PA Design and Characterization

The waveform engineering discussed previously is challenging to apply across a large RF

bandwidth. For instance, non-ideal transistors have parasitic inductance, capacitance, and resis-

tance, which the output-matching network must match to present the appropriate impedance at

the intrinsic transistor drain. However, there are limits on the bandwidth over which a reactive

impedance can be matched, known as the Bode-Fano limit [105,106]. Furthermore, the frequency-

dependent reactance is challenging to match accurately over a large bandwidth. Therefore, the load

impedance presented to transistors through the OMN often deviates from the optimum case at the

fundamental and harmonic frequencies. Additionally, the transistor parasitics make it difficult to

de-embed to the plane of the intrinsic gate and drain. Therefore, designers adopt a load/source

pull approach. In a load pull analysis, the performance of the PA is measured or simulated with

different drain-side load impedances. Load pull is typically performed for the fundamental load

impedance and the harmonics. In source pull, the gate-side source impedance is swept. This is

typically performed only at the fundamental frequency. If the device is bilateral, meaning there is

feedback from the gate to drain, this process is interactive, performing multiple load/source pull

sweeps. Designers can choose impedances that optimize PAE, output power, gain, or a tradeoff

between them.

The design and measurement of a broadband high-efficiency MMIC PA will now be described

to illustrate techniques used throughout this thesis. The PA is designed in the WIN Semiconductors

NP15 150 nm GaN on SiC process. The target RF bandwidth is 6GHz to 12GHz with an output

power of 10W at a drain voltage of 20V and the highest possible efficiency across multiple drain

voltages.

For supply-modulated PAs, load pull is performed at multiple drain voltages. The PAE

contours of a 20×100µm transistor at 9GHz in the WIN Semiconductors NP15 process are shown

in Fig. 2.4 at drain voltages of 6V, 15V, and 20V. The simulations are performed using the foundry

nonlinear model, which was under development when this PA was designed. The maximum PAE
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Figure 2.4: Load pull of 20×100µm device at drain voltages of 6, 15, and 20V and 9GHz each
with a maximum PAE of 69.8%, 70.0%, and 69.3%, respectively. The contours are in 5% steps
referenced to the maximum PAE at the center of each contour.

impedance changes at different drain voltages. The primary cause of this is the changing optimal

resistance according to Eq. 1.6 and the non-linear output capacitance, which is a function of drain

voltage. As the drain voltage is changed, the load impedance presented to the transistor is fixed.

The drain voltage of supply-modulated PAs follows the instantaneous input power. Typically this

results in the PA operating at the highest drain voltage at the peak input power, the lowest drain

voltage deep in back-off, and at medium drain voltages in between. Statistically, most signals have a

higher probability of operating at medium or low power levels than at high power levels. Therefore,

the PA will be operating at medium or low drain voltages the majority of the time. This PA was

originally designed to operate with a drain voltage from 10V to 20V, so to maximize the efficiency,

it was matched at a drain voltage of 15V where it will be operating the most.

This design uses lumped element inductors and capacitors to match the PA reactively. The

input impedance is modeled as a series RC circuit, which is conjugate-matched. The chosen load

impedance is conjugated and converted to an equivalent parallel RC circuit, which models the

transistor’s optimum load resistance and output capacitance [107]. The input and output RC
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circuits are initially matched using ideal series inductors and shunt capacitors. A shunt inductor

and series capacitor are also inserted into the network, to form a bias tee and are used as additional

matching elements. The realized second stage drain bias line and blocking capacitor are labeled

in the MMIC photo shown in Fig. 2.5a. A schematic of the PA matching networks is shown in

Fig. 2.5b. For a supply-modulated PA, the bypass capacitance on the drain bias line must be

minimized to avoid filtering the dynamic drain signal, however large enough to ensure stability.

Inductors are implemented in the MMIC as meandered transmission lines with a high impedance,

and the capacitors are implemented as metal-insulator-metal capacitors. This process is repeated

for the input matching network (IMN), inter-stage matching network (ISMN), and output matching

network (OMN).

The harmonic impedance can have a substantial impact on efficiency. Fig. 2.6 shows the

simulated PA efficiency at 6GHz as the second harmonic reflection coefficient angle is swept with a

magnitude of 0.95 when the third harmonic is terminated with an open and short circuit impedance

and the fundamental impedance is matched for maximum PAE. The high magnitude of the reflection

coefficient is chosen to shape the time domain waveforms at the drain plane for high efficiency and

reflects the behavior of matching networks, which tend towards reactive impedances at harmonic

frequencies. Additionally, resistive harmonics reduce efficiency since power is delivered to the

harmonics.

For both cases, the PAE drops by 30% when the second harmonic is terminated near a short

circuit; however, when the third harmonic is terminated in an open circuit, the range of angles

where the PAE drops is relatively narrow. This region is described as a ”keep-out” region for the

second and third harmonics. It is mathematically defined as the range of angles where the efficiency

drops 1% below the average PAE across the full phase sweep.

A photograph of the realized MMIC PA is shown in Fig. 2.5a. The first stage consists of a

single 16×100µm device, and the second stage has two 20×100µm devices (staging ratio of 1:2.5).

Each device is biased at 125mA/mm at a nominal drain voltage of 20V. The small input impedance

of the large devices makes it challenging to achieve a broadband impedance match at the input and



32

3 mm

RFin

 RFout

Vd2Vd1 Vg2Vg1

Drain
Bias 
Line

Blocking
Capacitor

(a)

Bond Pad Bond Pad

(b)

Figure 2.5: (a) Photograph of the 10W MMIC operating from 6GHz to 12GHz. (b) Schematic of
MMIC matching network and bias tee.
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Figure 2.6: Sweep of the 2nd harmonic phase when the 3rd harmonic is fixed with an open and
short at an f0 of 6GHz.

inter-stage. For instance, the input impedance of the 16×100µm driving device at 9GHz is Zin=

0.33 - j2.2Ω when loaded by the inter-stage matching network and final stage. In order to make

the input impedance more manageable, a series 1.3Ω resistance is added to the gate of the first

stage using a thin film resistor available in the process. This improves the return loss and stability

at the expense of gain and PAE. Stability resistors of 1.6Ω and 13Ω are added in series with the

first and second stage gate bias lines close to the bypass capacitors. These resistors are shown in

Fig. 2.5b. Additionally, 50Ω resistors are placed across two branches in the inter-stage matching

network to suppress odd-mode instabilities. The stability of the PA is evaluated using the Nyquist

criterion from 1MHz to 36GHz at drain voltages from 10 to 20V in 1V steps.

The PAE-optimized load-pull impedances of the 20×100µm device are shown in Fig. 2.7

from 6 to 12GHz when the input is conjugate-matched at 9GHz and the PA is driven at 26 dBm

of input power. These ideal impedances are compared to the OMN impedance presented to one

of the 20×100µm devices from 6 to 36GHz along with the ”keep-out” regions for the 2nd and 3rd

harmonics at 6 and 12GHz. For each load pull simulation, the harmonics not being swept are set

to a fixed open circuit with a magnitude of 0.95. The magnitude of the 2nd harmonic ”keep-out”

region is slightly reduced for visual clarity. The ”keep-out” regions are mostly avoided, except at

the 2nd harmonic of 6GHz, which falls into the octave bandwidth, and the fundamental match at

12GHz is prioritized.

To perform CW measurements of the PA, the MMIC is mounted on a copper-molybdenum
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Figure 2.8: Measured magnitude of scattering parameters of the PA compared to simulated results
using two different PDKs at a drain voltage of 20V.
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slab along with 100 pF and 1000 pF off-chip bypass capacitors placed in parallel with each of the

gate and drain bias lines. The off-chip drain capacitance helps ensure stability during on-wafer

probing and is omitted when the PA is supply-modulated. The PA is measured on-wafer using a

probe station with 150 um probes. large-signal vector measurements are performed on a Keysight

network analyzer (part number: E8364C). A diagram of the setup is shown in Fig. 2.9. The driver

is necessary to compress the device under test (DUT). Each of the voltage waves a1, b1, a2, and b2

are calibrated to the plane of the DUT and measured as complex values. The input wave (a1) is

used for power leveling during large-signal power sweeps and is calibrated by placing an external

power meter at the input plane of the DUT and measuring the relative power between the a1 and

the power meter. The remainder of the system is calibrated using a standard short open load thru

(SOLT) calibration.

The measured and simulated S-parameters of the PA are shown in Fig. 2.8 at a drain voltage

of 20V. In measurements, the small and large-signal characteristics are slightly shifted towards

higher frequencies, covering 6.3 to 12.6GHz. The simulations use the PDK model the MMIC was

designed in and an updated model that was provided after tape-out. The measured |S21| of the PA

is lower than simulated and varies from 17.3 to 20.5 dB while the return loss is better than 5 dB

across the band. The updated PDK model more accurately predicts |S11| and |S22| as well as the

shifted frequency performance, however, |S21| is significantly larger across the band in simulations.

Figure 2.9: Large-signal vector measurement setup using external dual-directional couplers to mea-
sure the ”a” and ”b” waves of the PA.

The CW large-signal PAE and gain are shown in Fig. 2.10a – c as a function of output power
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(a) (b) (c)

Figure 2.10: Measured PAE and gain vs. output power for drain voltages ranging from 6V to 20V
at frequencies of (a) 6.3GHz, (b) 9GHz, (c) 12GHz.

(a) (b) (c)

Figure 2.11: PAE, output power, and gain with the drive power at each frequency optimized for
PAE at drain voltages of (a) 6V, (b) 15V, and (c) 20V.

for drain voltages from 6 to 20V with 2V spacing, at 6.3GHz, 9GHz, and 12GHz. The first and

second-stage drain voltages are equal for each measurement. Across a 10 dB back-off range utilizing

drain voltages from 6 to 20V, the PAE is greater than 24.9%, 28.8%, and 28.2% at 6.3GHz, 9GHz,

and 12GHz.

In addition, we observe a backed-off gain variation of 3.4 dB, 2.7 dB, and 7.3 dB, respectively,

at these same frequencies. The lower gain variation found at low and medium frequencies reduces

the linearity degradation of the PA when it is supply-modulated and will be discussed further

in chapter 3. The large-signal frequency dependence of the PAE, gain, input power, and output

power is shown in Fig. 2.11. The drive power is chosen for maximum PAE at the corresponding

drain voltage for each frequency point. The dashed lines show the simulated results using the
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original PDK model and the same input powers. When the input power is adjusted for PAE a very

flat output power response is observed for all drain voltages. At 20V the output power exceeds

39.5 dBm from 8.4 to 11.6GHz, and the power exceeds 38.1 dBm across the full 6.3 to 12.6GHz

bandwidth.

2.3 Supply Modulator Architectures

Another key aspect of supply modulation is the dynamic power supply called a supply mod-

ulator. The requirements of these converters are high bandwidth (switching speed/slew rate), high

efficiency, and large dynamic voltage range. Additionally, the supply modulator must meet the

output power demands of the PA. The drain waveform generated by the supply modulator can be

a continuous waveform or a discretized approximation. Examples of continuous supply modulators

are buck converters [67, 69, 87] and dynamic linear regulators [108]. Examples of discrete supply

modulators are the various multi-level converter topologies [73,83,109], and power digital to analog

converter (DAC) [65,110]. Additionally, hybrid approaches are capable of improving the efficiency

and bandwidth of a supply-modulated system [111]. These hybrid converters consist of different

combinations of buck converters, multi-level converters, and linear regulators in series and parallel

configurations.

The schematic of a buck converter is shown in Fig 2.12a. This converter uses a transistor

and diode (or two transistors) to switch between ground and a dc voltage supply. This switching

waveform is filtered through an LC low-pass filter and applied to a resistive load. The instantaneous

output voltage is controlled by the duty cycle of the transistor switch and is always less than or

equal to the dc voltage supply. By dynamically changing the duty cycle, the output voltage can be

changed to track the envelope of a signal. The primary drawback of the buck converter for supply

modulation applications is the limited bandwidth. The switching frequency of the buck converter

must be 5 to 10 times greater than the envelope of the signal it is tracking [112]. The losses increase

with higher switching frequency, so the buck converter can be inefficient when tracking high signal

bandwidths. This limitation is exacerbated since supply modulators follow the signal envelope,
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(a) (b)

Figure 2.12: Power converter schematic for (a) buck converter (b) multi-level converter

which has a larger bandwidth than the signal. This bandwidth expansion is due to the non-linear

operation of taking the magnitude of an IQ signal. The envelope voltage of a QAM signal is:

venv =
√
v2I + v2Q (2.1)

where vI is the in-phase voltage component and vQ is the quadrature voltage component. Due to

the increased losses with higher switching speeds, buck converter implementations of continuous

supply modulation (CSM) are typically limited to tracking signal bandwidths below 20MHz.

A discrete supply modulation (DSM) approach approximates continuous supply modulation

with a limited number of voltage levels. The schematic of a four-level multi-level converter is shown

in Fig.2.12b. This converter uses transistor switches to apply several discrete voltage levels syn-

chronously. The primary advantage of discrete supply modulation is that it can efficiently track

higher bandwidth signals than its continuous counterpart. This is because the discrete supply mod-

ulation architectures reduce the number of switching instances by an order of magnitude compared

to continuous supply modulation architectures. The disadvantage of discrete supply modulation

is reduced PA linearity performance, which results from the discretized drain waveform deviating

from the ideal continuous case. Additionally, upon each voltage level transition, there is ringing

in the output voltage. This ringing adds to the PA non-linearities and is the topic of chapter 5.

A summary of state-of-the-art continuous and discrete supply modulators is shown in Table 4.1 in

chapter 4.
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Figure 2.13: Example of continuous and discrete drain waveforms along with a 64-QAM 67.5MHz
signal envelope in the (a) time domain and (b) frequency domain. There are no bandwidth limita-
tions imposed on the discrete waveform.
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Figure 2.14: Example of continuous and discrete drain waveforms along with a 64-QAM 67.5MHz
signal envelope in the (a) time domain and (b) frequency domain. The maximum switching fre-
quency of the discrete waveform is limited to 25MHz.

All supply modulators have an upper limit on their tracking bandwidth. This is due to

the parasitic inductance, capacitance, and resistance, in the transistor, passive output trace in-

terconnect, and gate drivers. These parasitic elements low pass filter the output voltage and add

distortion to the signal. To circumvent this issue, continuous supply modulators can track a re-

duced bandwidth version of the original envelope signal [72, 113], which avoids distortion due to

filtering at the output of the modulator. In discrete supply modulators, the maximum switching

frequency is lowered, reducing the discrete signal’s bandwidth. To illustrate this point, the time

domain and frequency spectrum of continuous and discrete drain voltages tracking a 67.5MHz
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64-QAM signal is shown with an unbounded switching frequency in Fig. 2.13 and a maximum

switching frequency of 25MHz in Fig. 2.14. Note that the continuous drain voltage and signal

envelope are identical in each figure, and only the discrete waveform is changed. For these figures,

the drain voltage is tailored to maximize the efficiency of the 10W PA presented in section 2.2.3.

The drain voltage range is 6V to 20V, which is consistent with the drain supply voltages measured

in section 2.2.3. By limiting the switching frequency of the discrete waveform, the bandwidth is

significantly reduced. However, the voltage waveform deviates further from the ideal continuous

case. The reduced switching frequency has a small impact on efficiency; however, it can degrade

PA linearity [80]. This effect will be discussed further in chapter 3.

The maximum switching frequency is defined by the minimum pulse width as:

fsw,max =
1

PWmin
, (2.2)

where PWmin is the minimum allowed pulse width in the discrete drain supply. This definition

is adopted since rising and falling edges in the supply modulator are both switching instances.

Therefore, the period is equal to the time between rising and falling edges. This definition differs

from a conventional definition of a square wave, where one period is the time between two rising

or falling edges.

2.4 Drain Voltage to Input Power Relationship

In a supply-modulated system, the drain voltage waveform can deviate from the signal enve-

lope. This is one of the factors that distinguishes supply modulation from envelope tracking and

enables an extra degree of freedom to improve system performance. For instance, the dynamic drain

signal can maximize efficiency, linearize the PA, or a compromise between the two [59, 66]. This

is achieved by tailoring the relationship between instantaneous drain voltage and the input power

incident on the PA, which is referred to as a shaping function. Fig. 2.15 shows a block diagram of a

supply-modulated PA. The arbitrary waveform generator (AWG) and supply modulator controller



41

are programmed digitally and aligned at the PA. The shaping function is implemented through a

look-up table (LUT) and determined from the CW PAE and gain of the PA as a function of input

power and drain voltage. The CW PAE and gain are plotted in Figs. 2.16 and 2.17 at 6.5GHz

and 11.5GHz along with the continuous PAE and gain trajectory which results from dynamically

changing the drain voltage. Here, trajectory refers to the PA CW performance, which results from

the changing drain voltage.

Figure 2.15: Block Diagram of a supply modulated PA. The digital back-end programs the arbitrary
waveform generator and supply modulator controller to create the IQ signal and drain voltage. The
shaping function LUT is implemented digitally and used to relate the input envelope to the desired
drain voltage waveform.

Here three shaping functions are used at each frequency. The first is a flat-gain shaping

function, which linearizes the AM-AM (gain magnitude) response of the PA. The second is a

compressed flat-gain shaping function, which allows the gain to compress by a limited amount

to achieve a higher efficiency than the flat-gain case. The third is a maximum efficiency shaping

function, which yields the highest efficiency but typically degrades linearity. For the flat-gain and

compressed flat-gain shaping functions, the target gain selected is the small signal gain at the lowest

drain voltage of 6V. In the compressed flat-gain shaping function, the range of deviation from the

target gain is 1 dB. Typically, flat-gain shaping functions produce a constant gain across output

power but reduced PAE, as is the case in Fig. 2.16a. However, at 11.5GHz, the PAE trajectory

shown in Fig. 2.17 is nearly the same for the flat-gain, compressed flat-gain, and maximum efficiency

shaping functions.

To generate the shaping functions and trajectories, the CW measurements/simulations are
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two-dimensionally interpolated onto a fine input power and drain voltage grid. Across the full

range of output powers, all the combinations of drain voltage and input power that yield a given

output power are binned together. From these combinations, a single drain voltage and input

power combination is selected for each output power bin. For a maximum PAE shaping function,

the combinations that yield the highest PAE are chosen. For a flat-gain shaping function, the

combination which yields the target gain is chosen. With a compressed flat gain shaping function,

the combination that yields the highest efficiency inside the allowed range of gain values is chosen.

The shaping functions are generated without consideration of the phase. However, the power

and drain voltage dependent phase variation (AM-PM) can have a substantial impact on linearity.

The output phase is plotted vs output power at multiple drain voltages for each of the three shaping

functions in Figs. 2.18 and 2.19 at 6.5GHz and 11.5GHz respectively. Here, the phase variation

across each shaping function is 55.8◦ at 6.5GHz and 64.6◦ at 11.5GHz. For this PA, the phase

variation across power is relatively small compared to the phase variation across drain voltage.

Overall, the phase variation across power and drain voltage significantly degrades the linearity and

is discussed in the following section.

2.4.1 Continuous Shaping Function

To evaluate the performance of these shaping functions under dynamic supply modulation

conditions, a behavioral model of the PAs is created in MATLAB using measured interpolated CW

PAE, gain magnitude, and phase as a function of input power and drain voltage. The inputs of

this model are the instantaneous power of the baseband signal envelope and the drain voltage of

the PA. These inputs are the operating point of the PA. At each instant, the PA is considered to

be operating in a CW state. Therefore, the modulated output power, PAE, gain magnitude, and

phase can be determined from CW measurements/simulations of the PA. Repeating the process

point by point across one period of the signal envelope accurately predicts the PA performance with

a modulated signal. This can be repeated with any drain voltage waveform bounded by the range

of measured drain voltages. From this simulation, the PAE, gain, and linearity are predicted. The



43

25 30 35 40
Output Power (dBm)

0

10

20

30

40

50
PA

E
 (

%
),

 G
ai

n 
(d

B
) CW PAE

CW Gain
SM PAE
SM Gain

Continuous SM

(a)

25 30 35 40
Output Power (dBm)

0

10

20

30

40

50

PA
E

 (
%

),
 G

ai
n 

(d
B

) CW PAE
CW Gain
SM PAE
SM Gain

Continuous SM

(b)

25 30 35 40
Output Power (dBm)

0

10

20

30

40

50

PA
E

 (
%

),
 G

ai
n 

(d
B

) CW PAE
CW Gain
SM PAE
SM Gain

Continuous SM

(c)

Figure 2.16: Continuous supply modulation trajectories of the MMIC PA at 6.5GHz with the
following shaping functions: (a) flat-gain, (b) compressed flat-gain, and (c) maximum efficiency
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Figure 2.17: Continuous supply modulation trajectories of the MMIC PA at 11.5GHz with the
following shaping functions: (a) flat-gain, (b) compressed flat-gain, and (c) maximum efficiency

envelope simulator does not include memory effects such as trapping, thermal dependence, and bias

line effects. However, the AM-AM and AM-PM distortion is the dominant non-linearity in GaN

HEMT PAs. Therefore, this behavioral model works as a first-order approximation of the non-

linearities, including the complex gain variations due to the changing drain voltage [47], [114]. This

approach is also used in chapter 3, where the simulator results are validated with measurements.

In order to evaluate the effect of phase variation on the linearity, the average error vector

magnitude (EVM), PAE, and gain are predicted using the envelope simulator with the continuous

shaping functions shown in Fig. 2.20 and the 64-QAM 67.5MHz signal. The results are shown

omitting phase variation in Fig. 2.21 and with the phase included in Fig. 2.22 at 6.5GHz and

11.5GHz. At both frequencies, the EVM is the lowest with the flat-gain shaping function and the
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Figure 2.18: Continuous supply modulation phase of the 10W MMIC PA at 6.5GHz with the
following shaping functions: (a) flat-gain, (b) compressed flat-gain, and (c) maximum efficiency
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Figure 2.19: Continuous supply modulation phase of the 10W MMIC PA at 11.5GHz with the
following shaping functions: (a) flat-gain, (b) compressed flat-gain, and (c) maximum efficiency

worst with the maximum efficiency shaping function. Since flat-gain shaping functions linearize the

signal’s amplitude, if the phase variation is omitted (zero), the EVM can be reduced to nearly zero

by using a flat-gain shaping function. However, when the phase variation is included, the EVM is

significantly degraded.

At 6.5GHz in Figs. 2.21a and 2.22a the PAE is the highest with the maximum efficiency

shaping function and the lowest with the flat-gain shaping function. The compressed flat-gain

shaping function is a compromise between flat-gain and maximum efficiency. By allowing for a

larger gain compression range, this shaping function converges to the maximum efficiency case. At

11.5GHz in Figs. 2.21b and 2.22b, the PAE is nearly identical for the three shaping functions,

but the EVM is much lower with the flat-gain shaping function. This effect is evident in the PAE
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Figure 2.20: Continuous shaping function at frequencies of (a) 6.5GHz and (b)11.5GHz. Three
shaping functions are used at each frequency. The first is flat-gain, the second is compressed flat-
gain with 1 dB of compression, and the third is maximum efficiency.

(a) (b)

Figure 2.21: Predicted PAE, EVM, and Gain of the MMIC PA with a continuous dynamic supply
amplifying a 64-QAM 67.5MHz signal at (a) 6.5GHz and (b) 11.5GHz. Flat-gain, compressed
flat-gain, and maximum efficiency shaping functions are used, and the trajectories are shown in
Fig. 2.16 and Fig. 2.17. These results omit the phase variation of the PA.
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(a) (b)

Figure 2.22: Predicted PAE, EVM, and Gain of the MMIC PA with a continuous dynamic supply
amplifying a 64-QAM 67.5MHz signal at (a) 6.5GHz and (b) 11.5GHz. Flat-gain, compressed
flat-gain, and maximum efficiency shaping functions are used, and the trajectories are shown in
Fig. 2.16 and Fig. 2.17. These results include the phase variation of the PA.

trajectories shown in Fig. 2.17. This phenomenon occurs because the gain at which the highest

drain voltage reaches its maximum efficiency point is equal to the small signal gain at the lowest

drain voltage. Additionally, at 6V the PAE is nearly at its maximum without compressing the

gain, likely a result of operating the PA near its knee voltage which generates harmonics without

significantly compressing the device. The high efficiency with a flat-gain shaping function occurs

coincidentally in this PA. However, this effect can be intentionally designed through careful selection

of the source/load impedance to control the gain dependence on drain voltage and compression

behavior, which is the topic of chapter 3.

2.4.2 Discrete Shaping Function

The continuous shaping function is discretized into four levels and shown in Fig. 2.23 at

6.5GHz and 11.5GHz. The four voltage levels are uniformly spaced at 6V, 10.7V, 15.3V, and

20V. An analysis on non-uniform voltage level spacing was performed in [66]. However, the

improvements in efficiency were marginal, and the best linearity was achieved with the uniform

voltage spacing. Therefore, for this section and throughout this thesis, uniform voltage spacing

in the discrete supply modulators is used. The PAE and Gain trajectories are shown for each of

the discrete shaping functions in Fig. 2.24 and Fig. 2.25 at 6.5GHz and 11.5GHz. The discrete
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Figure 2.23: Discrete shaping function at frequencies of (a) 6.5GHz and (b)11.5GHz. Three shaping
functions are used at each frequency. The first is flat-gain, the second is compressed flat-gain with
1 dB of compression, and the third is maximum efficiency.

gain and efficiency trajectories contain discontinuities across output power. This occurs because

the shaping functions are generated to be continuous across input power. Since the gain increases

with drain voltage, the gain and output power have jump discontinuity when the drain voltage

switches to the next level. This adds additional distortion to the signal. The shaping function

could be generated to be continuous across output power; however, this would require reducing the

input power to compensate for the gain increase when switching to higher voltage levels. Such an

approach results in a single input power corresponding to multiple drain voltages and is dependent

on the next voltage level transition, thus requiring digital pre-distortion [115]. The discontinuity

in gain magnitude and phase that results from the discretely changing drain voltage degrades
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Figure 2.24: Discrete supply modulation trajectories of the MMIC PA at 6.5GHz with the following
shaping functions: (a) flat-gain, (b) compressed flat-gain, and (c) maximum efficiency
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Figure 2.25: Discrete supply modulation trajectories of the MMIC PA at 11.5GHz with the follow-
ing shaping functions: (a) flat-gain, (b) compressed flat-gain, and (c) maximum efficiency

the PA linearity. However, this distortion can be minimized through proper selection of the PA

input/output impedance and is the topic of chapter 3

The predicted average EVM, PAE, and gain using a discrete supply are shown with the phase

variation omitted in Fig. 2.26 and with the phase included in Fig. 2.27 at 6.5GHz and 11.5GHz

for the discrete shaping functions shown in Fig. 2.23. Here, there are no bandwidth limitations

enforced on the discrete supply. The EVM, PAE, and gain with each of the shaping functions and

drain waveforms are summarized with the phase variation omitted in Table 2.1 and with the phase

included in Table 2.2 at an average output power of 33 dBm.

The linearity improvement we observed using a flat-gain shaping function with the continuous

supply is significantly degraded with the discretized approximation. With the phase variation
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(a) (b)

Figure 2.26: Predicted PAE, EVM, and Gain of the MMIC PA with a discrete dynamic supply
amplifying a 64-QAM 67.5MHz signal at (a) 6.5GHz and (b) 11.5GHz. Flat-gain, compressed
flat-gain, and maximum efficiency shaping functions are used, and the trajectories are shown in
Fig. 2.24 and Fig. 2.25.

omitted, at 6.5GHz and 33 dBm of average output power, the discretized drain voltage increases

the EVM by 3% points for the flat-gain case and 2.5% points for the compressed flat-gain case.

At 6.5GHz, the discretized maximum efficiency shaping function actually reduces the EVM by

0.2% points compared to the continuous case. At 11.5GHz with the phase variation omitted, the

linearity degradation from discretizing the shaping function is higher with an EVM increase of 5.2%

points, 2.9% points, and 3% points with the discrete flat-gain, compressed flat-gain, and maximum

efficiency shaping functions respectively. The PAE is reduced by a maximum of 2.4% points for

each case at both frequencies when comparing the continuous and discrete cases.

With the phase variation included, at 6.5GHz, the discrete supply modulation improves the

linearity over the continuous case with the flat-gain and compressed flat-gain shaping functions.

This non-intuitive result is likely a result of the phase having a much stronger dependence on drain

voltage than power, as seen in Fig. 2.18. With discrete supply modulation, the voltage level is

changed less often than with continuous supply modulation, and therefore, the AM-PM distortion

is reduced. Furthermore, with the phase included at 6.5GHz, the flat-gain shaping function linearity

is degraded and does not provide clear improvements over the compressed flat-gain and maximum

efficiency shaping functions in terms of linearity. When comparing the dynamic supply to the

static 20V case, the efficiency improvement with supply modulation is a minimum of 15.4% points
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(a) (b)

Figure 2.27: Predicted PAE, EVM, and Gain of the MMIC PA with a discrete dynamic supply
amplifying a 64-QAM 67.5MHz signal at (a) 6.5GHz and (b) 11.5GHz. Flat-gain, compressed
flat-gain, and maximum efficiency shaping functions are used, and the trajectories are shown in
Fig. 2.24 and Fig. 2.25.

Table 2.1: Comparison of average PAE, Gain, and EVM for flat-gain, compressed flat-gain, and
maximum efficiency shaping functions with continuous, discrete, and static 20V drain supplies at
an output power of 33 dBm with the phase variation omitted. There are no bandwidth limitations
enforced on the discrete supply.

6.5GHz

Continuous Supply Discrete Supply Static Supply

FG CFG ME FG CFG ME 20V

PAE (%) 30.4 32.5 35.7 28.0 30.3 34.3 12.6
EVM (%) 1.5 2.0 6.3 4.5 4.5 6.1 7.6
Gain (dB) 17.7 16.8 14.3 18.6 17.9 15.5 19.8

11.5GHz

Continuous Supply Discrete Supply Static Supply

FG CFG ME FG CFG ME 20V

PAE (%) 31.4 31.4 31.1 30.6 30.8 30.5 13.3
EVM (%) 0.6 5.1 8.8 5.8 8.0 11.8 2.7
Gain (dB) 14.6 15.0 15.3 16.1 15.9 15.9 20.2

higher across each frequency and shaping function. The gain, however, is lower with the dynamic

supply and is almost always the tradeoff that supply-modulated systems are confronted with. This

analysis demonstrates that moving from a continuous to a discrete supply modulation approach

affects linearity more than efficiency. Additionally, discrete supply modulation can still provide

clear improvements in PAE over a static drain supply.
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Table 2.2: Comparison of average PAE, Gain, and EVM for flat-gain, compressed flat-gain, and
maximum efficiency shaping functions with continuous, discrete, and static 20V drain supplies at
an output power of 33 dBm with the phase variation included. There are no bandwidth limitations
enforced on the discrete supply.

6.5GHz

Continuous Supply Discrete Supply Static Supply

FG CFG ME FG CFG ME 20V

PAE (%) 30.4 32.5 35.7 28.0 30.3 34.3 12.6
EVM (%) 19.4 17.7 15.4 15.8 15.8 17.1 8.3
Gain (dB) 17.7 16.8 14.4 18.5 17.9 15.5 19.8

11.5GHz

Continuous Supply Discrete Supply Static Supply

FG CFG ME FG CFG ME 20V

PAE (%) 31.4 31.4 31.1 31.6 31.6 30.8 13.3
EVM (%) 18.3 22.7 27.5 17.8 25.5 32.8 2.8
Gain (dB) 14.6 15.0 15.2 16.1 15.9 15.9 20.2

2.5 Summary

Section 2.2 of this chapter investigates high-efficiency PA design, showing that harmonically

tuned PAs, such as the class-F PA, are difficult to implement across a wide bandwidth and im-

possible for bandwidths equal to or exceeding an octave. Simulated load pull shows that tuning

the second and third harmonic impedance does not produce substantial improvements in PAE. In-

stead, a narrow range of impedances substantially degrade PAE, referred to as ”keep-out” regions.

Therefore, broadband PA design should focus on avoiding these regions rather than tuning the har-

monics for optimum PAE. This is shown through the design and characterization of a 10W GaN

MMIC PA operating from 6GHz to 12GHz. Section 2.3 examines continuous and discrete supply

modulation approaches in terms of efficiency and bandwidth. Discrete supply modulation can effi-

ciently track higher signal bandwidths than continuous supply modulation because it reduces the

number of switching instances at the cost of added distortion to the drain voltage waveform. The

baseband bandwidth of discrete supply modulators is limited by parasitic reactance and resistance

in the transistor devices and passive interconnect which are a low-pass filter at the output. The
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filtering distorts the signal if the supply modulator attempts to generate a drain waveform with

high bandwidth. Limiting the maximum switching frequency of a discrete supply modulator can

reduce the drain signal bandwidth to avoid this filtering and distortion.

Section 2.4 discusses the relationship between instantaneous drain voltage and input power. A

behavioral model of the 10W MMIC PA is created from CW measurements. The input parameters

of this model are complex baseband envelope voltage and drain voltage. The non-linearities of the

PA are applied point by point to the complex baseband signal, and the average PAE is calculated.

The output parameters of the model are the complex output voltage and PAE. The performance of

the 10W PA amplifying a 67.5MHz 64-QAM signal is predicted using this model at 6.5GHz and

11.5GHz with continuous and discrete supply modulation. The PA is also evaluated with three

shaping functions: flat-gain, compressed flat-gain, and maximum PAE with the effect of phase

variation investigated as well. For continuous supply modulation, the flat-gain shaping function

yields the best EVM, the maximum PAE shaping function yields the highest average PAE, and

the compressed flat-gain is a compromise between the two. At an output power of 33 dBm, the

predicted performance with a dynamic supply shows at least 15.4% points improvement in PAE

over a static 20V supply. The phase variation substantially degrades the linearity of the PA in each

case. When the phase is omitted, using a discretized drain voltage instead of continuous reduces

the PAE by a few percentage points but has a larger impact on linearity, degrading the EVM by as

much as 5.2% points. Furthermore, when phase is included with discrete supply modulation, the

phase is improved in some cases. At 11.5GHz, the small signal gain magnitude at the lowest drain

voltage (6V) is equal to the compressed gain magnitude at the peak PAE for the highest drain

voltage (20V). This results in the PAE trajectory from a flat-gain shaping function being nearly

identical to the PAE trajectory from a maximum efficiency shaping function as shown in Fig. 2.16a.

This large signal characteristic of the PA results from an optimal degree of gain variation across

drain voltage. Modulated signal simulations with the phase omitted at 11.5GHz in Fig. 2.21b show

that the average PAE is identical for the three shaping functions, but the linearity significantly

improved with a flat-gain shaping function. The results in this chapter are reported in [66].



Chapter 3

Source/Load Impedances Study of Discretely Supply Modulated GaN PAs

3.1 Introduction

Chapter 2 introduced the principles of a broadband supply modulation system. One effect

that was only briefly discussed in section 2.2.3 is the expansive gain magnitude and phase depen-

dence on drain voltage (Vd) that GaN PAs exhibit. The gain variation has a significant effect

on supply modulated PAs as the magnitude can vary by as much as 7.5 dB and the phase by

40◦ as reported in [60], [110], [47]. This chapter investigates the impact that gain variation has

on a supply-modulated PA and introduces a technique to minimize the gain variation through an

intentional mismatch of the source and load impedance of a GaN MMIC PA.

To illustrate the origin of this variation, a basic schematic of a PA is shown in Fig. 3.1a. Here

the transconductance and input/output impedance depend on Vd [94]. Both the gain magnitude

and phase typically increase at higher drain voltages. The increasing gain magnitude is crucial to

generating a flat-gain shaping function introduced in chapter 2. This shaping function compensates

the PA’s power-dependent gain compression with the expansive gain at higher drain voltages,

thus resulting in a linear AM-AM response across output power [59, 95, 96, 116, 117]. While the

AM-AM response of a PA can be linearized through a flat gain shaping function, the AM-PM

response remains distorted due to the gain’s phase dependence on drain voltage and input power.

Furthermore, since most GaN PAs exhibit an expansive phase as a function of drain voltage and

power, it is challenging, if not impossible, to linearize the phase response through a shaping function.

Examples of analog compensation of the phase dependence on drain voltage have been demonstrated
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Figure 3.1: (a) Block diagram of a PA with a dynamically changing discrete drain supply voltage.
(b) Potential source/load impedances for low gain variation across drain voltage and conventional
PA design impedances. (c) Time domain simulation comparing the conventional PA design to the
deliberately mismatched PA designed to reduce the gain dependence on drain voltage.

through an input phase shifter with the control voltage tied to the PA drain voltage [118] or

mismatch of the input matching network [82], both of which result in a reduced PA gain.

For continuous supply modulation systems, the PA can be designed to minimize gain phase

variation to improve AM-PM linearity [82]. The AM-AM response can then be linearized using a

flat-gain shaping function. Thus for continuous supply modulation, the degree of gain magnitude

variation is insignificant. However, the PA’s gain as a function of drain voltage is a key characteristic

of discrete supply modulation. Since discrete supply modulation has a limited number of levels and

is often bandwidth-limited, the drain voltage deviates from the continuous supply modulation

shaping function at instances where the supply does not have enough levels or is not fast enough to
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follow the continuous shaping function. At these instances, the PA is dynamically moving between

small and large signal operation as the drain voltage and input power are changed. Therefore,

if the PA has a high small-signal gain variation with regard to supply voltage, the output signal

is distorted, resulting in degraded linearity. The gain variation can be reduced by deliberately

mismatching the input and output impedances as shown in Fig. 3.1b. The improvement in linearity

from this mismatch is illustrated in Fig. 3.1c, where the output envelope is compared between a

conventionally designed PA and a low-gain variation PA with discrete supply modulation. At

50 ns, we see a gain expansion for the conventional PA design when the envelope drops, but the

supply voltage remains constant. In contrast, the low gain variation PA amplifies the signal with

less distortion. Additionally, the discrete supply introduces voltage ringing upon each switching

instance, which mixes with the PA and degrades linearity metrics [3, 83, 84]. This distortion is in

addition to known AM-AM and AM-PM compression behavior prevalent in GaN PAs [34], [35],

[119]. Any distortion of the output signal degrades out-of-band linearity metrics, such as adjacent

channel power ratio, and in-band metrics, such as error vector magnitude. These distortions can

be corrected through digital pre-distortion, however, this adds additional complexity, requires more

computational power, degrades system efficiency, and has limitations for large signal bandwidths

[120], [104], [115].

Mismatching PAs for reduced gain variation was demonstrated for the phase of the gain

in [82,121] and for the magnitude of the gain in [81]. However, an in-depth analysis of the linearity

and efficiency trade-offs of different load/source impedances with a dynamically changing discrete

drain supply has not been discussed in the literature to the best of the author’s knowledge.

The chapter is an expanded version of the work published in [80] and is organized as follows:

first, the gain variation across drain voltage at different impedances is shown through source and

load pull simulations in section 3.2.1. From these simulations, three loading cases are investigated

using continuous and discrete supply modulation in section 3.2.2 using the envelope simulator

described in chapter 2. The first case is a conventional PA design. The second case has a mismatched

source impedance to minimize phase variation. The third case has mismatched source and load



56

Bias Tee

Bias Tee Load
Tuner

Source
Tuner

Gate Side 
Refence Plane

DrainSide 
Refence Plane

Vg

RFin

Vd

2.4 Ω

RFout

Figure 3.2: Source/load pull schematic. The 2.4Ω resistor is added to stabilize the transistor.

impedances to minimize gain magnitude variation, which corresponds directly with the impedances

realized in the final stage of an experimental MMIC PA presented in 3.3. Next, in section 3.3

the design and characterization of a two-stage 6 to 12GHz bandwidth 5W PA is presented. The

measured CW data of the PA is used to predict the dynamic drain bias results using the custom

envelope simulator. The PA is measured with a dynamic drain signal in section 3.4 and compared

with envelope simulation results showing good agreement and validating the results of the envelope

simulator.

3.2 Simulation Study

The small-signal gain variation of a GaN MMIC device is investigated through source/load

pull simulations. Three different loading cases are identified: a conventional PA design; a design

with the input mismatch to minimize the small-signal gain phase variation while maintaining a

minimum of 10 dB; and a design that mismatches the source and load for minimal gain magnitude

variation. The three cases are then simulated with continuous and discrete supply modulation.

3.2.1 Device source and load pull

The source/load pull simulations are performed with a single transistor at 9GHz with a drain

bias ranging from 14 to 28V and a fixed gate bias. The transistor is an 8×100µm device in the

WIN Semiconductors NP15 150 nm GaN on SiC process, biased with a gate voltage of −1.57V
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Figure 3.3: Load pull at 9GHz of a single 8×100µm device in the WIN NP15 GaN on SiC 150 nm
process showing small signal (a) gain magnitude variation (∆|G|), (b) gain phase variation (∆ϕ),
and (c) normalized complex gain variation (∆G) across drain voltages of 14, 21, and 28V. The
PAE contours indicate impedances where the PAE is reduced by 5% from the peak PAE at each
drain voltage. Additionally, the impedance which results in the maximum 1dB compression output
power is labeled.
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Figure 3.4: Source pull at 9GHz of a single 8×100µm device in the WIN NP15 GaN on SiC 150 nm
process showing small signal (a) gain magnitude variation (∆|G|), (b) gain phase variation (∆ϕ),
and (c) normalized complex gain variation (∆G) across drain voltages of 14, 21, and 28V. The load
impedance is fixed at the maximum PAE point for a drain voltage of 28V (ZL1,2). The conjugate
match points at each drain voltage are labeled along with the 10 dB small signal gain contour at
14V.
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Figure 3.5: Source pull at 9GHz of a single 8×100µm device in the WIN NP15 GaN on SiC 150 nm
process showing small signal (a) gain magnitude variation (∆|G|), (b) gain phase variation (∆ϕ),
and (c) normalized complex gain variation (∆G) across drain voltages of 14, 21, and 28V. The
load impedance is fixed at the mismatched load impedance (ZL3). The conjugate match points at
each drain voltage are labeled along with the 10 dB small signal gain contour at 14V.

corresponding to 80 mA of quiescent current at the maximum drain voltage (28V). The two-port

S-parameters of the transistor are extracted at three drain voltages of 14, 21, and 28V from the non-

linear model provided by WIN Semiconductors. The load and source pull simulations are performed

at each drain voltage using linear network analysis, cascading the transistor S-parameters with the

input and output impedances. The standalone transistor is not unconditionally stable. Therefore,

loss must be added to the input to stabilize the device as shown in Fig. 3.2 where a 2.4Ω resistor

is added. The load/source pull simulation schematic is shown in Fig. 3.2 with the corresponding

reference planes. At each load/source impedance, the gain magnitude and phase of the overall

cascaded network are calculated at the three previously stated drain voltages. The gain magnitude

variation (∆|G|), gain phase variation (∆ϕ), and complex gain variation (∆G) are defined as:

∆|G| = max(|G(Vdm)|/|G(Vdn)|) ∀m ̸= n, (3.1)

∆ϕ = max(∠G(Vdm)− ∠G(Vdn)) ∀m ̸= n, (3.2)

∆G = max

(
|G(Vdm)−G(Vdn)|

|G(Vd2)|

)
∀m ̸= n, (3.3)
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where G(Vdm) = |G(Vdm)| exp [j∠G(Vdm)] is the small signal complex gain at a drain voltage index

m.

Load pull simulations of the 8×100µm device ∆|G|, ∆ϕ, and ∆G are shown in Figs. 3.3a,

3.3b, and 3.3c, respectively. At each load impedance, the input is conjugate matched at a drain

voltage of 28V. The maximum PAE impedance for each drain voltage is shown, along with PAE

contours where the efficiency drops by 5 percentage points (pp) from its peak value. Additionally,

the impedance which results in the maximum 1dB compression output power is labeled as well.

The 2nd and 3rd harmonics are terminated with an open circuit to yield high efficiency. An analysis

of the 2nd and 3rd harmonic termination with this MMIC process is presented in chapter 2. The

labeled point ZL1,2 shows the maximum PAE impedance at 28V and ZL3 shows the load impedance

presented to the output stage of the realized PA, which is a compromise between efficiency and ∆|G|.

In Fig. 3.3a, it is apparent that the ∆|G| can be reduced by matching the output for maximum

PAE at the lower drain voltages. However, the ∆ϕ is increased at these impedances, and the overall

∆G is nearly the same. By aggressively de-tuning the load impedance each of these parameters

can be improved as shown in ZL3, however, this reduces the efficiency. The tradeoffs between these

impedances and their effect on PA performance will be further investigated in section 3.2.2. The

∆|G| and ∆ϕ can be completely nulled through extreme de-tuning of the load impedance, however,

this comes at a significant cost to efficiency and gain. Therefore, the load impedance chosen for the

realized PA (ZL3) is a trade-off between improving the ∆|G| and ∆ϕ while maintaining acceptable

gain and PAE.

Source pull simulations of the ∆|G|, ∆ϕ, and ∆G are shown with the load impedance fixed

for maximum PAE at 28V (ZL1,2) in Fig. 3.4 and with the load impedance mismatched at ZL3 in

Fig. 3.5. The corresponding conjugate match points at each drain voltage are plotted when the

output is loaded with the maximum PAE impedance for the three drain voltages. The labeled

point ZS1 is the conjugate match at 28V. ZS2 is the mismatched source impedance which results

in minimal ∆ϕ while maintaining 10 dB of gain at the lowest drain voltage. The point ZS3 is the

source impedance presented to the output stage of the realized PA. Interestingly, the region of low
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Table 3.1: ∆|G|, ∆ϕ, and ∆G of the three matching cases.

Case ZL ZS ∆|G| (dB) ∆ϕ (deg.) ∆G

1 ZL1 ZS1 7.5 41.4 1.0
2 ZL2 ZS2 5.4 16.7 0.67
3 ZL3 ZS3 4.6 13.1 0.54

∆|G| (Fig. 3.4a) near a short circuit corresponds to a region of high ∆ϕ (Fig. 3.4b).

3.2.2 Envelope Simulations of a Single Device

To investigate the impact that different loading conditions have on efficiency, gain, and lin-

earity, three matching cases are identified:

• Case 1: A conventional PA design where the load impedance is chosen to maximize PAE

at 28V (ZL1,2) with the source impedance conjugate matched (ZS1);

• Case 2: Similar to the design in [82] where the load impedance maximizes PAE at 28V

(ZL1,2) but the source impedance is mismatched to minimize ∆ϕ while maintaining a min-

imum gain of 10 dB at the lowest drain voltage of 14V (ZS2); and

• Case 3: A low gain variation design where the load and source impedances are significantly

mismatched from the conventional design and use the same impedances presented to the

final stage of the realized PA presented in section 3.3 (ZL3 and ZS3).

The simulated ∆|G|, ∆ϕ, and ∆G values for these matching conditions are summarized in

Table 3.1. The simulations are performed in Cadence AWR Microwave Office using ideal input

and output tuners with identical device sizes and bias points as presented in section 3.2.1. The

simulated CW PAE, gain magnitude, and gain phase are shown in Fig. 3.6 for each of the three

cases, across drain voltages ranging from 14 to 28V. These figures also show the continuous and

discrete PAE, gain, and phase resulting from max PAE shaping functions.

Since the shaping function is mapped from a continuous range of input powers, there is a

discontinuity in gain and output power when switching to higher discrete drain voltages, which
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Figure 3.6: CW PAE, gain magnitude and phase plotted vs. output power for three different
loading conditions at 9GHz. The loading conditions are (a) conventional PA design (Case 1), (b)
mismatched input impedance for minimal ∆ϕ (Case 2), and (c) PA designed for low gain variation
with the source and load mismatched (Case 3). Additionally, the PAE, gain magnitude, and phase
resulting from the max PAE shaping function is plotted with an infinite bandwidth supply utilizing
continuous (blue) and discrete (black) voltage levels. The performance resulting from bandwidth
limitations in the discrete supply (red) is shown where the PA operates in the small and large signal
regions.
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Figure 3.7: Simulated comparison between the three loading conditions in terms of average PAE,
Gain, and EVM vs output power at 9GHz with (a) continuous supply modulation (b) four-level
discrete supply modulator with a maximum switching frequency of 100MHz and (c) discrete supply
modulation with a maximum switching frequency of 25MHz.

degrades linearity. In addition, the bandwidth limitations of the dynamic supply cause deviations

from this shaping function, and the PA is constantly switched between small and large-signal

operation. This distortion can be minimized by reducing the PA’s gain magnitude variation.

The PAE shown for a conventional PA design (Case 1) shown in Fig. 3.6a is nearly identical

to the mismatched source impedance design (Case 2) shown in Fig. 3.6b with peak PAE occurring

at 28V, while the PAE of Case 3 (Fig. 3.6c) peaks at 14V. Furthermore, the ∆|G| is highest in

Case 1 and lowest in Case 3. The advantage of de-tuning the source impedance in Case 2 can be

seen clearly in Figs. 3.6h and 3.6i where Cases 2 and 3 have much improved ∆ϕ.

To evaluate the performance of each of these cases under dynamic supply modulation condi-

tions, a behavioral model of the PAs is created in MATLAB using the CW PAE, gain magnitude,

and phase as a function of input power and drain voltage. Using this model, the AM-AM and

AM-PM non-linearities created by the PA can be applied to any signal in the simulation point

by point, and the PAE, gain, and linearity are also predicted. The envelope simulator does not

include memory effects such as trapping, thermal dependence, and bias line effects. However, the

AM-AM and AM-PM distortion is the dominant non-linearity in GaN HEMT PAs. Therefore, this

behavioral model works as a first-order approximation of the non-linearities, including the complex
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gain variations due to supply modulation [47], [114]. This approach was introduced in chapter 2.

Each case is evaluated with three different drain voltage modulation signals. The first is a

continuous drain supply with no bandwidth limitations shown in Fig. 3.7a, the second and third

are four-level discrete signals with minimum pulse widths limited to 10 ns (100MHz) and 40 ns

(25MHz) shown in Figs. 3.7b and 3.7c. Parasitics in the switching devices and circuit layout

reduce the slew rate of voltage transitions and set the upper limit on switching frequency. When

the signal envelope bandwidth approaches or exceeds this maximum switching frequency, discrete

supply modulation deviates from the desired continuous shaping function and has reduced efficiency

and linearity [61]. At such points, the drain voltage is higher than the desired shaping function to

avoid clipping the signal, and the PA operates in the small signal regime. There is a gain expansion

at these instances where the discrete supply is not fast enough to follow the signal envelope or does

not have enough levels. This is a direct consequence of the small signal gain variation ∆|G|, and

when minimized can improve linearity.

The amplified signal uses a 64-QAMmodulation scheme with a baud rate of 50Msymbols/sec,

an initial root-raised cosine filter with a roll-off factor of 0.35 is applied before the signal is amplified,

and this digital filter is applied a second time to the sampled output signal. The filtering expands

the bandwidth to 67.5MHz. The signal length is 1000 symbols, and the PAPR is 7 dB. The PAE,

gain, and error vector magnitude (EVM) are averaged across one signal period and plotted in

Fig. 3.7 as a function of output power for each of the three cases. Here the maximum PAE shaping

function shown in Fig. 3.6 is used.

Comparing cases 1 and 2, we can see the advantage of mismatching for minimum ∆ϕ. Here

the EVM is significantly improved without any drop in PAE and a small reduction in gain. If we

compare cases 2 and 3 we can see the advantage of mismatching the source and load impedances.

Case 3 shows the best EVM, with a reduction in PAE and gain due to the source and load impedance

mismatch. However, to achieve an EVM of 5% with the Case 2 design, it would be necessary to

back the PA off by over 4 dB from the output power of Case 3. At an EVM of 5%, Case 3 has a

PAE 14% points greater than the PAE of Case 2. Additionally, the performance of Case 3 is less
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Table 3.2: Simulated Average PAE, Gain, Pout, and EVM for the Three Cases with Static 28V,
Continuous, and Discrete Drain Supplies. The Values are Obtained at a Fixed Output Power of
27 dBm (Left) and a Fixed EVM of 5% (Right).

Fixed Pout of 27 dBm Fixed EVM of 5%

Case PAE Gain EV M PAE Gain Pout

Static 28V Drain Supply

1 21.1 20.2 4.2 23.4 20.2 27.5
2 21.5 14.3 2.2 31.6 14.0 29.0
3 15.9 13.9 0.9 31.5 13.7 31.5

Continuous Drain Modulation

1 42.6 13.7 32.2 17.8 12.2 22.0
2 43.7 9.3 11.1 26.3 8.8 23.8
3 34.2 9.3 3.3 36.6 9.25 27.5

Discrete 4-level 100MHz Drain Modulation

1 42.1 14.2 35.2 16.1 12.3 21.6
2 42.7 10.2 14.0 21.6 9.2 22.9
3 34.3 9.3 4.0 34.5 9.3 27.1

Discrete 4-level 25MHz Drain Modulation

1 39.2 15.0 42.5 15.3 12.3 21.3
2 38.7 10.8 17.8 18.5 9.2 22.2
3 33.9 9.4 5.5 32.4 9.4 26.6

affected by supply modulator bandwidth limitations. At 27.0 dBm of output power, limiting the

discrete switching speed to 25MHz degrades the EVM of Case 1 and 2 by 10.3% points and 6.8%

points when compared to the continuous drain voltage, alternatively the EVM of Case 3 is reduced

by only 2.2% points. The PAE, gain, Pout, and EVM values are summarized in Table 3.2 and

evaluated using two criteria. The first is with a fixed output power of 27 dBm, and the second is a

fixed EVM of 5%. Note that the signal bandwidth is almost three times greater than the switching

frequency of 25MHz, and these results are obtained without the use of DPD.

The discrete drain voltage amplitude statistics are a function of average input power. At low

power levels, the PA operates at its lowest drain voltage level and only switches to higher voltages

when necessary. At medium average powers, all four voltage levels are used so the PA sees the

full range of gain magnitude and phase variation. Here the EVM peaks and then drops at higher
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Average Output Power (dBm)

Figure 3.8: Simulated comparison between a conventional PA design (Case 1) with a static drain
supply and a low gain variation PA design (Case 3) with a discretely supply modulated supply at
a carrier frequency of 9GHz. The dynamic supply has a maximum switching of 25MHz.

power levels where the PA operates at the highest voltage for the majority of the time, converging

to the static 28V supply case. However, at these high average power levels, the EVM is beyond an

acceptable value.

A comparison between the conventional PA design (Case 1) with a static 28V supply and

a low gain variation design (Case 3) with discrete 25MHz drain modulation is shown in Fig. 3.8.

At 27 dBm of average output power, both cases show the same EVM; however, the PAE of Case 3

is 12.4% points higher. This demonstrates that a PA that is deliberately mismatched for linearity

can beat a conventional, efficiency optimized, static supply PA using discrete supply modulation.

3.3 PA Design and Characterization

3.3.1 PA design

The deliberate mismatch approach of the previous sections is now used to design a two-stage

GaN MMIC PA covering 6 to 12GHz with a minimum of 5W of peak CW output power across

the band. Furthermore, since Case 3 gives the best trade-off between PAE and EVM as shown in

section 3.2.2, the source and load impedances of the final stage are chosen to minimize small signal

∆|G| and thus are identical to the impedances of Case 3 at 9GHz.

The MMIC PA is designed in the WIN Semiconductors NP15 process and is shown in Fig. 3.9.
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Figure 3.9: Photograph of 6 to 12GHz MMIC PA fabricated in the WIN Semiconductor GaN on
SiC NP15 150 nm process.

This process targets mm-wave power applications through 40GHz. The gate length is 0.15 um and

is manufactured on 100 um SiC substrates. A source-coupled field plate design is used to provide the

high breakdown voltage required for reliable operation at a Vds of 28V. This process features two

interconnect metal layers, high-reliability MIM capacitors, precision TaN resistors, and through-

substrate vias for low inductance ground connections. The periphery of the first stage is a single

8×50µm device biased near class-B operation with 8mA of quiescent current at a fixed drain voltage

of 28V. The second stage consists of two reactively combined 8×100µm devices, each biased with a

current of 80mA. The staging ratio is 4:1. The PA is designed to operate the first stage with a fixed

drain voltage while the second stage drain is supply modulated from 14 to 28V. Supply modulating

only the output stage improves the PA ∆|G| and ∆ϕ. The efficiency is improved by biasing the

first stage in deep class-B and reducing the current consumption at backed-off power levels. In

addition, by including a first stage with a fixed drain supply, this allows the second stage input

to be mismatched through the inter-stage matching network, and the first stage input matched to

50 Ω. Therefore, the total PA is well matched to 50 Ω with an overall low gain magnitude/phase

variation. The devices are reactively matched using lumped capacitors and transmission lines. The

octave bandwidth output matching network (OMN) is designed using a filter synthesis matching

technique which results in minimal insertion loss and incorporates the drain bias line and blocking
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capacitor into the OMN as described in [122] [123]. A series resistor is placed at the gate of the

first-stage transistor to improve stability and input return loss. The second stage has a parallel

RC stability network at the gate of each transistor with an added small series resistor at the gate

manifold. Additionally, an odd-mode stability resistor is placed between the gates of these two

devices.

3.3.2 Small-Signal Simulations and Measurements

The measured and simulated S-parameters of the PA in Fig. 3.10 at a drain voltage of 28V

show good agreement. The measured |S21| peaks at 7.7GHz with 25.7 dB of gain, and remains

above 15 dB from 5.9 to 12.5GHz. The measured |S11| is less than −10 dB from 5.6 to 12.7GHz.
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Figure 3.10: Measured and simulated S-parameters of the fabricated low gain variation PA at a
drain voltage of 28V

The simulated and measured gain variation for a supply voltage sweep of 14 to 28V is

shown in Fig. 3.11. At lower frequencies, the ∆|G| is particularly low and remains below 1 dB

from 6 to 7.5GHz, however, at these frequencies, the ∆ϕ is high. From 8.9 to 13GHz, the ∆ϕ is

low (<15°), however the ∆|G| is higher (>2.2 dB). This seemingly inverse relationship between

∆|G| and ∆ϕ is consistent with source-pull results in Fig. 3.4 and results in an approximately

flat ∆G across frequency as shown in Fig. 3.11c. The ∆|G|, ∆ϕ, and ∆G are also predicted from

the simulated input and output impedances presented to the final stage of a single device and are

shown in Fig. 3.11. The impedances are determined by replacing the final stage PA transistors with
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(a) (b) (c)

Figure 3.11: Measured and simulated small signal (a) gain magnitude variation (∆|G|), (b) gain
phase variation (∆ϕ), and (c) normalized complex gain variation (∆G) vs frequency over a 14 to
28V range. The predicted gain variation is calculated by implementing the input/output impedance
as ideal tuners and cascading them with S-parameters of the final stage transistor at multiple drain
voltages as described in section 3.2.1.

simulation ports at the gate and drain side. Since the final stage is power combined, the impedance

must be determined assuming a symmetrical power split and even mode excitation [124]. Once the

impedances are simulated, they are implemented as ideal tuners and cascaded with the transistor

S-parameters at multiple drain voltages as demonstrated in section 3.2.1. The input stability

network is separately simulated and cascaded so that the loss can be added appropriately and the

PAs stabilized. The ∆|G|, ∆ϕ, and ∆G are then determined from the total cascaded network.

Since the first-stage drain bias is fixed, it does not contribute to the gain variation. The results

obtained from this approach are practically identical to the gain variation found from the total

simulated S21 of the PA (Fig. 3.11), with the small deviations likely caused by the asymmetry in

the interstage and output matching networks.

3.3.3 Large-Signal Simulations and Measurements

The PA is mounted on a copper-molybdenum (CuMo) carrier and measured on a probe

station. Large-signal amplitude and phase measurements from 6 to 13GHz in 0.1GHz steps as

a function of input power and drain voltage are shown in Fig. 3.12a when a max-PAE shaping

function at 9GHz is applied. The phase is plotted vs. output power at multiple drain voltages in

Fig. 3.12b. The PAE, Gain, output power, and input power are shown vs. frequency in Fig. 3.13
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Figure 3.12: Measured CW PAE, gain, and phase plotted vs output power at 9GHz and drain
voltages ranging from 14 to 28V in 2V steps.
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Figure 3.13: PAE, gain, output power, and input power vs frequency at drain voltages of 14 and
28V. Here the input power is selected to yield the highest PAE at each frequency point.

at drain voltages of 14 and 28V. At 9GHz, the PAE peaks at 39.0% at a drain voltage of 16V.

The PAE peaks at a low drain voltage due to the load mismatch. Small-signal trends in ∆ϕ are a

good predictor for large-signal behavior, although the large-signal ∆ϕ at 9GHz of 24.9◦ is higher

than the small-signal value. From 6.2 to 12.6GHz, the PAE exceeds 25.6% at 14V, with a peak

PAE of 46.4% at 7.9GHz and the output power is greater than 36.0 dBm at 28V.

3.4 Modulated Drain Voltage Measurements and Experimental Validation

The PA is next integrated with a discrete 4-level MMIC supply modulator fabricated in the

same WIN GaN on SiC process, similar to the architecture in [109]. This discrete supply modulator

is a multi-level architecture that uses transistor switches to apply four different externally generated
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Figure 3.14: System block diagram of the measurement system

voltage levels with over 80% efficiency. The high electron mobility and low parasitics in the MMIC

process provide higher switching speeds than commercial off-the-shelf transistors. Thus enabling

the modulator to track higher signal bandwidths. The device size of each switch is 23×100µm,

chosen as a tradeoff between Ron and the input/output capacitance while being large enough to

supply a maximum current of 1A. The modulator is designed to be integrated with a 10W PA with

a maximum drain voltage of 28V. A block diagram of the testbench with a photo of the MMIC

supply modulator is shown in Fig. 3.14. The maximum PAE discrete shaping functions chosen for

this PA and used for the measurements reported in the next section are plotted in Fig. 3.15 at 6.5,

9, and 11.5GHz.
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Figure 3.15: Discrete shaping functions of the PA at 6.5, 9, and 11.5GHz.
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A 67.5MHz 64-QAM signal is generated using an arbitrary waveform generator (AWG), this

baseband signal is then upconverted through a vector signal generator (VSG), amplified with a

driver, and applied to the input of the PA. Directional couplers on the input and output allow

the power, spectrum, and IQ baseband waveforms to be measured. The dynamic drain voltage is

programmed into a bit pattern generator that controls the switches of the discrete supply modulator.

The output of the supply modulator is connected to the second-stage drain supply of the PA through

a low inductance/capacitance interconnect. Additionally, the baseband signal and drain voltage

waveforms are aligned by applying a delay to the trigger of the AWG. Details on the alignment

process can be found in [46]. The PA is mounted on a CuMo carrier with 50Ω alumina lines on

the input/output. These alumina lines extend to the edge of the CuMo carrier, where micro-strip-

to-coax transitions connect. The loss and mismatch due to the alumina lines, bond wires, and

transitions result in approximately 1 dB lower gain than when measured on the probe station.

3.4.1 Discrete Supply Modulated Results

The PA is measured with a dynamic drain voltage and compared to the case of a static 28V

drain voltage using the 67.5MHz 64-QAM signal from section 3.2.2. The efficiency, gain, EVM, and

right-side adjacent channel power ratio (ACPR) are shown in Fig. 3.16 plotted vs. output power

with the maximum switching frequency of the supply modulator set to 100MHz. The ACPR is

calculated using a 8.85MHz guard band between 50MHz channels. The composite power added

efficiency (CPAE) takes into account the efficiency of the supply modulator and the PA, and

the PAE refers to the efficiency of the PA with the supply modulator losses de-embedded. Both

efficiencies are averaged over one signal period. With a dynamic drain supply, the peak PAE and

CPAE improvement is 10.6% points and 6.8% points occurring at an output power of 31 dBm while

the gain, EVM, and ACPR are degraded by 2.8 dB, 1.7% points, and 3.7 dB, respectively.

Using the custom envelope simulator presented in section 3.2.2, the PAE, gain, output power,

EVM, and ACPR can be predicted with high accuracy. In this section, the envelope simulator

uses measured CW large-signal probe-station data presented in section 3.3.3. The measured and
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Average Output Power (dBm)

Figure 3.16: Measured PA performance with a static 28V supply and a dynamically changing
supply at 9GHz is shown in (a).

Measured Simulated

Average Output Power (dBm)

(a)

Average Output Power (dBm)

(b)

Figure 3.17: Comparison of predicted and measured PA efficiency and linearity at 9GHz with
(a) static 28V supply and (b) dynamically changing four-level supply with a maximum switching
frequency of 100MHz.

predicted PAE, Gain, EVM, and ACPR are compared to a static 28V supply in Fig. 3.17a, and

dynamic supply switching at a maximum of 100MHz in Fig. 3.17b. In both cases, we see good

agreement between the predicted and measured linearity and PAE. Since the simulated results are

derived from large-signal on-wafer measurements, the gain is slightly higher than the measured

data, which uses a wire-bonded coaxially-connected MMIC PA.

The envelope simulator is used to predict supply modulation results from 6 to 13GHz as



73

(a) (b)

Figure 3.18: Measured and predicted results comparing a static 28V supply to a dynamically
changing drain supply with two maximum switching frequencies of 100MHz and 25MHz in terms
of (a) linearity and (b) PAE and gain, for a constant output power of 31 dBm. The measured
points are plotted at frequencies of 6.5, 9, and 11.5GHz for the static (circle symbols) and dynamic
100MHz (star symbol) and 25MHz (square symbol) drain voltage cases.

shown in Fig. 3.18. Across frequency, the input power is adjusted to obtain a constant output

power of 31 dBm. The discrete supply modulator is limited to maximum switching frequencies of

100MHz (greater than the signal bandwidth) and 25MHz (about three times lower than the signal

bandwidth). The EVM and ACPR are shown in Fig. 3.18a. The PAE and gain are shown in

Fig. 3.18b. The measured points are plotted at frequencies of 6.5, 9, and 11.5GHz for the static

and dynamic drain voltage cases. In Fig. 3.18, we see that with a switching frequency of 100MHz,

the EVM is nearly the same as the static supply case across the band, and at some frequencies,

shows an improvement in EVM. The PAE is nearly the same for the two switching speeds and

is improved at all frequencies over the static case, with the largest improvement occurring at the

lower frequencies (6 to 9GHz). The EVM is degraded with the slower switching speed but remains

below 10%.

3.5 Summary

In transmitters that use discrete supply modulation for efficiency enhancement, the band-

width of the drain supply modulator is often limited. The supply modulator’s limited switching
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speed and discretized voltage distort the PA gain magnitude and phase, adding to AM-AM and

AM-PM non-linearities. This chapter demonstrates that the distortion can be reduced by mis-

matching the input and output impedance. This is first shown in the simulated source/load pull

of a standalone transistor, from which three different matching cases are examined through sim-

ulations. Comparing these cases in simulation using a custom behavioral model and a 64-QAM

67.5MHz signal, it is shown that a PA with intentionally mismatched input and output impedances

is more efficient than a conventional PA when using discrete bandwidth–limited supply modulation

for the same 5% EVM limit. Additionally, envelope simulations reveal that bandwidth limitations

on the supply have a larger impact on error vector magnitude than on PAE, gain, and output

power. The comparison between the three cases shows that non-linearities created from bandwidth

limitations in the supply can be reduced through mismatching for low gain variation.

To validate simulation results and the advantage of designing for low gain variation, a two-

stage 5W GaN on SiC MMIC PA is fabricated, covering a bandwidth of 6.2 to 12.6GHz with

intentionally mismatched source and load impedances of the final stage. S-parameter measurements

show low small signal gain variation across drain voltage, which holds for the entire bandwidth and

is accurately predicted from the input/output impedances presented to the final stage of the PA.

The PA is measured with a 67.5MHz 64-QAM signal with a dynamic drain voltage generated from

a four-level discrete GaN MMIC supply modulator. The measured PAE, gain, and linearity are

compared to predicted results from the behavioral model envelope simulator, which shows good

agreement. In conclusion, matching PAs for low gain magnitude and phase variation instead of

maximum PAE and gain can improve the linearity and efficiency of a transmitter with discrete

supply modulation, even for signals that have a high bandwidth relative to that of the supply

modulator and without the aid of digital pre-distortion. The results presented in this chapter are

reported in [80].



Chapter 4

High Power Discrete Supply Modulator Design and Characterization

4.1 Introduction

Chapter 3 discussed of design of PAs for high performance in a supply-modulated system.

An equally important component of a supply modulation system is the dynamic supply modulator.

The requirements of a supply modulator were discussed in chapter 2, but the details of a practical

design were not included. Furthermore, supply modulating an array of multiple PAs with a shared

drain supply from a single modulator has the additional requirement of high power. Achieving high

power, high switching speed (bandwidth), high efficiency, and low distortion requires careful device

selection, layout, and thermal management. Each of these topics is discussed in this chapter, which

presents a supply modulator designed to deliver a peak output power of 1 kW.

4.1.1 Survey of Published Supply Modulators

The supply modulator architecture and technology choice can have a substantial impact on

system performance. To begin the design, a survey of the state-of-the-art high power supply modu-

lators is performed and summarized in Table 4.1. As mentioned in chapter 2, supply modulators can

generate continuous or discrete voltage waveforms. Continuous supply modulators such as buck con-

verters have been demonstrated with switching frequencies up to 865MHz [67,68,70,86,87,125,126].

However, these supply modulators must switch at frequencies a few times greater than the signal

envelope bandwidth [112] and the efficiency of all switch-based power supplies drops linearly with

frequency. Therefore, tracking high bandwidth signals efficiently using a continuous supply mod-
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(a)

Output Trace

SW1

SW2

SW4

SW3

(b)

Figure 4.1: (a) Block diagram of a high power supply modulator simultaneously feeding several
power amplifiers in parallel. The signal envelope (shown in green) is digitally processed through a
shaping function which determines the switch timing and output waveform of the supply modulator.
(b) Photograph of the four-level discrete supply modulator with the output trace highlighted and
transistor switches labeled. Each switch consists of two transistors in parallel.

ulator becomes challenging. An additional example of a continuous supply modulator is a linear

regulator. These typically utilize op-amps and can track high bandwidths. However, linear regula-

tors have very low efficiency and substantially degrade system efficiency.

Discrete supply modulation architectures such as multi-level converters (MLC) [63, 65, 109,

110, 127–132] switch between several discrete voltage levels. The primary advantage of discrete

supply modulation is that it has fewer switching instances than continuous supply modulation,

which boosts the efficiency of the supply modulator. Furthermore, the discrete waveform has

a lower bandwidth than its continuous counterpart and enables accurate tracking of higher signal

bandwidths, at the expense of some distortion to the PA, which can be corrected through digital pre-

distortion [65], or by designing the PA for low gain variation as presented in chapter 3. Increasing

the number of voltage levels produces a closer approximation to continuous supply modulation.

However, a high number of voltage levels adds complexity and increases the number of switching

instances which degrades efficiency. Due to the bandwidth and efficiency advantages of discrete

supply modulation, a multi-level converter architecture is chosen for this design, which switches
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between four externally generated voltages. A block diagram of multiple PAs with a dynamic drain

supply being generated from a single discrete supply is shown in Fig. 4.1a. Here, the PAs have a

shared drain supply from a single supply modulator, which is controlled digitally. The switches are

all connected through an output trace which connects to the PA drain. A photograph of the realized

discrete supply modulator is shown in Fig. 4.1b. Here, the output trace outline is highlighted along

with the transistor switches.

Supply modulators can be implemented in a monolithic microwave integrated circuit (MMIC)

or by using discrete packaged transistors implemented on a printed circuit board (PCB). The

transistors used in MMIC foundries are typically designed to be used as common source amplifiers

in the microwave frequency range. They have a high electron mobility but are not optimized for

low conduction/switching losses when implemented as a switch. Therefore, the switching speed

is high, but the overall efficiency is lower than commercial off-the-shelf (COTS) transistors used

in conventional power converter designs. MMIC supply modulators [70], [86], [67], [109], [65] can

achieve high switching frequencies greater than 100MHz with an acceptable efficiency typically

greater than 80%. However, peak output powers significantly greater than 20W have not been

demonstrated. Higher output powers can be achieved with hybrid PCB topologies [110], [129], [68];

however, this typically comes at the cost of reduced switching speed due to increased parasitics.

Therefore, if high power is a priority over switching speed, the PCB hybrid topology is favorable.

Some examples of MMIC and hybrid PCB supply modulators are summarized in Table 4.1.

The design and characterization of a high-power discrete supply modulator implemented on

a PCB is presented in this chapter. The design requires careful selection of the switching device to

optimize switching speed and efficiency, so a survey of commercially available devices is performed

in section 4.2. Next, the design of the supply modulator is presented in section 4.3. Measurements

of the output voltage waveform revealed significant ringing upon each voltage level transition due

to parasitics in the output trace and transistor switches. In order to model this ringing, the S-

parameters of the output trace are simulated in a method-of-moments solver and converted to an

RLC equivalent circuit in section 4.4. This model is used to accurately predict the ringing of the
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Table 4.1: Key specifications of state-of-the-art continuous and discrete supply modulators with
peak output powers up to 500W in GaN and MOSFET technologies

Type Tech. Package Peak Eff. Test Signal/Peak Ref.

Pout (W) (%) Switching Frequency

Buck GaN MMIC 16 72.5 NA/400MHz [86]

Buck GaN MMIC 10 > 90 3MHz WCDMA/40MHz [67]

Buck GaN Hybrid 50 > 90 NA/1MHz [87]

Buck GaN Hybrid 68 92.3 20MHz LTE/25MHz [125]

Buck (3 level) GaN Hybrid 115 > 90 20MHz LTE/25MHz [68]

Buck GaN MMIC > 7.5 > 80 NA/865MHz [70]

MLC (4 level) GaN MMIC 3.5* 88.2 20MHz LTE/40MHz*** [109]

MLC and LR GaN Hybrid 40 75 5MHz 64-QAM/1MHz [127]

8 Level DAC GaN Hybrid 159 84.5 10MHz LTE/NA [110]

8 Level DAC GaN MMIC 20 85-95 20MHz LTE/NA [65]

MLC and LR MOSFET Hybrid 50 75.5 1MHz sine/100 kHz [128]

Multi-Level Buck GaN Hybrid 500 93 400 kHz multi-tone/1MHz [129]

MLC and LR MOSFET Hybrid 50 79.7 300 kHz sine/NA [130]

MLC (2 level) GaN Hybrid 62 82-92 40MHz OFDM/100MHz [131]

MLC (3 level) GaN Hybrid 20.6** NA 120MHz OFDM/400MHz*** [63]

MLC (4 level) GaN Hybrid 800 > 94 8 MHz 64-QAM/10 MHz This

Work

*average Pout, **average Pout derived from data in paper, ***derived from minimum pulse width, Linear
Regulator (LR)

output voltage in LTspice time domain simulations. The supply modulator is then characterized

with different load impedances in section 4.5 using a test signal that switches between each level

with an equal duty cycle and while tracking the envelope of a 6.25MHz 64-QAM signal. The peak

measured output power is 800W of peak power at 20V, with a maximum switching frequency of

10MHz.

4.2 High Power Transistor Survey and Comparison

The most critical component of a high-power multi-level converter (HPMLC) design is the

choice of the switching transistor. It is desirable to use a transistor with a low on-state resis-

tance (Ron), minimal input and output capacitance (Cin, Cout), and small rise/fall times (<10 ns).

Furthermore, in high power, low voltage applications, a high maximum drain current (Id−max) is
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(a) (b)

Figure 4.2: (a) On-state resistance vs maximum drain current and (b) output capacitance vs
maximum drain current for commercially available transistors in MOSFET, SiC MOSFET, and
GaN technologies. The size of each point in (a) is proportional to the device Cout and in (b) Ron.
Numbers refer to TABLE 4.2.

necessary. Unfortunately, these parameters are often at odds with each other. For instance, a low

Ron with high Id−max can be obtained by stacking many devices in parallel, however, this increases

the capacitance and lowers the switching speed of the device.

In order to weigh these trade-offs, a survey and comparison of commercially available high-

power transistors are performed to assist in switching device choice. This study examines silicon

(Si) MOSFET, silicon carbide (SiC) MOSFET, and gallium nitride (GaN) HEMT technologies

while specifically targeting devices with low Cout and Ron. The Ron is plotted against Id−max for

each surveyed device in Fig. 4.2a where the area of each dot is proportional to the device Cout. In

addition, the Cout is plotted against Id−max in Fig. 4.2b where the area of each dot is proportional

to the device Ron. The surveyed devices all have breakdown voltages greater than 25V, which

is consistent with the required drain supply voltage of GaN HEMT power amplifier devices. All

the values of the survey were obtained directly from the manufacturer’s device datasheet. The

specifications of the devices used in this comparison are given in Table 4.2.

From Fig. 4.2, it is apparent that SiC MOSFET devices consistently have the smallest Cout.

However, they suffer from a relatively large Ron. The small Cout of SiC devices is partially a

result of the capacitance of these devices being specified at very high voltages (>600V). The Si

MOSFET devices are competitive with GaN both in terms of Cout and Ron, however, the intrinsic
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body diode built into the MOSFET structure would result in reverse conduction if used in a multi-

level converter. A common approach to preventing reverse conduction due to the body diode is to

place an external diode in series with all but the highest voltage level switch [63]. However, for

high-current applications, this is not a feasible solution since the losses in a diode scale with current,

not voltage and substantially degrade the efficiency, making MOSFET structures an undesirable

choice.

An alternative to Si MOSFET devices are E-mode GaN HEMTs which do not have an

intrinsic body diode. For GaN devices, reverse conduction can, however, still occur in GaN devices

when the gate-drain voltage exceeds the device threshold voltage and the drain-source voltage is

negative. Therefore, in order to ensure that reverse conduction does not occur in a device that

is intended to be biased off, it is necessary to make the nominal off-state gate voltage less than

the lowest voltage level plus the threshold voltage. Unfortunately, GaN devices can fail when they

exceed the minimum gate-to-source voltage (Vgs,min). This enforces a limit on the range of output

voltages which is defined as:

∆Vout = Vout,max − Vout,min ≤ |Vgs,min|+ Vth, (4.1)

where Vout,max and Vout,min are the maximum and minimum output voltages, respectively and Vth

is the threshold voltage.

To illustrate this limitation, an example of a two-level modulator with ideal switches is shown

in Fig. 4.3 and Fig. 4.4. Here E-mode transistors are used, the threshold voltage is 0V, and Vgs,min

is −10V. The gate, source, and drain (output) voltages are labeled and referenced to ground.

The drain terminal of the transistor switches are connected through the output trace of the supply

modulator. A photo of the realized output trace is shown in Fig. 4.1b. The example in Fig. 4.3

violates Eq. 4.1 and switches between 5V and 20V, a voltage range of 15V. In the left-hand case

of Fig. 4.3, SW2 is intended to be biased-on and apply the 5V level. However, the gate voltage of

SW1 is set to 10V, so when the output voltage reaches 10V or lower, SW1 will turn on because the
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Figure 4.3: Cartoon of a two-level supply modulator switching between 20V (left) and 5V (right)
voltage levels with Vgs,min equal to 10V. The modulator fails since ∆Vout exceeds Vgs,min and
violates Eq. 4.1

Figure 4.4: Cartoon of a two-level supply modulator switching between 20V (left) and 10V (right)
voltage levels with Vgs,min equal to 10V. The modulator operates normally since ∆Vout is limited
to Vgs,min

gate-drain voltage is positive and create reverse conduction in SW2. This issue could be alleviated

by reducing the gate voltage of SW1 to 0V as is the case in the right-hand example in Fig. 4.3.

However, in this example, the gate-source voltage is −20V, and below the minimum gate-source

voltage of −10V, which will damage the device. In Fig. 4.4 the voltage range (∆Vout) is limited

to 10V (|Vgs,min|) and the converter operates successfully in both switching states, outputting the

10V level in the left-hand case and the 20V level on the right-hand case.

Ultimately, the chosen device is a GaN HEMT manufactured by GaN Systems (GS61008T)
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Table 4.2: Key parameters of the Si MOSFET, GaN, and SiC MOSFET transistors with Id−max

ranging from 10 to 105A and a minimum Vbr of 25V. The associated Ron and Cout is plotted vs
Id−max in Fig. 4.2
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Figure 4.5: (a) Overview schematic of the high power multi-level converter. Each parallel RC
circuit represents an individual PA being supply-modulated. (b) Schematic of single switching cell
highlighted in the top left of Fig.4.5a. The gate trace is modeled as an RLC circuit with the values
extracted from an EM simulation of the trace.

[133]. This device has a Id−max = 90A, Cin = 600 pF, Cout = 250 pF, and Ron = 7mΩ. Fur-

thermore, the Vgs,min is −10V and Vth is 1.7V. This device meets the maximum drain current

and voltage requirement while maintaining a low input and output capacitance relative to other

surveyed GaN HEMTs. Furthermore, the large minimum gate-source voltage that the device can

tolerate is much larger than other GaN HEMTs and allows for a dynamic voltage range of the

HPMLC of 10V.

The key specifications of the devices surveyed in Fig. 4.2 are shown in Table 4.2. The

GaN devices manufactured by Efficient Power Conversion (EPC) have very low Ron values and

capacitances competitive with other GaN devices. However, the Vgs−min for EPC devices is −4V,

which limits the output voltage range of the modulator in the circuit configuration used in this

work. Out of all the surveyed GaN devices with a Vgs−min of at least −10V, the GaN System device

(GS61008T) provides the best Ron with reasonable Cin and Cout values.
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Table 4.3: Capacitor, packages, and number of elements in each capacitor bank

Value Package Material Number

33 nF 0805 C0G 2

100 nF 1210 C0G 2

10 µF 1210 X5R 5

270 µF Radial Electrolytic 3

4.3 Supply Modulator Design and Simulation

The HPMLC switches between four dc voltage levels, which are generated from external power

supplies. A high-level schematic of the HPMLC is shown in Fig. 4.5a; the output is connected to

one of four voltage levels by transistor switches. The load consists of N number of parallel RC

circuits, each of which represents an individual PA unit. A 10W PA operating with 50% drain

efficiency consumes 20W of DC power. This supply modulator is designed to feed an array of 50

PA units. Therefore, a target peak instantaneous output power of 1 kW is selected. At a drain

voltage of 20V, this corresponds to 50A of current required from each transistor switch. The

capacitor bank in Fig. 4.5a consists of four different capacitor packages and sizes with the aim

of ensuring a stable dc input voltage to each of the GaN devices while the device is switching.

The values and part numbers of the implemented bypass capacitors are shown in Table 4.3. By

carefully selecting different packages and capacitance values with low equivalent series resistance

(ESR) and low equivalent series inductance (ESL), the impedance magnitude seen by the switch

devices presented from the capacitor bank remains below 50mΩ from 300Hz to 100MHz.

Fig. 4.5b shows an individual switching cell which is repeated for each of the four voltage

levels. Each cell consists of two GaN transistors in parallel. A comparator (ADCMP601) is used to

convert the 1V switch control signal into the 5V logic level required by the gate driver. The switch

control signal is generated externally using a bit pattern generator (BPG) capable of generating

synchronized pulses in multiple channels.

The criteria for choosing the gate driver is a required fast rise/fall time (<10 ns) and an

output voltage large enough to fully turn on each of the switches (25V). The chosen gate driver
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Figure 4.6: Photograph of the high power multi-level converter.

is manufactured by Texas Instruments (UCC21520ADW); it features a rise and fall time of 6 ns

and 7 ns respectively with a peak output voltage of 30V. Furthermore, the input is capacitively

isolated from the output, which allows the on and off output voltages of the gate driver to be set

independently of the digital control signal. Thus, for each driver, the on voltage is set to 5V above

each switch voltage level and the off voltage is set to 10V in order to ensure that the gate-source

voltage does not drop below the minimum of −10V while also avoiding reverse conduction.

The realized HPMLC shown in Fig. 4.6 is manufactured on a four-layer FR4 board and is

populated with commercially available components. In order to maximize current handling and

minimize parasitic capacitance and inductance, vias connect the top two layers of the output trace

to form the signal path, and the bottom two layers are connected to form the ground path. The

GaN switches are located under the bronze-colored heat sink with a sheet of thermal interface

material from Laird Technologies (A14692-30) that ensures good thermal contact between the top

of the switches and the heat sink.
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    Switch 1 
Gate Voltage

Output Voltage

Shoot-Through

Figure 4.7: Simulated time domain waveforms of the output and switch 1 gate voltages for standard
and reverse transistor orientations when transitioning from the switch 2 to switch 4 with an RC load
of (1.25Ω || 160 pF). Each respective switch voltage is Vdc1 = 20V , Vdc2 = 16.7V , Vdc3 = 13.3V ,
Vdc4 = 10V with the gate turn-on voltage of each switch set to be 5V above the switch dc voltage.

4.3.1 Reverse Device Operation

In a standard multi-level converter design, the source of each transistor is connected to

the output. This topology creates feedback in each device from the output to the gate through

the gate-source capacitance. This can create undesired reverse conduction during voltage level

transitions when turned-off devices experience a voltage spike on their gate from feedback through

the gate-source capacitance. This effect, where two devices are simultaneously biased on is known

as shoot-through. From the LTspice model provided by the manufacturer, it is observed that the

gate-drain capacitance is an order of magnitude smaller than the gate-source capacitance.

Therefore, in order to investigate the effect that the size of the feed-back capacitor has on the

switching waveform, the HPMLC is simulated in a regular configuration with the source connected

to the output and in a reverse configuration with the drain connected to the output.

The simulated output voltage, ideal output voltage, and gate voltage of the highest voltage

level (20V) are shown in Fig. 4.7 with the gate and output traces modeled using the technique

described in Section 4.4 below. In this simulation, the HPMLC is switched from the second to the

highest voltage level (16.6V) to the lowest level (10V) and loaded with a medium power load of
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1.25Ω in parallel with 160 pF.

By examining Fig. 4.7 it is clear that when the devices are operated in standard configuration

with the source connected to the output, shoot-through occurs when the device is switched to

the lowest voltage level. This will distort the output waveform and degrade the efficiency of the

converter. In contrast, the flipped configuration results in less feedback from the output to the

gate and no shoot-through. Therefore, the HPMLC was designed with the devices implemented in

reverse configuration with the drains connected to the output and sources connected to the input

dc voltage as seen in Fig. 4.5a.

4.4 Transistor and Output Trace Modeling

The ringing that occurs upon each voltage level transition limits the switching speed of the

converter and mixes with the RF signal of the PA. This creates side-bands in the spectrum and

degrades the linearity of the PA [3]. The ringing in the HPMLC is created due to parasitics in

the transistor and output trace interconnect. If the output trace is modeled as an ideal short, the

predicted waveform does not match the measured output voltage as shown in Fig. 4.9a. Therefore,

an in-depth model of the output trace is necessary for accurate waveform prediction.

To begin, the output trace was EM simulated in AWR’s Axium 2.5D method of moments

(MOM) solver from dc to 2GHz. A port was placed at the location of each transistor and the

output, resulting in nine total ports. The aim of this model was to capture the mutual resistance,

inductance, and capacitance between each individual transistor and the output. Since the simulated

frequency domain S-parameter data cannot be used in time domain simulations in LTspice and

automatic extraction of equivalent models did not yield accurate results, the equivalent RLC circuit

shown in Fig. 4.8a, with its physical port and section locations shown in Fig. 4.8b was fit to the

simulation results in the frequency domain.

The equivalent RLC circuit is split into three parts. Starting from the top of Fig. 4.8b the

transistor interconnect is highlighted in pink, followed by taper A which is a bottle neck shaped

trace highlighted in yellow, and finally at the bottom is taper B which is a trapezoid-shaped trace
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Figure 4.8: (a) Schematic of RLC output trace model and (b) associated physical location of the
ports in the output trace. The trace is split into three parts: the transistor interconnect highlighted
in pink, taper A highlighted in yellow, and taper B highlighted in purple

highlighted in purple. Each of these sections is modeled with series resistances, shunt capacitances,

and series inductors in parallel with resistors, as shown in Fig. 4.8a. The value of the parallel

resistor is the product of the corresponding inductance and a separate Q-factor variable. The Q

factor is assumed to be the same across the network in order to reduce the number of variables. The

finite Q of the inductors helps the RLC network to match the frequency behavior of the simulated

trace, including resonances that occur. The extraction of the RLC values is obtained through two

simultaneous goal functions between the EM model and RLC model from dc to 600MHz. The first

fits the S-parameters between the two models in a 50Ω environment. The second ensures that the

dc resistance between ports 1 and 9 matches the simulated dc resistance when ports 2 - 8 are left

open.

Since the dc resistance of the trace is critical to accurately predict the dc losses of the HPMLC,

it was weighted 15 times higher than the S-parameter goal function. By taking advantage of the

vertical symmetry of the output trace, using the same Q value for each parallel RL component, and
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(a) (b)

Figure 4.9: (a) Simulated HPMLC (a) output voltage, and (b) gate voltage comparing measurement
and simulation using different modeling detail on the interconnects using an RC load of (1.25Ω ||
160 pF).

assuming each of the four RLC cells in Fig. 4.8a are identical, the total number of variables was

reduced from 120 to 25. In taper B, a progressive increase in capacitance values and a decrease in

inductance values was enforced as the taper moved to larger widths. The interconnects between the

gate drivers and the external gate resistors of the switching devices are modeled in a similar fashion

using a single RLC network as shown in Fig. 4.5b. These traces are individually EM simulated

for each driver to switch interconnect, and the RLC model is fit to this data using the same cost

function as for the output trace.

The simulated output voltage of the HPMLC is compared to a measurement in Fig. 4.9a

showing the effect of the trace modeling. The converter switches between four equally spaced

voltage levels ranging from 10 to 20V with an equal duty cycle and a switching frequency of

4MHz. The load is a parallel resistor-capacitor combination with values of 1.25Ω and 160 pF.

In the simulation, the gate drivers are implemented as ideal voltage sources with a rise/fall time

consistent with the driver data sheet. The dead time in simulations is 2 ns, consistent with the

measurements. For the temperature-dependent transistor models, the thermal resistance to ambient

is modeled as 3.5 °C/W. The bypass capacitor bank is modeled to include the series inductance



90

and resistance parasitics taken from the data sheets of each capacitor.

The gate and output traces have a significant effect on the ringing of the waveform. Fig. 4.9a

shows that if the traces are not included in the model, the ringing overshoot, frequency, and decay

rate are not accurately predicted. By modeling the output trace, the accuracy can be greatly

improved. By modeling the gate trace, the accuracy can be improved even further. Fig. 4.9b shows

the output waveform with and without the gate trace model, compared to the measured data. It

can be seen that the main contribution of the gate trace is a time delay, which results in a better

prediction of the waveform in the rise region up to 20V.

4.4.1 Transistor Model Development

The parasitic capacitance and inductance of each transistor have a significant effect on the

ringing that occurs at switch transitions. Since the transistors are implemented in a reverse config-

uration and operated in conditions not typical for this device, a custom LTspice transistor model is

developed. The aim of this new transistor model is to determine if careful measurement of the tran-

sistor inductance and capacitance can yield more accurate waveform simulations. A schematic of

the transistor model that is fit to measurements is shown in Fig. 4.10a. Additionally, a photograph

of the breakout board used to measure the S-parameters of the transistor is shown in Fig. 4.10b.

S-parameter measurements are taken from 10MHz to 500MHz with the gate voltage held at

10V. To determine the gate-drain capacitance, the drain voltage is swept from 10V to 20V in 1V

steps. Since the source voltage affects the gate-drain capacitance, the source voltage is stepped to

10V, 13.3V, 16.6V, and 20V. This helps determine the effect that the source voltage has on the

gate-drain capacitance and is plotted in Fig. 4.11c. This process is repeated for the gate-source

capacitance and plotted in Fig. 4.11b. These measurements also yield the drain-sorce capacitance

at a single gate voltage plotted in Fig. 4.11a.

To generate an accurate model of the transistor, the micro-strip traces connecting the SMA

connectors to the transistor must be de-embedded. Therefore, two de-embedding measurements are

taken of an unpopulated board from Fig.4.10b with the three ports shorted and then open-circuited
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Figure 4.10: (a) Schematic of transistor parasitics. (b) Photograph of measurement board milled
in FR-4 used to measure transistor S-parameters for model reactance extraction.

Table 4.4: Intrinsic transistor capacitance as a function of voltage.

Capacitor M (pF/V) B (pF)

Cgs 5.5 429.0

Cgd 5.6 173.8

Cds (Vds > 0) 0.75 409.3

Cds (Vds < 0) -1.1 409.3

where the transistor pads are located. The three traces connecting to the transistor are modeled as

ideal lossless transmission lines. The characteristic impedances and electrical lengths are fit to the

shorted and open-circuited measurements from 10MHz to 500MHz. Next, they are cascaded with

the measured transistor S-parameters as lossless transmission lines with negative electrical length.

Additionally, to de-embed the inductance in the transistor, S-parameters are also measured for

Vgs = +5, with drain and source voltages equal (no current) and swept from 10 to 20V in 1V steps.

By biasing the device on, the drain-source capacitance is shorted, making it easier to extract the

package inductance. The gate, source, and drain series inductances are then determined by fitting

these measurements to an LC transistor model with the channel shorted. The capacitance values

are extracted by fitting the biased-off S-parameter measurements to an equivalent LC model of the

transistor in the off state from 10MHz to 500MHz. This is repeated for each voltage combination
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(a)

(b)

(c)

Figure 4.11: (a) Measured drain-source capacitance. (b) Measured gate-source and (c) gate-drain
capacitance. The dotted green line represents the modeled voltage dependence of each respective
capacitance implemented in the new LTspice model.
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and each of the three intrinsic non-linear capacitors [134]. The capacitance vs. voltage is shown

for each capacitor in Fig. 4.11. Note the different y-axis scales for the three plots. The green

dotted linear fit line represents the capacitance curve as a function of voltage that is utilized in

the LTspice transistor model as a nonlinear capacitor. The slope and y-intercept of the linear fit

for each capacitor is shown in Table 4.4. In LTspice, the non-linear capacitors are defined by the

charge of the capacitor as a function of voltage. The instantaneous capacitance is determined by

taking the derivative of the charge function with respect to voltage. The equation for the linear fit

and non-linear capacitor is:

C = Mv +B (4.2)

Q =
M

2
v2 (4.3)

where v is the voltage across the capacitor, M is the slope, and B is the y-intercept. The capacitance

function is implemented with a non-linear capacitor defined by Eq. 4.3 in parallel with a fixed

capacitor equal to B

0.02 nHLs
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Figure 4.12: Schematic of transistor parasitic elements with Vds = 10V and Vgs = 0V extracted
from (a) manufacturer’s LTspice model (b) custom model extracted from S-parameter measure-
ments.

Both the manufacturer’s and the newly developed model are shown in Fig. 4.12. The manu-

facturer’s model of the voltage-controlled current source with thermal effects is used in both cases.
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The biggest difference between the two models is the gate and source inductance values. Addition-

ally, the gate-source and drain-source capacitance differs by a factor of two. The output voltage

of the custom model is compared to the manufacturer’s model in Fig. 4.13 using the four-level

equal duty cycle signal and previously mentioned RC load (1.25Ω || 160 pF). From Fig. 4.13, it

is clear that the custom model does not result in more accurate time domain simulations. This

suggests that proper modeling of the PCB gate and output traces or the device’s current source

has a larger impact on simulation results than detailed modeling of the transistor’s intrinsic and

parasitic reactances.

Figure 4.13: Output voltage waveform of supply modulator for an RC load (1.25Ω || 160 pF)
comparing simulations with manufacturer and custom transistor models against measurements.

4.5 Dynamic Supply Measurements

4.5.1 Test Setup

The measurement setup is shown in Fig. 4.14. The bit pattern generator is programmed

in MATLAB to output 1V rectangular pulses from several channels simultaneously with rise/fall

times of approximately 70 ps. The BPG is used to independently control each gate driver on the

HPMLC and apply dead times. The dc voltage supplies for the gate drivers and four voltage

levels are supplied externally. The output voltage waveform is captured using an oscilloscope with
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Figure 4.14: Test setup block diagram. The current is measured using a differential probe across
the sense resistors. The filtered dc component of the voltage drop is used to calibrate the offset of
the differential probe.

a sampling rate of 2.5Gs/s. The current waveform is measured using a differential voltage probe

placed across the sense resistor shown in Fig. 4.14. The current waveform is filtered with a common-

mode choke and 1 µF capacitors, and the resulting dc component of the current is measured using

a voltmeter. The current waveform measured by the differential probe is then offset such that

its average value is equal to the dc current measured by the voltmeter. The sense resistor value

is calibrated with the HPMLC supplying 10V dc and taking the current reading from the dc

power supply in conjunction with the voltage across the sense resistor. Finally, the output voltage

waveform is measured using a separate high-impedance probe referenced to ground.

The performance of the HPMLC is evaluated using two sets of signals. One signal switches

between the four voltage levels periodically with an equal duty cycle. The other is the envelope

of a 64-QAM signal transmitting at a baud rate of 5 mega-symbols per second corresponding to a

bandwidth of approximately 6.25MHz with a root raised cosine filter utilizing a roll-off factor of

0.25. The signal length is 1000 symbols and repeats continuously. In order to change the power

level of the converter, the load resistance is reduced from 20Ω to 0.4Ω in 9 steps.

The load resistance is designed to emulate different numbers of PAs being simultaneously
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supply modulated, as illustrated in Fig.4.1a. The single PA unit considered is a 10W PA similar to

the one detailed in [66], operating at a drain voltage of 20V with 50% drain efficiency, corresponding

to a resistance of R = 20Ω. For each of the measurements, the purely resistive case is compared

to the case of an RC load for an individual PA drain capacitance of C = 10pF. For N amplifiers,

the load is scaled according to:

RL =
R

N
and CL = N · C (4.4)

4.5.2 Measured Performance Results

The efficiency of the HPMLC producing a four-level equal duty cycle signal is shown in

Fig. 4.15 for different output powers at switching frequencies from 1MHz to 10MHz. The results

are shown with the parallel RC load described in Eq. 4.4 with N ranging from 1 to 50, as well as the

purely restive load of with CL = 0pF. The efficiency calculations include the power consumption

of the entire HPMLC, excluding the BPG. The power consumption of the gate drivers is largely

independent of the load and depends heavily on the switching frequency. Therefore, at lower output

powers, the efficiency drops significantly since the ratio of the gate-driver power consumption to

the total output power dominates. Furthermore, since the nominal off voltage of the gate drivers is

connected to the 10V rail, when a switch is turned off, the charge stored in the input capacitance

of the device is transferred to the 10V rail. Therefore, this energy is recycled, and the efficiency

gets a slight boost. The efficiency in Fig. 4.15 peaks at approximately 175W and drops slightly

at the higher power levels, likely due to extra losses associated with higher device temperatures.

Overall the efficiency remains above 94% across all switching frequencies for power levels exceeding

75W.

The HPMLC is also evaluated at different power levels while tracking a 64-QAM signal

described in section 4.5.1. The ideal target drain signal is chosen for flat gain at 9GHz based

upon CW measurements of the 10W, 6 to 12GHz GaN MMIC PA presented in chapter 2. For this

HPMLC the minimum pulse width/maximum switching frequency is limited by the ringing duration
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Figure 4.15: Supply modulator efficiency with an equal duty cycle four-level waveform at switching
frequencies and average output powers ranging from 1 to 10MHz and 11.7W to 497.1W under
purely resistive and RC loads.

upon each switching instance. Therefore, the maximum switching frequency of the HPMLC is set

to 10MHz, corresponding to a minimum pulse width of 100 ns. Across the entire signal length, the

discretized drain envelope signal has a minimum pulse width of 100 ns and a maximum pulse width

of 228.8 ns.

The efficiency and root mean square error (RMSE) of the HPMLC generating the 64-QAM

envelope signal are plotted for different average output powers in Fig. 4.16. The definition of RMSE

is given by:

RMSE =

√∑N
i=1 (Vmeas.(i)− Videal(i))

2

N
, (4.5)

where N is the number of measured points over the entire duration of the signal, Vmeas. is the

measured waveform, and Videal is the desired discrete output signal with perfectly sharp transitions

and no ringing.

We here use the RMSE to show the deviation of the output trace from an ideal discrete supply

modulator to quantify the effects of ringing. To de-embed the voltage drop due to ohmic losses, the

ideal drain comparison signal for each load is adjusted to match the measured steady-state voltage

of each voltage level. For low output powers (e.g. 10.2W), the RMSE for the RC load is quite
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Figure 4.16: Supply modulator efficiency and RMSE while tracking an 6.25MHz 64-QAM signal
between average output powers of 10.2W and 418.3W for a purely resistive and RC load.

high due to large ringing at all voltage transitions. The purely resistive load shows an even worse

RMSE of 0.79V. At a load of 78.8W, it reaches a minimum of 0.59V and then rises again for

higher output powers, with little difference between the purely resistive and RC load.

The output voltage waveform of the HPMLC tracking the 64-QAM signal with average output

powers of 10.2W, 78.8W, and 418.3W is shown in Fig. 4.17 under the previously described RC

load conditions. The measured waveforms are compared to the ideal drain signal, which has not

been adjusted for voltage drop. When switching to higher voltage levels, the ringing between loads

of 10.2W and 78.8W is nearly identical, however when switching down to the lowest voltage level,

the ringing overshoot and duration are significantly lower at 78.8W. For higher output powers,

we observe an increased lag to reach the steady state output voltages, thus resulting in a higher

RMSE as shown in Fig. 4.16.

4.6 Summary

The design and characterization of a high-power discrete supply modulator is presented. This

four-level modulator is suitable for the efficiency enhancement of multiple PAs with a shared drain

voltage, amplifying high peak-to-average power ratio signals in an array. The peak measured output

power is 800W at 20V, which is the highest reported output power of a supply modulator to the
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Figure 4.17: Measured output voltage with three different parallel RC loads of (20Ω || 10 pF -
orange), (5Ω || 40 pF - green), and (0.4Ω || 480 pF - purple). These waveforms are compared to
the ideal drain signal when tracking a 6.25MHz 64-QAM signal.

best of the author’s knowledge. Additionally, for powers exceeding 50W, the efficiency is greater

than 92%, and a maximum switching frequency of 10MHz is achieved. The high performance

is enabled through careful selection of the semiconductor technology and switching transistors to

minimize parasitic capacitance and on-state resistance for high current devices.

The primary limitation on the switching speed of the supply-modulator is the ringing in the

output voltage waveform that occurs upon each switch transition. The source of the ringing is the

parasitic capacitance, inductance, and resistance in the transistors, gate driver, and output trace

interconnect, which behave as a low pass filter. Initially, output voltage was simulated in LTspice

with a transistor model provided by the manufacturer and an ideal short circuit output interconnect.

These simulations did not match the measured results. However, by simulating the S-parameters of

the passive output trace in a full-wave electromagnetic simulator and fitting it to an equivalent RLC

circuit compatible with LTspice time domain simulations, the ringing was accurately predicted. In

an attempt to improve the modeling further, a custom model of the transistors utilizing non-linear

capacitors was developed from S-parameter measurements and implemented in LTspice. However,

the results of this simulation did not improve output waveform prediction.

The ringing frequency is primarily determined by the reactive parasitics in the transistor,
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while the overshoot and decay rate are a strong function of the resistive losses. By modeling

the output trace, the ringing frequency was accurately predicted, but the amplitude and decay

rate deviate from the measured results. One possible explanation for this is that the resistive

losses in the transistor were not accurately predicted. These losses are strongly dependent on the

temperature of the transistor. A thermal model is included in the manufacturer’s model, and the

thermal resistance of the transistor heat sink is implemented. However, precise modeling of the

transistor’s thermal behavior is difficult and could be addressed in future work.

The ringing could potentially be reduced by changing the output trace geometry to minimize

parasitic capacitance and inductance. Additionally, by placing two transistors in series instead of

parallel, the output capacitance can be halved and the ringing reduced at the cost an increased

on-state resistance and lower efficiency. Another technique to reduce ringing is by modifying the

gate drive signal used to switch the transistors, which will be the topic of chapter 5. The results in

chapter 4 are reported in [83,135].



Chapter 5

Ringing Reduction Through Gate Pulsing

5.1 Introduction

In chapter 4, an 800W discrete four-level supply modulator was demonstrated with a max

switching speed of 10MHz. This supply modulator exhibited significant ringing upon each voltage

level transition which was accurately predicted through proper modeling of the output trace dis-

tributed RLC elements. When implemented with a PA in an envelope tracking system, this ringing

Gate 
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Gate Dr ive

Bench Power  Suppl i es

Vdc1 Vdc2 Vdc3 Vdc4

Gate Dr ive Cont r ol l er

Vg4 Vg4
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Vg4
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SW 4
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(b)

Figure 5.1: (a) Schematic and gate drive signals of the high power multi-level converter (b) Example
of output voltage ringing comparing the conventional gate drive, gate pulsing, and the ideal cases.
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creates spurious mixing products in the nonlinear PA which degrades linearity metrics such as error

vector magnitude and adjacent channel power ratio [3,136,137]. Furthermore, the ringing limits the

maximum switching speed of the converter [83]. Therefore, minimizing the output voltage ringing

is a critical aspect of discrete supply modulator design.

Previous attempts to minimize ringing focus on the reduction of electromagnetic interference

(EMI) created by fast switching transients [138]. For supply modulator designs, the output voltage

ringing itself is more important than EMI issues, however, the two topics are closely related.

Techniques that actively control the switch slew rate are known as active gate drive topologies

[139]. Among these are variable gate resistance [140], variable gate current [141], and variable gate

voltage circuits [142, 143]. In addition, the dead-time (DT) can also be adaptively optimized to

improve efficiency [144] or reduce EMI [145]. These components are typically feedback-controlled

through a sensing circuit and dedicated digital control circuitry. This makes the switched supply

reconfigurable under changing load conditions, however, the approach is difficult to implement

and significantly increases complexity and cost. Ringing can also be reduced through the use

of a resonant filter or snubber network, however, a filter reduces the converter bandwidth, while

a snubber network decreases the converter efficiency. Alternatively, the ringing can be reduced

through a novel technique referred to as gate pulsing where the gate of each switch being turned on

is pulsed on and off quickly before ultimately being turned on. Through the use of gate pulsing, the

switches undergo an intermediate lossy state which reduces the ringing. This technique is illustrated

in Fig. 5.1b. In contrast to previous methods, gate pulsing does not require any additional hardware

and can be individually adjusted for different voltage level transitions and loads.

This chapter presents a new pulsed-gate ringing reduction technique compatible with multi-

level converter architectures. The technique is compared with two conventional approaches: in-

creasing fixed series gate resistance; and DT optimization. The corresponding schematic and ide-

alized gate drive signals are shown in Fig. 5.2a-c. The gate pulsing technique does not require

any additional hardware, is reconfigurable for different loads, and reduces the ringing beyond what

increasing gate resistance and DT optimization are capable of, without compromising efficiency.
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Figure 5.2: Two-level schematics and idealized gate drive signals of the three ringing reduction
techniques compared in this work: (a) increased gate resistances (3 – 10Ω) with a fixed dead-time;
(b) dead-time optimization; and (c) gate pulsing.

For the comparison, different techniques are applied to a high power (800W) multi-level converter

(HPMLC) while tracking the envelope of an 6.25MHz 64–QAM signal.

5.2 Ringing Origins

Any bandwidth limitations of an ideal pulse create ringing and distortion. This is because

functions with sharp transitions and discontinuities, such as a pulse, cannot be represented with a

finite number of Fourier series harmonics, known as the Gibbs phenomenon [146]. This is illustrated

in Fig. 5.3 which shows a pulse waveform with a limited number of harmonics and a period of 100 ns.

As the number of harmonics increases, the slew rate goes up and the ringing settling time decreases.

Passive interconnects such as the output trace of the HPMLC behave as a low pass filter limiting
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Figure 5.3: Time domain pulse with a limited number of harmonics and period of 100 ns.

the number of harmonics. Therefore, to minimize ringing, it is necessary to design broadband

interconnects. In multi-level supply modulators, the transistor parasitics also have a significant

impact on ringing and bandwidth limitations. To examine the bandwidth of this HPMLC, the

output trace from section 4.4 is loaded with the parasitic inductance and capacitance measured in

the GaN transistors (shown in Fig. 4.12b). The schematic of the trace including the transistors

is shown in Fig. 5.4. The off transistors are modeled with an open-circuited channel, and the on

transistors are modeled with a 0.01Ω resistor across the drain and source. The magnitude of S11

and S21 are plotted for the circuit shown in Fig. 5.4 with 1Ω ports. The circuit behaves as a low-

pass filter with a resonance occurring at 81MHz and the 3 dB cutoff at 47MHz. This analysis is not

a complete explanation for the ringing in discrete supply modulators. For instance, the transient

characteristics of the transistors and gate drivers are ignored as well as the non-linear capacitance

in each transistor. Additionally, the port impedance has a strong impact on the S-parameters

simulation, 1Ω was chosen to be near the characteristic impedance of the trace at port 2. The

remainder of this chapter will focus on methods of reducing this ringing without re-designing the

geometry of the output trace.

5.3 Supply Modulator Test Setup

The HPMLC used in this work is presented in chapter 4 and switches between four evenly

spaced externally generated dc voltages of 10, 13.3, 16.7, and 20V. A schematic of the converter is
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Figure 5.4: Schematic for S-parameter simulation of HPMLC output trace with switch transistors,
note that only four transistors are drawn, but each switch consists of two devices in parallel.
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Figure 5.5: Simulated S-parameter magnitude of the output trace including parasitics from the
transistors. The schematic for this simulation is shown in Fig. 5.4

shown in Fig. 4.5, and an idealized version is shown in Fig. 5.1a. A fixed surface mount resistor Rg

in series with each of the transistor gates limits the gate current during switching transients and

prevents damage to the gate drivers.

The converter is evaluated using an 6.25MHz 64–QAM signal envelope transmitting 5MS/s

with a root-raised cosine filter and a roll-off factor of 0.25. The signal envelope is translated

into a discretized four-level signal through a shaping function that relates the instantaneous PA

modulated signal input power to a particular drain voltage [66, 83, 112]. The maximum switching

speed of the discrete output signal is 10MHz, corresponding to a minimum pulse width of 100 ns.

The output voltage and current are measured using an oscilloscope as in chapter 4. The output

power is determined by multiplying the current and voltage waveforms and integrating across the

signal duration. The input power is calculated by summing the power supplied from each of the dc

supplies, and the efficiency is the ratio of the output and input power. The ringing in the measured
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Figure 5.6: Converter efficiency and RMSE while tracking an 6.25MHz 64–QAM signal with three
different series gate resistances.

signal is evaluated by the root mean square error (RMSE), shown in Eq. 4.5.

5.4 Ringing Reduction Comparison

5.4.1 Gate Resistance Study

Increasing the series gate resistance of each GaN transistor switch can potentially reduce the

ringing through a decrease in the slew rate. To investigate this, the HPMLC is evaluated with

fixed series gate resistance values of 3, 5, and 10Ω, across nine load resistances ranging from 20

to 0.4Ω. The efficiency and RMSE of the HPMLC while tracking the 6.25MHz 64–QAM signal

is shown in Fig. 5.6 for the three different gate resistances. For low average power levels below 50

W a gate resistance of 3Ω results in the lowest RMSE. For medium power levels between 50 W

and 150 W the 5Ω case is best. For high power levels exceeding 150 W the 10Ω case results in

the best RMSE with a small cost to efficiency. The power spectral density (PSD) of the HPMLC

output voltage is shown in Fig. 5.7 at a load resistance of 5Ω (average output power of ∼40W)

with gate resistances of 3, 5, and 10Ω. From this investigation, it is evident that the optimal series

gate resistance is load dependent. For systems with varying loads, e.g. dynamically driven PAs, an

adaptable ringing reduction method is required.
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Figure 5.7: Power spectral density of the HPMLC output voltage with gate resistances of 3, 5, and
10Ω all with a load resistance of 5Ω.

5.4.2 Gate Pulsing and Dead-Time Optimization

To reduce the ringing that occurs upon each upward transition, the gate of each switch being

turned on was pulsed on and off before reaching its final on-state as shown in Fig 5.2c. For this

technique to be successful, the pulse parameters Ton, Toff , and the DT settings must be tuned for

each of the six individual voltage transitions. This is necessary to account for variations in the

different switches and gate drivers. For instance, varying rise/fall times, threshold voltages, and

propagation delays can affect the optimal pulse parameters. Gate pulsing was first investigated in

the time domain simulator LTspice with a transistor model provided by the manufacturer and the

parasitics from the gate trace and transistor interconnect modeled as RLC circuits. This simulation

model is validated with measurement data in chapter 4.

The simulated gate and output voltages of the two parallel transistors connected to the 13.3V

level are shown in Fig. 5.8 with and without gate pulsing for the 10 to 13.3V transition. When

the gate is pulsed, the transistors go into a lossy state while switching on. As the output voltage

rises, the oscillating energy stored in the reactive elements of the transistors and output trace is

converted to heat by the transistor resistance thus the output voltage ringing is dampened. The

dissipated power in the transistors is plotted as a function of time in Fig. 5.8. With gate pulsing the

average dissipated power from 0 to 70 ns increases from 0.85 to 1.02W and the total steady-state

power delivered to the load is 35.2W. These simulations illustrate how the gate pulsing technique
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Figure 5.8: Simulated output voltage, gate voltage, digital input signal, and power dissipated in
the transistor switch for the 10 to 13.3V transition with and without gate pulsing.

can significantly reduce output voltage ringing with only a minimal increase in dissipated power.

In order to obtain the optimal pulse and DT settings in measurements, a continuously re-

peated test signal is used which switches between each of the voltage levels with an equal duty

cycle and remains at each voltage level for 10 µs. With this signal, pulse settings Ton, Toff , and DT

are swept for each upward transition and applied only to switches being turned on. At each opti-

mization setting, the ringing is compared to a reference case that has 2 ns of DT, a gate resistance

of 3Ω, and no gate pulsing. For each setting, the output voltage is measured and the RMSE is

calculated over a short window that starts when the reference case output voltage initially crosses

its steady-state dc voltage at the higher level and ends when the waveform settles. The RMSE at

each pulse setting is normalized to the RMSE of the reference case and referred to as the normal-

ized root mean square error (NRMSE). Values less than one indicate an improvement through DT

optimization or the gate pulsing technique over the reference case. A coarse sweep of the three

pulse parameters (Ton, Toff , and DT) is measured with Ton and Toff swept in 1.2 ns steps and DT

swept in 0.4 ns steps. After an optimal region of the coarse sweep is selected, the DT is fixed and

the (Ton) and (Toff) values are swept at the finest resolution of the BPG (0.4 ns).

The NRMSE of the coarse sweeps of the 10 to 13.3V and 13.3 to 16.7V are shown in

Figures 5.9a and 5.10a as a function of the gate pulse settings Ton and Toff for a fixed optimal

DT with a load of 5Ω. The two markers indicate the optimal Ton and Toff settings over the
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Figure 5.9: Gate pulsing results of the 10 to 13.3V transition. (a) NRMSE over the gate pulse
parameters sweep with a DT of 3.6 ns and (b) time domain waveforms.
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Figure 5.10: Gate pulsing results of the 13 to 16.7V transition. (a) NRMSE over the gate pulse
parameters sweep with a DT of −2 ns and (b) time domain waveforms.
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coarse sweep for the 10 to 13.3V (♢) and 13.3 to 16.7V (◦) transitions. The corresponding time

domain waveforms are shown in Figures 5.9b and 5.10b. From these plots, we can see that the

gate pulsing can yield significant improvements in ringing over DT optimization. Furthermore, if

optimal settings for one transition are applied to another, then the advantage from gate pulsing

can be lost, as is the case in Fig. 5.10b or can add even more ringing as is the case in Fig. 5.9b.

The optimal settings for each of the six transitions are shown in Table 5.1 for a 5Ω load resistance.

For each transition, the NRMSE can be improved beyond the DT optimization results through the

use of gate pulsing.

Table 5.1: Implemented pulse settings, DT, and NRMSE for the DT optimization and gate pulsing
techniques with a 5Ω load.

DT Opt. Gate Pulsing

Transition DTopt NRMSE Ton Toff DT NRMSE

(ns) (ns) (ns) (ns)

10-13.3V 3.6 0.88 9.2 4.4 3.6 0.39

10-16.7V 5.2 0.76 10 6 6 0.66

10-20V 6 0.50 10 5.2 6 0.30

13.3-16.7V -2 0.75 16 6 -2 0.68

13.3-20V -0.8 0.84 10.4 4.8 -0.8 0.59

16.7-20V -2 0.76 10.4 4.4 0 0.63

The optimal gate pulsing and DT optimization parameters were implemented in a look-up

table and applied to the HPMLC while tracking the envelope of the previously described 6.25MHz

64–QAM signal at a load resistance of 5Ω. The resulting converter RMSE and efficiency when

using the gate pulsing and DT optimization techniques are compared to fixed gate resistances of

3, 5, and 10Ω with 2 ns of DT in Fig. 5.11. The reference case of fixed DT without gate pulsing

and a gate resistance of 3Ω yields an RMSE of 0.63V. Through DT optimization the RMSE is

reduced to 0.59V and through gate pulsing the RMSE is reduced further to 0.55V with only a

0.9% points cost to efficiency while tracking the 64–QAM signal. The ringing creates additional

spectral content between 30 and 80MHz as shown in Fig 5.12. Through gate pulsing, this spectral

content can be attenuated, thus moving closer to the ideal drain signal case.
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(a) (b)

Figure 5.11: (a) RMSE and (b) efficiency vs series gate resistance at a load of 5Ω while tracking
an 6.25MHz 64–QAM signal.

Figure 5.12: Frequency spectrum comparison of the reference case, optimized dead time, gate
pulsing method, and ideal drain voltage waveforms while tracking the 6.25MHz 64 QAM signal
each with a gate resistance of 3Ω.

5.5 Summary

A new ringing reduction technique for multi-level supply modulators is experimentally vali-

dated. This gate pulsing technique does not require any additional circuitry and is flexible such that

the pulse timing for individual voltage transitions and different power levels can be individually

optimized. Gate pulsing reduces the ringing beyond what dead-time and variable gate resistance

is capable of with only a small drop in efficiency. This technique is applied to a 800W multi-level

converter while tracking the envelope of an 6.25MHz 64–QAM signal. When compared to a ref-

erence case with conventional gate driving and a gate resistance of 3Ω, the RMSE is improved by

12.7% with only 0.9% points cost to efficiency when using gate pulsing on each upward transition.
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The improvement in RMSE reduces in-band and out-of-band distortion created by the supply mod-

ulator in an efficient envelope-tracked wireless transmitter. The limiting factor for the gate pulsing

technique is the switching speed of the gate drivers. Utilizing gate drivers with a faster switching

speed could provide finer control over the transistor gate voltage and open up the possibility for

improved ringing reduction. The results in this chapter are published in [84].



Chapter 6

Dynamic Supply Modulation of an Array

6.1 Introduction

Previous chapters presented the design and measurements of hardware suitable for the supply

modulation of an array; for instance, chapter 3 introduces a PA design technique to improve

efficiency and linearity with a dynamic drain supply. Chapter 4 investigates the design of a high-

power supply modulator suitable for an array of multiple PAs. Chapter 5 demonstrates an active

technique to minimize distortion in the drain signal. Dynamic supply modulation of an active array

can improve system efficiency, bolster PA linearity, and minimize thermal limitations. Reduced

heat dissipation simplifies thermal management systems such as liquid cooling and forced air. This

chapter experimentally investigates the supply modulation of an array, specifically focusing on

hardware design and measurements.

Previous work on supply modulation is mostly performed with a single PA and computa-

tionally applied to the array environment or is entirely theoretical. The results in this chapter are

an experimental demonstration of the supply modulation of an array. Theoretical work on supply

modulation of an array is reported in [89]. Here, each PA shares a single dynamic continuous drain

supply. When a progressive phase shift is applied to the array RF carrier for beam steering, the

envelopes of each PA are delayed in time. Since each PA has a shared drain supply, the instanta-

neous maximum of each envelope must be tracked. As the delay in each envelope grows, the drain

signal approximates a static supply. This effect was analyzed in [89] with a two-tone signal. The

two-tone input voltage applied to the ith PA is:
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Vi(t) = 2 cos(2π∆f(t− τi)) cos(2πf0(t− τi)) (6.1)

where f0 = f1+f2
2 , ∆f = f1−f2

2 , and τi is the delay in element i. For this analysis, f1 and f2 are the

two tones. The envelope of the two-tone signal is:

Venv,i(t) = |2 cos(2π∆f(t− τi))| (6.2)

for an element spacing of λ/2 the time delay of the ith PA is:

τi = (i− 1)
sin(θ)

2f0
(6.3)

where θ is the beam steering angle.

The two-tone envelope of each element and shared supply modulated drain voltage is shown in

Fig. 6.1 for a 4-element and 64-element array. The drain voltage tracks the maximum instantaneous

envelope across each element in the array. In this example, f1 = 8.9GHz, f1 = 9.1GHz, f0 = 9GHz,

∆f = 100MHz. The amplitude of each tone is 1V, and θ = 60◦. The time delay between the first

and last element is 0.17 ns with 4-elements and 3.7 ns with 64-elements. In Fig. 6.1a, the effect of

time-delayed envelopes has little effect on the drain voltage. However, in Fig. 6.1a, the time delay

is so large that supply modulation yields little benefit over a static supply. In order for supply

modulation to produce a significant efficiency enhancement, the system must satisfy the following

figure of merit first derived in [89]:

∆f

f0
sin(θ)(N − 1) ≪ 1

2
(6.4)

where N is the number of elements in the array.

Furthermore, if the drain network feeding each individual PA is not symmetric, the physical

delay in the lines can create additional misalignment between the drain voltage and input signal

for each element. The effect of envelope time delay due to beam steering primarily affects arrays

with a large number of elements or a large ratio between the signal bandwidth and fundamental
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(a) (b)

Figure 6.1: Two tone envelope signal and shared supply modulated drain voltage of an array with
(a) 4 and (b) 64 elements. f1 = 8.9GHz, f1 = 9.1GHz, f0 = 9GHz, ∆f = 100MHz. The amplitude
of each tone is 1V. The drain voltage tracks the maximum instantaneous envelope, looking at each
element across the array, and is offset for visual clarity. This analysis uses a 60◦ beam steering
angle corresponding to a progressive phase shift of 155.8◦. The time delay between the first and
last element is 0.17 ns in (a) and 3.7 ns in (b).

carrier frequency. This phenomenon is also investigated experimentally with two-level discrete

supply modulation in [90]. Here, a single PA is discretely supply modulated at 1.8GHz using a

120MHz orthogonal frequency division multiplexing signal. By expanding the pulse width of the

discrete supply, similarly to Fig. 6.1, the effect of the envelope time delay was mimicked. From

these measurements, the efficiency and linearity were determined as a function of the number of

elements and steering angle.

Applying digital pre-distortion is an additional challenge for a supply-modulated array and is

investigated in [92] for a MIMO array and in [147] for frequency hopping applications. However, in

[92], a single PA is measured and computationally applied to the array environment. Furthermore,

in [147], four separate PA/supply modulator units are operated simultaneously from a single FPGA,

but each PA is terminated in 50Ω, and the output is not combined in any way.

A CMOS polar 4x1 transmit array is demonstrated experimentally in [91]. Here, the phase

of the complex signal is applied through input RF phase shifters. The phase shifters can also apply

a progressive phase shift to achieve beam steering. The amplitude of the complex signal is applied

through the drain supply of the PAs, and a separate drain waveform is generated for each PA.

The active array in [91] operates from 3GHz to 7GHz. The drain efficiency of each PA is greater
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than 40% from 4GHz to 5.5GHz with an acceptable EVM of approximately 5% while tracking a

40MHz 64-QAM signal. However, the system efficiency is less than 15%. While polar modulation

architectures such as [91] can achieve high efficiency at the PA element, the system efficiency is

often low for high signal bandwidths. Furthermore, this approach requires an individual drain

modulator for each PA element, which increases complexity.

Figure 6.2: Block diagram of a 4-element transmit array with supply modulation for efficiency
enhancement of the GaN MMIC PAs, using a single dynamic supply, also implemented as a GaN
MMIC. The output of the 4-level discrete supply modulator is time-aligned with the input signal
at the PAs. The interconnect network between the supply modulator and the output of the PAs
is designed to minimize inductance and capacitance in order to minimize filtering of the signal on
the drain bias.

In this chapter, the hardware implementation and characterization of a discretely supply-

modulated 4× 1 active transmit array is presented. This transmit array has an operating bandwidth

from 6GHz to 12GHz with 2W GaN MMIC PAs feeding each antenna element (Fig. 6.7). First,

section 6.2 shows the supply modulation of a single PA loaded with 50Ω and amplifying a 10MHz

noise power ratio signal (described in chapter 1) with PAPR of 10.7 dB. Next, in section 6.3, the

feed network, biasing, and drain supply interconnect is discussed. Finally, section 6.4 presents the

dynamic supply modulation measurements. The PA performance is characterized with the antenna
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loading the PAs and with 50Ω terminations at the output.

6.2 Supply Modulation of a Single Element

In order to evaluate the effect of the array environment, the performance of a single PA from

the array is first characterized independently. The PA used in each element is a commercially

available Qorvo GaN MMIC with part number TGA2598. These PAs have a peak output power of

2W at 25V drain bias. This PA operates from 6GHz to 12GHz with a small signal gain ranging

from 24.2 dB at 6GHz to 21.1 dB at 12GHz and a PAE of 43% to 28% over the same range at

25V. The MMIC PA is mounted on a copper-molybdenum (CuMo) carrier, and the GSG pads

are bonded to alumina 50Ω microstrip lines with mechanical transitions to SMA connectors. The

supply modulator is a 4-level GaN MMIC implemented in the Qorvo 150-nm GaN on SiC process.

This supply modulator was published in [109] and achieved 87.5% overall efficiency while tracking a

10MHz long-term evolution (LTE) signal with an average output power of 3.5W. This modulator

is capable of providing greater than 30W of dc power while switching between voltage levels at

100MHz. A photograph of the MMIC PA and supply modulator is shown in Fig. 6.3.
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Figure 6.3: Photograph of (a) Qorvo TGA2598 2W GaN on SiC PA and (b) four-level discrete
GaN on SiC supply modulator. The figure in (b) is adapted from [3, Figure 5a, pg. 3]

The PAE and gain trajectories that result from supply modulation are shown in Fig. 6.4 for

continuous and discrete supply modulation at 6.5GHz and 11.5GHz. The CW measurements are

taken at drain voltages ranging from 10V to 24V in 2V steps. A compressed flat-gain shaping

function is used with a target gain equal to the small signal gain at the lowest drain voltage and
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Figure 6.4: Measured PAE and gain trajectories chosen for compressed flat-gain with continuous
and discrete supplies at (a) 6.5GHz and (b) 11.5GHz.

allowing 2.5 dB of compression to improve PAE.

The test signal used in this chapter is a noise-like signal, which consists of 30,001 equal

amplitude, random phase carriers placed inside the 10MHz signal bandwidth with a notch placed

at the center of the band, which is 0.5MHz wide and 5% of the total bandwidth. This signal is

described in chapter 1 and is often referred to as an NPR signal. The normalized power spectral

density of this signal is shown in Fig. 1.10a. The linearity of this signal is defined by the ratio of

the average power in-band but power outside the notch to the power inside the notch as shown in

Eq. 6.5:

NPR =
Pin−band − Pnotch

Pnotch
(6.5)

where Pin−band is the total average power in the 10MHz signal and Pnotch is the average power in

the 5% notch.

A photograph of the experiment setup measuring a single PA is shown in Fig. 6.5. This

setup is similar to the one described in chapter 3 except using the supply modulator shown in

Fig. 6.3b and logic level converter board designed for this supply modulator. The baseband NPR

signal is generated digitally using an arbitrary waveform generator, then upconverted through a

vector signal generator and amplified through a commercial driver before feeding the PA input.

The MMIC supply modulator (mounted on the raised PCB breakout board) is controlled using



119

MMIC PA

Supply 
Modulator

Figure 6.5: Photographs of supply modulation experiment setup for a single PA.

a bit pattern generator, which activates each discrete voltage level. The surrounding circuitry

implemented on the main PCB performs logic level shifting between the bit pattern generator and

gate drivers of the supply modulator, isolates the gate drive signal from ground, and provides the

required auxiliary voltages necessary for the on-chip gate drivers. The input signal is time-aligned

with the dynamic drain signal at the plane of the PA based on the measured delay through the

drain supply interconnect. The input and output spectrum are both measured using a spectrum

analyzer.

(a) (b) (c)

Figure 6.6: Supply modulation measurements of a single device compared to results with a static
drain voltage of 24V at 6.5 and 11.5GHz. (a) Average PAE; (b) NPR and (c) gain as a function
of output power.

Figure 6.6a shows the measured average PAE of the PA when amplifying the 10MHz NPR

at carrier frequencies of 6.5GHz (orange) and 11.5GHz (black). A constant drain voltage of 24V
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(dashed) is compared to discrete dynamic supply modulation varying the drain voltage between 10,

14.7, 19.3, and 24V (solid). In these plots, the efficiency of the supply modulator is not taken into

account, and only the PA efficiency is presented. The NPR is shown in Fig. 6.6b and the gain is

shown in Fig. 6.6c. Compared to the static 24V case, the efficiency improvement through dynamic

supply modulation is approximately 10% points at both frequencies. At 6.5GHz, the peak NPR

improvement is 2.9 dB and at 11.5GHz 4.4 dB. While supply modulation improves efficiency and,

to some extent, linearity, it lowers the gain, as shown in Fig. 6.6c. This drop in gain is expected

from the chosen compressed flat gain shaping function and results from the PA switching to lower

drain voltages where decreased gains are observed.

6.3 Experiment Setup

Wilkinson
feed network

Dielectric loaded, ridged-flare
horns array

Broadband MS-
to-WG transition

PAs assembly board

x

y

z

EIRP

Pin

(2)
(1)

(4)

(3)

P1

P2

P3

P4

Power samplers

Interconnect board to 
supply modulator

Figure 6.7: 3D view of the modular array showing the broadband Wilkinson feed network, PA
assembly board with 4 MMIC PAs, interconnect bias network, microstrip-to-waveguide transitions
to the radiators, and back view of a 4-element small-aperture dielectrically-loaded horn array. The
modular approach allows characterization of the PAs with 50-Ω loads, as well as with the 4× 1
antenna array. The labels (1) through (4) indicate the sections of the drain bias interconnect.

This section describes the design and experiment setup for measurements with the array.
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A CAD drawing of the supply-modulated active transmit array is shown in Fig. 6.7 (courtesy of

Dr. Laila Marzall). The modulated input signal is split through a four-way 6 to 12GHz 3-section

Wilkinson divider and fed to the individual PAs. The drain signal is supplied to the four PAs

simultaneously, using the same four-level discrete supply modulator as in section 6.2. The drain

signal is re-aligned at the PA input plane after implementing the array drain bias interconnect,

which is modified from the single-PA case. A photograph of the prototype is shown in Fig. 6.8.

The antenna array elements are double-ridge flared small-aperture horns designed for operation

from 6 to 12GHz, reported in [148].

The mechanical design of the array is modular in the z-direction (Fig. 6.7), allowing the

measurement of output power with 50Ω loads instead of the antennas. This is relevant since the

broadband antennas couple at the lower part of the band, and it is of interest to evaluate the effect

of the active reflection coefficient on supply-modulated PA efficiency.

Power 
Samplers

PA Output Interconnect Board

MMIC PAs

MMIC Supply Modulator

(1)

Figure 6.8: Photograph of the array, not showing the antennas for clarity. The bias interconnect
network is connected to the 4-level MMIC supply modulator in a QFN package. The calibration
power sampler couplers are also shown.

To accurately measure the output power at the PAs, a power sampling network consisting of

microstrip directional couplers is inserted in each of the elements at the output of the PAs, pictured

in Fig. 6.8. Additionally, a photograph of the Wilkinson divider, PAs, and output power sampler is

shown in Fig 6.9 with the vertical bias board and antennas removed for visual clarity. The effect
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Figure 6.9: Photograph of PAs and beamforming network. The output of each PA is measured
through a power sampler directional coupler. In this photo, the vertical biasing PCB is removed
for visual clarity.

of the couplers is de-embedded, and the measurement reference plane is at the output of the PAs.

The coupling factors of the power sensors are calibrated individually for each element by comparing

the PA output power to the coupled power measurement. The loss in the samplers is measured

with an identical separate board.

The biasing of the MMICs is accomplished through a co-designed network mounted perpen-

dicularly to the array plane. The drain bias network is critical for supply modulation, requiring

minimal inductance and capacitance in order to behave as a low-pass filter with a cutoff frequency

beyond the modulation bandwidth [63, 149]. Fig. 6.7 shows the low-inductance interconnect de-

signed to minimize loading between the supply modulator and PA array.

Since the drains of all the PAs use a shared supply and the threshold voltage of each chip

varies, it is challenging to bias each PA to the appropriate quiescent current accurately. Therefore,

the gate voltages are separated, and each PA gate bias is applied through a tunable potentiometer.

Each potentiometer is fed by a common negative voltage, which is increased through the poten-

tiometer since the negative voltage is divided. The potentiometer can be bypassed through manual

jumper pins, which shorts the gate voltage to the common negative voltage, thus, pinching off
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the PA. The biasing process starts by applying the common negative voltage to each PA (e.g.,

−3V) with the potentiometers bypassed. Then, for one of the PAs, the jumper is removed, and

the potentiometer is tuned until the appropriate current is measured through the shared supply.

The jumper is returned to that element, bypassing the potentiometer and pinching off the PA but

leaving the potentiometer in its tuned position. This process is repeated for each PA, and once

each potentiometer is tuned, all the jumpers are removed, and thus, all PAs are biased to their

appropriate quiescent current. One downside to this technique is that it does not account for vari-

ations in quiescent current due to temperature changes since each PA is biased with 75% less heat

dissipation than when each PA is biased.

A photograph of the four PAs loaded with the antenna is shown in Fig 6.10. The outputs of

each PA are connected to the antenna array through semi-rigid phase stable cables of equal length.

When the PAs are loaded with 50Ω, the SMA terminations are placed directly at the outputs of

the PAs without the cables.

Antenna 
Array

Phase Stable 
Cables

PAs + Supply

Figure 6.10: Photograph of the experimental setup. The PAs and beamforming network are con-
nected to the antenna array through phase-stable cables of equal length. An absorber (not pictured
here) is placed in front of the arrays to approximate operating in free space.

6.4 Dynamic Supply Measurements of an Array

Next, the PA array is characterized following the same procedure as for the single MMIC PA.

First, the array is measured under CW excitation at 6.5GHz in order to evaluate the performance
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Figure 6.11: Measured CW (a) PAE and (b) gain for the array at 6.5GHz with the four PAs loaded
with 50Ω loads (blue) and with antenna elements (green) at 10V, 16V, and 24V. The PAE curves
for different supply voltages are measured statically and averaged across the 4 PAs.

of the PAs integrated with the array. Fig. 6.11 displays the static characterization for drain voltages

of 10V, 16V, and 24V at 6.5GHz. These values are almost identical to the same measurements

for a single PA (not shown here), indicating that the PAs in the array are functioning properly and

that the de-embedding through the coupler power samplers is accurate.

A distinct difference between the experiment setup measuring a single PA and the setup

measuring an array of multiple PAs is the drain bias interconnect. For the single device setup,

the supply modulator output is located a few centimeters from the drain of the PAs. In the array

setup, the drain signal path is as follows, labeled in figures 6.7, 6.8, and 6.9:

(1) starts at the output of the supply modulator and connects to the verticle biasing board

through a pin header connector.

(2) divided to each of the PAs through the biasing board.

(3) connects to the PA assembly board through right-angle pin header connectors.

(4) travels to the PA drain through wide PCB traces on the PA assembly board.

Although the drain bias line is designed to minimize parasitics, it still has significantly higher

parasitic inductance and capacitance than the setup for a single device. This distorts the drain

signal as discussed in chapters 4 and 5. Initial tests with similar shaping functions to those used
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Figure 6.12: Measured PAE and gain trajectories chosen for compressed flat-gain with continuous
and discrete supplies at 6.5GHz when the PAs are loaded with 50Ω. (b) shows the three-level
shaping function.

Table 6.1: Active impedances presented at each port of the array

Freq. (GHz) Z1 Z2 Z3 Z4

6.5 40.5+j8.5 38.5+j5.5 43+j21.0 49+j26.0

with the single device showed poor linearity and efficiency. Therefore, in order to reduce the number

of switching instances, the number of levels is reduced to three, eliminating the lowest voltage level.

This has the added advantage of reducing the gain variation. The total small-signal gain magnitude

variation is 7.3 dB from 10V to 24V. However, by limiting the voltage range to the three highest

voltage levels (14.7V, 19.3V, and 24V), the small signal gain magnitude variation is reduced to

3.3 dB. Additionally, memory effects such as trapping and supply voltage drop-out are induced

more frequently when switching to the lowest voltage level than the higher levels. Avoiding the

lowest voltage level reduces the impact of these memory effects.

PAE and gain trajectories, which result from a compressed flat-gain shaping function, are

shown in Fig 6.12b for continuous and discrete supplies at 6.5GHz, loaded with 50Ω. The cor-

responding shaping function is shown in Fig. 6.12a. A gain target of 17.4 dB was chosen with a

compression range of 2 dB.

The supply modulation results of the array at 6.5GHz are presented in Fig. 6.13 and Fig. 6.14.
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Figure 6.13: (a) Average PAE, (b) NPR, and (c) gain of the 4 combined MMIC PAs with a constant
supply voltage of 24V compared to the supply-modulated case with 10, 14.7, 19.3 and 24V discrete
levels, with 50-Ω loads connected to each PA output.
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Figure 6.14: (a) Average PAE, (b) NPR at 6.5GHz, and (c) gain of the 4 combined MMIC PAs
with a constant supply voltage of 24V compared to the supply-modulated case with 10, 14.7, 19.3
and 24V discrete levels, with antenna loads connected to each PA output.

The PAE, NPR, and gain of the array are shown in Fig. 6.13. Here, the modulated dynamic drain

voltage is compared to the static drain voltage case when the PAs are loaded with 50Ω. For the

PAE of these measurements, the loss in the supply modulator is de-embedded. Through supply

modulation, the PAE and NPR are improved by 3.4%, and at least 2.5 dB at an output power of

33.6 dBm and frequency of 6.5GHz.

The PA array is then loaded with antennas, and the measurements are repeated. The

impedances presented to the PAs are shown in Table 6.1 at 6.5GHz, measured at the passive

antenna ports with the coupler S-parameters cascaded and de-embedded to the outputs of the PAs.

Fig. 6.14 shows the results when the PAs are loaded with the antenna. When the PA array is
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Figure 6.15: Power dissipation vs. drain efficiency with an output power of 2W. The drain
efficiency and power dissipation of the array are shown for a static 24V and a dynamic supply.

loaded with antennas, a similar improvement in PAE and linearity is observed, while the overall

efficiency is lower. Additionally, the NPR of the individual PAs is different due to variations in the

MMICs and input/output wire bonding. Likewise, the different load impedances presented to each

port by the antenna further affect the NPR of each individual PA.

6.5 Summary

In this chapter, dynamic supply modulation is demonstrated to be a solution for array effi-

ciency and linearity enhancement through the hardware implementation and measurements of an

active transmit 4× 1 array with an operational bandwidth from 6GHz to 12GHz. The array am-

plifies a 10MHz noise-like signal with a 10.7 dB PAPR. The array drain bias voltage is generated

from a single discrete four-level GaN MMIC supply modulator switching at a maximum speed of

100MHz. The results are presented at 6.5GHz when the 2W GaN MMIC PAs are loaded with

50Ω loads and compared to loading with a 4-element small-aperture ridge horn array. The dynamic

drain voltage measurements of the array are also compared with measurements taken on a single

device.

Compared to a static 24V supply, the PA efficiency is improved by approximately 3% points

through dynamic supply modulation. Additionally, the noise-power ratio is improved by nearly

4 dB. The parasitic inductance and capacitance in the drain bias line of the array distorts the



128

dynamic drain signal. This effect was mitigated by reducing the number of voltage levels from

four to three, which reduces the number of switching instances and lowers the gain variation. An

alternative approach would be to reduce the maximum switching frequency of the supply modulator.

The efficiency could be improved further by adjusting the shaping function or using all four

voltage levels. In both cases, the linearity will be degraded. However, the efficiency improvement

reported here is not insignificant in the context of power dissipation. At an output power of 33 dBm,

the array achieved a drain efficiency of 14.9% and 18.5% with a static and dynamic drain supply,

respectively, when loaded by the antenna. The power dissipation is plotted vs. drain efficiency

in Fig. 6.15 comparing the power dissipation at these two drain efficiencies. Through a seemingly

small improvement in drain efficiency, the power dissipation in the PAs is reduced by 2.6W, which

is a 23% reduction. The results in this chapter are reported in [88].



Chapter 7

Conclusion, Summary, and Future Work

7.1 Thesis Conclusion

The fundamental challenge this thesis addresses is the efficiency and linearity improvement

of PAs when amplifying complex amplitude-modulated signals through discrete dynamic supply

modulation. Applying this technique to an active array consisting of multiple PAs requires many

supply modulators or a single high-power supply modulator feeding the drains of all the PAs simul-

taneously. The latter is preferred since it reduces complexity. A high-power supply modulator was

designed and fabricated, demonstrating a peak output power of 800W at 20V with a maximum

switching speed of 10MHz. This is the highest reported output power in a dynamic supply modu-

lator to the best of the author’s knowledge. However, high-power supply modulators have a limited

switching speed due to the large parasitic capacitance and inductance in the high-power switching

elements and trace interconnects. Furthermore, ringing that occurs while transitioning between

discrete voltage levels limits the supply modulator switching speed. Both the limited switching

speed and ringing degrades PA linearity.

The ringing is reduced through a novel gate pulsing technique. In this technique, the gates

of the switching transistors in the supply modulator are pulsed on and off before reaching their

final on-state. This puts the transistors in a lossy resistive state during voltage level transition and

dampens the ringing. This technique is demonstrated to reduce ringing with only a 1% point cost

to efficiency.

An alternative approach is to reduce the PAs sensitivity to changing drain voltage. It is
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demonstrated that by mismatching the source/load impedance of PAs, the gain magnitude and

phase dependence on drain voltage can be reduced across an octave RF bandwidth. Furthermore,

by reducing this gain variation across the drain voltage of supply-modulated PAs, the linearity

degradation due to low supply modulator switching speed is significantly reduced, and the non-

linearities generated from ringing in the drain supply are suppressed. Therefore, the two major

issues associated with the high-power supply modulator are circumvented by mismatching the power

amplifier for reduced gain variation. This dispels the myth that matching supply-modulated PAs

for peak efficiency yields the optimal system performance. The work in this thesis opens up the

possibility of supply modulating many broadband PA elements in an array simultaneously with

a shared drain supply generated from a relatively slow high-power supply modulator, amplifying

large signal bandwidths with high efficiency and linearity.

7.2 Thesis Summary

A summary of this thesis for chapters 2-6 is provided below:

Chapter 2:

• This chapter presents an overview of a broadband supply-modulated system. The

design and characterization of a two-stage 10W GaN on SiC MMIC PA operating

from 6GHz to 12GHz is demonstrated. Here, the PA operates from 6V to 20V and is

matched for high efficiency at reduced drain voltages to improve average efficiency with

a dynamic drain supply. The tradeoffs of continuous and discrete supply modulation

are discussed along with the drain voltage to input power relationship referred to as

a shaping function.

• A behavioral model of the 10W MMIC PA is created from CW measurements. The

performance of the PA amplifying a 67.5MHz 64-QAM signal is predicted using this

model at 6.5GHz and 11.5GHz with continuous and discrete supply modulation. The

PA is also evaluated with three shaping functions: flat-gain, compressed flat-gain,
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and maximum PAE. For continuous supply modulation, the flat-gain shaping func-

tion yields the best EVM, the maximum PAE shaping function yields the highest

average PAE, and the compressed flat-gain is a compromise between the two. Using a

discretized drain voltage instead of continuous reduces the PAE by a few percentage

points but has a larger impact on linearity.

• At 11.5GHz, the small signal gain magnitude at the lowest drain voltage (6V) is

equal to the compressed gain magnitude at the peak PAE for the highest drain volt-

age (20V). This results in the PAE trajectory from a flat-gain shaping function being

nearly identical to the PAE trajectory from a maximum efficiency shaping function.

This large signal characteristic of the PA results from an optimal degree of gain mag-

nitude variation across drain voltage. Modulated signal simulations at 11.5GHz show

that the average PAE is identical for the three shaping functions, but the linearity

significantly improved with a flat-gain shaping function. These contributions are pub-

lished in [66].

Chapter 3:

• This chapter examines the impact of gain magnitude/phase variation across drain

voltage on supply-modulated GaN PAs. Initial load/source pull simulations reveal

matching conditions that minimize gain variation. Three simulated PA designs with

different source/load impedances are simulated with the CW harmonic balance simu-

lator in AWR, from which a behavioral model is built and used to evaluate the PAs

with modulated signals in a custom-built MATLAB envelope simulator. Through

these simulations, it is shown that mismatching the source and load impedance for

reduced gain variation improves the efficiency and linearity of a supply-modulated PA.

• A broadband application of this approach is realized through the design and character-

ization of a two-stage 5W 6GHz to 12GHz GaN on SiC MMIC PA. The source and

load impedance of this PA is mismatched to reduce the gain magnitude and phase
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variation with the first-stage drain supply fixed and the second-stage drain voltage

modulated from 14V to 28V. The small-signal gain magnitude and phase variation of

the PA is low across the bandwidth, and the simulated gain variation of the PA is ac-

curately predicted from the source/load impedances presented to one of the reactively

combined second-stage transistors. This PA is measured with a four-level GaN MMIC

supply modulator. The dynamic supply measurements with a modulated signal are

compared with predicted results from the envelope simulator and behavioral model

built from CW power sweep measurements at multiple stepped drain voltages. For a

static drain voltage, the agreement is excellent. The error is higher with the dynamic

supply but still shows good agreement. This indicates that PA linearity is dominated

by the supply voltage and compression characteristics of the PA, and memory effects

are a second-order effect.

• In simulations, the PA designed for low gain variation exhibited less linearity degra-

dation than a conventionally designed PA when the maximum switching frequency

of the discrete drain supply is reduced from 100MHz to 25MHz. Similar results are

obtained in measurements of the 5W PA. This shows that PAs designed for low gain

variation are more resilient to bandwidth limitations in the drain supply. This has the

potential to enable the supply modulation of PAs, amplifying a high instantaneous

signal bandwidth with a much lower bandwidth supply modulator. These results are

detailed in [80].

Chapter 4:

• The design and characterization of a high-power discrete supply modulator is pre-

sented. This four-level modulator is suitable for the efficiency enhancement of multiple

PAs with a shared drain voltage, amplifying high peak-to-average power ratio signals

in an array. The peak measured output power is 800W at 20V, which is the highest

reported output power of a supply modulator to the best of the author’s knowledge.
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Additionally, for powers exceeding 50W, the efficiency is greater than 92%, and a max-

imum switching frequency of 10MHz is achieved. The high performance is enabled

through careful selection of the semiconductor technology and switching transistors

to minimize parasitic capacitance and on-state resistance for high current devices.

• The primary limitation on the switching speed of the supply modulator is the ringing

in the output voltage waveform that occurs upon each switch transition. Additionally,

this ringing mixes with supply-modulated PAs and adds distortion. The source of the

ringing is the parasitic capacitance, inductance, and resistance in the transistors, gate

driver, and output trace interconnect, which behave as a low-pass filter. By simulating

the S-parameters of the passive output trace in a full-wave electromagnetic method

of moments simulator and fitting it to an equivalent RLC circuit compatible with

LTspice time domain simulations, the ringing is accurately predicted. To improve the

modeling further, a custom model of the transistors utilizing non-linear capacitors is

developed from S-parameter measurements and implemented in LTspice. However,

the results of this simulation did not improve output waveform prediction.

• The ringing frequency is primarily determined by the reactive parasitics in the tran-

sistor, while the overshoot and decay rate are a strong function of the resistive losses.

By modeling the output trace, the ringing frequency is accurately predicted, but the

amplitude and decay rate deviate from the measured results. One possible explana-

tion is that the resistive losses in the transistor are not accurately predicted. These

losses are strongly dependent on the temperature of the transistor. A thermal model

is included in the manufacturer’s model, and the thermal resistance of the transistor

heat sink is implemented. However, precise modeling of the transistor’s thermal be-

havior is difficult and could be addressed in future work. Additionally, parasitics and

temperature variation in the resistive loads are not modeled and can be a potential

source of error. The observations in chapter 4 are detailed in [83,135].
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Chapter 5:

• This chapter experimentally validates a new ringing reduction technique for multi-level

supply modulators. This gate pulsing technique does not require additional circuitry

and is flexible, allowing the pulse timing for individual voltage transitions and different

power levels to be individually optimized.

• Gate pulsing reduces the ringing beyond what dead-time and variable gate resistance

are capable of with only a small drop in efficiency. This technique is applied to

a 800W multi-level converter while tracking the envelope of an 6.25MHz 64–QAM

signal. Compared to a reference case with conventional gate driving, the ringing

amplitude and duration are reduced with less than 1% point cost to efficiency. The

improvement in ringing reduces in-band and out-of-band distortion created by the

supply modulator. These contributions are published in [84].

Chapter 6:

• In this chapter, dynamic supply modulation is demonstrated to be a solution for

broadband array efficiency and linearity enhancement through the hardware imple-

mentation and measurements of a 6GHz to 12GHz active transmit 4× 1 array. The

system is supply-modulated with a four-level discrete MMIC supply modulator. The

results are compared when the GaN MMIC PAs are loaded with 50Ω and a 4-element

small-aperture ridge horn array. The performance is degraded when loaded with the

antenna array. However, compared to a static 24V supply, the efficiency and linearity

are improved through dynamic supply modulation with each loading case.

• Filtering due to the drain bias interconnect between the supply modulator and PA

drains reduced PA performance. By adjusting the shaping function such that the

modulator only switches between the three highest levels, the number of switching

instances is reduced, and distortion due to the bias interconnect is reduced. An
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alternative approach would be to reduce the maximum switching frequency of the

supply modulator. Compared to a static 24V supply, the PA efficiency is improved

by approximately 3% points through dynamic supply modulation. Additionally, the

noise-power ratio is improved by nearly 4 dB. Dynamic drain measurements with a

four-level supply modulator are taken on a single PA and show similar improvements

in linearity but significantly higher PAE improvements (nearly 10% points). This is

mostly due to the adjusted shaping function only utilizing three voltage levels on the

array.

• The array’s efficiency could be improved further by adjusting the shaping function or

using all four voltage levels, but this would reduce the linearity. However, the efficiency

improvement reported here is not insignificant in the context of power dissipation.

Through a seemingly small improvement in efficiency, the power dissipation in the

PAs is reduced by 23%. These contributions are published [88].

7.3 Future Work

■ Future work related to chapter 3 includes examining how different technologies/device sizes

affect gain variation. For linearization through flat-gain shaping functions, gain variation

is necessary, but the optimal degree of gain variation has yet to be determined. In chap-

ter 2 with the 10W MMIC PA, the PAE trajectory at 11.5GHz from a flat-gain shaping

function is identical to that of a maximum PAE shaping function. Simulations with a

continuous supply and flat-gain shaping function showed nearly perfect linearity (< 1%

EVM) and identical PAE to a maximum PAE shaping function. This opens up the possi-

bility of optimizing the gain magnitude variation and compression characteristics to achieve

simultaneous flat-gain and maximum efficiency across output power.

■ The limiting factor of the high power supply modulator presented in chapter 4 is the ringing

in the output waveform. Different output trace interconnect geometries could designed to
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minimize the ringing. Additionally, an RC snubber network on the output trace could be

investigated to reduce ringing. A snubber network implementation was attempted with

the high power supply modulator. However, the large amount of power dissipated in the

surface mount resistor resulted in thermal failure. Successful implementation of a snubber

network would require some type of thermal management of the resistor.

■ The gate pulsing technique presented in chapter 5 can be extended by integrating it with

a PA. In this implementation, the PA drain impedance is the supply modulator load and

changes as a function of input power to the PA. Since the pulse parameters change with

different load impedances, the pulse parameters would need to be integrated into the shap-

ing function. The look-up-table approach of the pulse parameters would have an added

dimension to include the instantaneous power applied to the PA. This requires characteri-

zation of the pulse parameters over a wide range of load impedance or in situ optimization.

Accurate modeling of the supply modulator and gate driver could allow for the optimal

pulse parameters and dead-time to be determined as a function of the PA load impedance

without empirical characterization through measurements. Additionally, this gate-pulsing

technique could be investigated with a MMIC supply modulator. The gate drivers on

MMIC supply modulators have a higher switching speed than PCB implementations. The

higher switching speed/slew rate allows for finer control of the gate input drive signal.

Therefore, it opens up the possibility of improved ringing reduction.

■ In chapter 6, all the measurements of the array are taken with equal phases applied to the

PA elements. Beam steering creates additional challenges when a single modulator is used

for all the elements in the array. Tracking the envelope of any one PA element creates

drain voltage to signal envelope misalignment in the other elements, which increases with

more elements, higher beam steering angles, and higher modulation bandwidths. To avoid

this issue, the drain modulator must track the maximum instantaneous value between each

element. This ensures that the envelope of the elements is not clipped, which would result
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in significant distortion. At a given instance, each of the PAs will operate at a different level

of compression. Power-dependent amplitude and phase distortion will affect the radiation

patterns. Conventional active arrays are subject to this issue. However, the problem is

exacerbated with supply modulation since the PAs are continuously saturated. The degree

to which this affects the radiation patterns is a question yet to be answered.

■ An obvious extension of the work in chapter 6 is to scale to higher power PAs and more

elements. The 2W commercially available Qorvo PAs are not optimized for supply modula-

tion and have a relatively small output power. Thus, the full benefits of supply modulating

an array are not observed. Utilizing higher-power PAs designed for supply modulation

could yield larger improvements in power dissipation and system efficiency/linearity. The

re-designed RF feed network and array assembly board are shown in Fig. 7.1a.

(a) (b)

Figure 7.1: (a) Photo of the re-designed broadband Wilkinson feed network and PA assembly board.
(b) Photo of the 5W MMIC PAs designed for high efficiency with a dynamic supply voltage.

This re-design supports two-stage 5W GaN PAs designed for supply modulation and pho-

tographed in Fig. 7.1b. The performance of these PAs is described in appendix A. The

microstrip power samplers used in chapter 6 will be replaced with commercially available

external couplers that have a higher directivity and are less sensitive to mechanical manip-
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ulation. The vertical biasing board is also re-designed to support independent biasing of

the PA’s first and second stages. Photographs of both sides of the new biasing board are

shown in Fig. 7.2

Drain Bias Trace

(a) (b)

Figure 7.2: Photograph of the un-populated re-designed vertical array biasing board. (a) Front
side of the board with the drain bias trace outlined in red. (b) Back side of the board with pads
for tunable potentiometers used to bias each PA.

■ Applying a taper to the power of the elements in an array can reduce side-lobe levels.

This is typically implemented by reducing the input power to some PA elements using

an attenuator or variable gain amplifier. However, this reduces the efficiency of those PA

elements since they are operated in backed-off. The efficiency of these backed-off PAs can

be improved with a fixed offset, lowering the average dc voltage applied to the tapered

elements.
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[132] V. Ž. Lazarević, M. Vasić, Ó. Garćıa, P. Alou, J. A. Oliver, and J. A. Cobos, “System
linearity-based characterization of high-frequency multilevel DC–DC converters for S-band
EER transmitters,” IEEE Journal of Emerging and Selected Topics in Power Electronics,
vol. 8, no. 4, pp. 4279–4296, 2019.

[133] Top-side cooled 100 V E-mode GaN transistor, GaN Systems, 2020. [Online]. Available:
https://gansystems.com/gan-transistors/gs61008t/

[134] G. Dambrine, A. Cappy, F. Heliodore, and E. Playez, “A new method for determining the
FET small-signal equivalent circuit,” IEEE Transactions on microwave theory and techniques,
vol. 36, no. 7, pp. 1151–1159, 1988.

https://gansystems.com/gan-transistors/gs61008t/


149
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Appendix A

A MMIC PA Designed for High Efficiency

In this appendix, the measurements of a 5W GaN MMIC PA are presented. This PA is

designed and fabricated in the WIN Semiconductor NP15 150 nm GaN-on-SiC process and co-

designed with the low gain variation PA presented in chapter 3, using the same device sizes and

bias points. However, the PA presented in this appendix is designed for high efficiency with a

dynamic drain supply and peak efficiency at 19V instead of low gain variation across drain voltage.

The intention of this PA design is to compare with the low gain variation PA. A photograph of

the PA is shown in Fig. 7.1b. This PA is mounted on a CuMo carrier, and CW measurements are

performed on-wafer with the same setup presented in chapter 2. The large signal CW PAE, gain,

output power, and input power are plotted vs. frequency in Fig. A.1 at drain voltages 14V, 21V,

and 28V. For these plots the input power at each frequency point is adjusted for peak PAE.

A.1 CW Simulation and Measurements

The measured and simulated PAE is plotted vs. output power in Fig. A.2 at frequencies

of 6.5GHz, 9GHz, and 11.5GHz. Additionally, the measured and simulated gain is plotted vs.

output power in Fig. A.3 at the same frequencies. For both of these figures, the drain voltage is

swept from 10V to 28V in 2V steps at each frequency.
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Figure A.1: Simulated and measured large signal performance from 6GHz to 13GHz at drain
voltages of (a) 14V, (b) 21V, and (c) 28V.
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Figure A.2: Simulated and measured CW PAE vs. output power at frequencies of (a) 6.5GHz, (b)
9GHz, and (c) 11.5GHz. At each frequency, the drain voltage is swept from 10V to 28V in 2V
steps.

A.2 Modulated Signal Envelope Simulations

The CW measurements are used to build a behavior model of the PA. This model is used to

predict modulated signal performance with a dynamic drain supply in the same manner as presented

in chapter 3 and 2. The PA is simulated with a 67.5MHz 64-QAM signal and ideal discrete supply

modulation with maximum switching speeds of 25MHz and 100MHz. The average input power

at each frequency point is selected for a constant output power of 31 dBm from 6GHz to 13GHz.

The EVM and ACPR are presented in Fig. A.4a. The PAE and gain are shown in Fig A.4b. The

dynamic drain supply results are compared with a static 28V supply. Across the bandwidth, the

efficiency is improved through dynamic supply modulation at both switching speeds. Furthermore,
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Figure A.3: Simulated and measured CW gain vs. output power at frequencies of (a) 6.5GHz, (b)
9GHz, and (c) 11.5GHz. At each frequency, the drain voltage is swept from 10V to 28V in 2V
steps.

the PAE is nearly identical when the maximum switching speed is reduced from 100MHz to 25MHz.

At the center of the band, with a maximum switching frequency of 100MHz, the EVM and ACPR

are improved over the static case. When the maximum switching speed is reduced, the linearity is

degraded much more than the PAE and gain.

(a) (b)

Figure A.4: Measured and predicted results comparing a static 28V supply to a dynamically
changing drain supply with two maximum switching frequencies of 100MHz and 25MHz in terms
of (a) linearity and (b) PAE and gain, for a constant output power of 31 dBm.

Since this PA was designed for maximum efficiency at 19V, the source and load impedances

are relatively close to the impedances of the low gain variation PA. Therefore, the performance of

this PA isn’t significantly different from the PA presented in chapter 3. If this PA were designed for
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maximum efficiency at 28V instead, the difference in performance would likely be more pronounced.
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